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Summary

This 2nd edition has two main additions: a chapter on low-offset amplifiers and a
part on frequency compensation at high capacitive loads. Furthermore many
improvements have been made.

A systematic circuit design of operational amplifiers is presented. It is shown
that the topology of all operational amplifiers can be divided in nine main overall
configurations. These configurations range from one gain stage up to four or more
gain stages. Many famous designs are completely evaluated.

High-frequency compensation techniques are presented for all nine configura-
tions even at high capacitive loads. Special focus is on low-power low-voltage
architectures with rail-to-rail input and output ranges.

An additional chapter on systematic design of pV-offset operational amplifiers
and precision instrumentation amplifiers by applying chopping, auto-zeroing, and
dynamic element-matching techniques has been added.

The design of fully differential operational amplifiers and operational floating
amplifiers is being developed. Also, the characterization of operational amplifiers
by macromodels and error matrices is presented, together with measurement tech-
niques for their parameters.

Problems and simulation exercises have been supplied for self-evaluation.
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Introduction

The goal of this book is to equip the circuit designer with a proper understanding of
the theory and design of operational amplifiers (OpAmps). The core of the book
presents the systematically design of operational amplifiers. All operational ampli-
fiers can be classified into a periodic system of nine main overall configurations.
This division enables the designer to quickly recognise, understand, and choose
optimal configurations.

Chapter 1 defines four basic types of operational amplifiers on the basis of the
external ground connections of the input and output ports of generalized linear
active network elements. Whether an input or output port needs to be isolated from
ground has a big impact on the circuit design of the input and output stages, as will
be shown in later chapters.

A complete set of linear parameters, by which each of the above four basic types
of operational amplifiers can be quantified, is given in Chapter 2. This provides the
reader with a sense of which parameters are most important. Chapter 2 also presents
macromodels and measurement techniques for OpAmp parameters.

A systematic treatment of sources of errors in important applications of the
above four basic types of operational amplifiers is presented in Chapter 3.

Input stages are evaluated in Chapter 4. Important aspects such as bias, offset,
noise, and common-mode rejection are considered. Low-voltage input stages with a
rail-to-rail input voltage range are extensively discussed.

A classification of push-pull output stages is presented in Chapter 5. Three
possible topologies are explored: voltage follower stages, compound stages, and
rail-to-rail general amplifier stages. Designs are presented with feedforward and
feedback biasing class-AB techniques. Emphasis is on voltage and current efficiency.

A classification of operational amplifiers into nine main overall configurations is
presented in Chapter 6. The classification consists of two two-stage OpAmps, six
three-stage OpAmps, and one four- or multi-stage OpAmp. High-frequency com-
pensation techniques are developed for all configurations ranging from one gain
stage up to four or more gain stages. Methods are presented for obtaining a maximum
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xxii Introduction

bandwidth over power ratio for certain high capacitive load conditions. Slew-rate
and distortion are also considered.

Chapter 7 presents design examples of each of the nine main configurations. Many
well-known OpAmps are fully elaborated. Among them are simple CMOS OpAmps,
high-frequency bipolar OpAmps, Precision bipolar and BiCMOS OpAmps, low-
voltage CMOS and bipolar OpAmps, and OpAmps with a high output drive capability
in CMOS as well as in BICMOS technology.

The design of fully differential operational amplifiers with common-mode
feedback is developed in Chapter 8. Special focus is on low-voltage architectures.

When the output port as well as input port are designed such that they are both
isolated from ground, the most universal linear active network element is created:
the operational floating amplifier. The concept of this OpAmp gives the designer
the freedom to work with current signals as well as voltage signals. Realizations of
operational floating amplifiers are developed in Chapter 9 also in relation to
instrumentation amplifiers.

An additional Chapter 10 has been added on the systematic design of pV-offset
operational amplifiers and precision instrumentation amplifiers by applying chop-
ping, auto-zeroing, and dynamic element-matching techniques.

Problems and simulation exercises have been supplied for most of the chapters
to facilitate self-evaluation of the understanding and design skills of the user of this
book.



Notation

OpAmp
OA
OIA
OVA
OCA
OFA

operational amplifier
operational amplifier
operational inverting amplifier
operational voltage amplifier
operational current amplifier
operational floating amplifier
general amplifier stage

voltage follower stage

current follower stage

current mirror stage
instrumentation amplifier
temperature coefficient

voltage gain

DC voltage gain

current gain of bipolar transistor
voltage attenuation of feedback network
capacitor value

Chopper

specific capacitance of gate oxide
Miller capacitor value
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1. Definition of Operational Amplifiers

Nullor Concept

In 1954 Tellegen introduced the concept of a universal active network element
under the name of “ideal amplifier” [1.1]. The name “nullor”, generally accepted
now, was given to it by Carlin in 1964 [1.2]. The symbol of a nullor is shown
in Fig. 1.1.

The nullor is defined as a two-port network element whose ports are called input
and output ports and whose input voltage V; and input current /; are both zero, so:

Vi=0, 11
L =0 (1.1)
The nullor concept only has significance if a passive network external to the
nullor provides for a feedback from the output port into the input port [1.3]. The
output voltage V, and the output current /, will be determined by the passive
network elements in such a way that the input requirements V; = 0, I; = 0 are
satisfied.
An accurate signal transfer requires, firstly, accurate passive components and
secondly, a practical nullor realization which approximates V; =0, I; = 0.
This implies that the nullor realization should have a high gain, a low input
noise, and low offset voltage and current (see Sect. 2.1). All linear and non-linear

+ +

V; IJ|0 nullor co ;10 Vo
+ F— -!——ﬁ+
Vi lq; passive network ilz Vs
o ﬁ— —Q e

Fig. 1.1 A two-port network composed of a passive network and a nullor

J. Huijsing, Operational Amplifiers 2nd Edition, 1
DOI 10.1007/978-94-007-0596-8_1, © Springer Science+Business Media B.V. 2011
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analog transfer functions can be implemented with nullor realizations and passive
components.

Classification Based on Number of Floating Ports

We will now classify four nullor types on the basis of the number of ports which are
floating, beginning with both ports grounded and ending with both ports floating.
There are two main reasons for this kind of classification. Firstly, the larger the
number of ports which are grounded the simpler the construction of the active
device will be. Secondly, the larger the number of grounded ports the lower the
number of possible feedback topologies will be allowed.

We will give each of the four nullor types a name which will be explained later.
The first one with two grounded ports will be called operational inverting amplifier
(OIA). The second one with the input port floating and output port grounded will be
called operational voltage amplifier (OVA). The third one with the input port
grounded and output port floating will be called operational current amplifier
(OCA). Finally, the fourth one with both ports floating will be called operational
floating amplifier (OFA). The adjective “operational” was coined by John R.
Ragazzini and his colleagues in a paper [1.4] published in 1947. That paper
described the basic properties of an OIA used with linear and nonlinear feedback.
The adjectives “inverting” (I), “voltage” (V), “current” (C), or “floating” (F), are
given by the present author to distinguish the four types of Operational Amplifiers
according to their most striking attribute, as we will see in the next sections of this
chapter. The most popular one, the OVA will be shortened to OpAmp in most parts
of this book, where the distinction between the different types is not needed.

1.1 Operational Inverting Amplifier

A practical approximation of a nullor having both ports grounded will be called an
“operational inverting amplifier” (OIA). The grounded input port makes the con-
struction of the input stage relatively easy, because it only needs to function at one
voltage level [1.4, 1.5]. Similarly, the grounded output port makes it relatively easy
to construct an output stage having a high power efficiency, because the current
return path can be directly connected to the grounded supply voltages. The negative
sign (inverting) of the amplification factor makes it possible to obtain stable
negative feedback with passive components connected directly from the output to
the input port. The parallel connection of the feedback circuit at the input and
output of the amplifier results in a low virtual entrance impedance (see Sect. 3.1),
suitable for accurate current sensing at virtual zero input power, and a low exit
impedance, suitable for obtaining an accurate output voltage. The simplest realiza-
tion is a differential transistor pair.
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Fig. 1.1.1 Transimpedance amplifier (a) with a nullor symbol and (b) with an OIA symbol
Current-to-Voltage Converter

The most simple application of an OIA is the transimpedance amplifier or current-
to-voltage transactor. This circuit is shown in Fig. 1.1.1a with a symbol of a nullor
and in Fig. 1.1.1b with a practical symbol of an OIA.

The current-to-voltage transfer factor

Z, = VZ/I[ =—Z;, at V; =0 (1.1.1)

can be accurately determined by —Z; if the OIA satisfies two requirements: firstly, a
high gain, and secondly, a low input offset voltage and offset current. A high gain
also assures low entrance and exit impedances.

1.2 Operational Voltage Amplifier

A practical nullor approach having only the output port grounded and the input port
floating [1.6, 1.7] will be called “operational voltage amplifier” (OVA) or OpAmp.
Currently, it is the most widely applied universal active device. The floating
character of the input port imposes special demands on the construction of the
input circuit, as will be discussed in Sects. 4.3 and 4.4. The floating input port
allows series coupling of negative feedback.

This results in a high entrance impedance suitable for accurate voltage sensing at
virtual zero input power. The parallel coupling of the feedback network with the
grounded output port assures a low exit impedance.

Non-Inverting Voltage Amplifier

The most essential application of the OVA is the non-inverting voltage amplifier or
voltage-to-voltage transactor. The circuit is drawn in Fig. 1.2.1a with a nullor
symbol and in Fig. 1.2.1b with a practical amplifier symbol for an OVA.
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Fig. 1.2.1 Voltage amplifier (a) with a nullor symbol and (b) with an OVA symbol

The voltage amplification factor

A, = VZ/VI = (Z] + Zz)/Zg, at I; =0 (1.2.1)

can be accurately determined by the impedance ratio (Z; + Z;)/Z, if the OVA
satisfies the requirements: a high gain, a low input offset voltage and current,
independent of the common-mode voltage of the input port, and a low input bias
current. A high gain assures a high entrance impedance and a low exit impedance.

Voltage Follower

A special situation occurs if the OV A has its negative input terminal connected with
the output terminal. We will call such a device a “voltage follower” (VF), because
the exit voltage follows the entrance voltage. The construction of a universal active
device with this connection may be simpler than without this connection, because
no voltage shifting is required between the input and output. The VF circuit is given
in Fig. 1.2.2b with an OVA symbol.

The voltage follower has the unique property that the voltage amplification
factor

Au:VQ/VIZI at I1 =0 (1.2.2)

precisely equals plus unity, independently of any passive components, if the
amplifier satisfies the three requirements: high gain, low input offset voltage and
current, and a low input bias current. The accuracy of the plus-unity voltage transfer
is not limited by the tolerances of any passive components. Note that the accuracy
of the minus-unity voltage transfer of a voltage inverter does depend on the
tolerance of a ratio of two impedances, as shown in Sect. 3.1, Fig. 3.1.2.

The voltage follower uses the most important attribute of a floating input port,
viz. that the potential at one input terminal precisely follows the potential at the
other input terminal.
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Fig. 1.2.2 Voltage follower (a) with a nullor symbol and (b) with an OVA symbol

1.3 Operational Current Amplifier

A nullor approximation which has only the input port grounded and the output port
floating [1.8] will be called an “operational current amplifier” (OCA). An output
port with a floating character is difficult to construct, as we will see in Chap. 9.
However, this labour is rewarded for applications requiring a high output imped-
ance by using feedback in series coupling with the output port. This series feedback
results in an exit with a current-source character, while the grounded input port with
parallel feedback assures a low entrance impedance.

Current Amplifier

The most elementary application of the OCA is a current amplifier, whose circuit is
shown in Fig. 1.3.1b with an OCA symbol. The amplifier is the current dualogon of
the voltage amplifier of Fig. 1.3.1b. The amplification factor

Al = —12/11 = —(Y] + Yg)/YI, at V; =0, (1.3.1)

is accurately determined by the admittance ratio (Y; + Y5)/Y; if the amplifier
satisfies: a high gain, a low input offset voltage and current, and an output port

a L b
nullor 1 Is
. -
Y, 10 w 5?
Vy Vy
Yzm
& ol

Fig. 1.3.1 Current amplifier (a) with a nullor symbol and (b) with an OCA symbol
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with a low output bias current, because this current is directly added to the output.
Note, that the minus sign merely results from the choice of the opposite current
notations of /; and I,. The low entrance impedance allows current sensing at a low
entrance voltage V.

The current source character at the exit yields an accurate current transfer
independently of the load impedance.

Current Follower

A special situation occurs if the negative input terminal of the OCA is connected
with the output terminal. We will call such a configuration a “current follower”
(CF), because the exit current follows the entrance current. This circuit is the
current dualogon of the voltage follower. The circuit is drawn in Fig. 1.3.2a with
a nullor symbol and in Fig. 1.3.2b with an OCA symbol.

The current follower has the unique attribute that the current amplification
factor

A= —]2/11 =1, at V; =0, (1.3.2)

precisely equals plus unity, independently of any passive component values, if the
gain is high, the input offset voltage and current is low, and if the output port has a
low bias current. In contrast, the current-amplification factor of a current mirror,
which nominally is minus unity, does depend on the matching of two passive
elements (see Sect. 3.4).

Note that the minus sign in Eq. 1.3.2 is needed because the output current /; is
defined in the opposite direction regarding /5, when the current is being transferred
through the CF.

The current-follower action reveals the most important attribute of a floating
output port, namely that the current which flows into one output terminal is
precisely followed by the current which flows out of the other output terminal.
This attribute is the very dualogon of the voltage-follower action of a floating
input port.

a I4 | b
R ]1
&z
o
Vi
&

nullor I —- 1
o .. ) P -
—0 *®l—u + %

Fig. 1.3.2 Current follower (a) with a nullor symbol and (b) with an OCA symbol



1.4 Operational Floating Amplifier 7

1.4 Operational Floating Amplifier

A nullor approximation which has both the input and the output ports floating [1.9]
will be called an “operational floating amplifier” (OFA) [1.8, 1.9]. Earlier it was
called a “monolithic nullor” [1.10], or second generation current conveyer [1.11].
The construction of such a universal active device combines the demands of both
floating input and output ports.

The OFA provides the maximum freedom for composing feedback configura-
tions. With simple passive components it is possible to apply negative feedback in
series with input and output ports, which results in both a high entrance and exit
impedance.

Voltage-to-Current Converter

A specific application of the OFA is the voltage-to-current converter or transadmit-
tance amplifier. Such a circuit is shown in Fig. 1.4.1a with a nullor symbol and
in Fig. 1.4.1b with a practical OFA symbol. The voltage-to-current transfer factor

Y,=12/V]:Y], at I]ZO (141)

will be accurately determined by one admittance —Y; if the amplifier satisfies four
requirements: high gain, low input offset voltage and current, low input bias
current, and low output bias current. The negative feedback in series with both
ports ensures a high entrance impedance and a high exit impedance, which gives the
transactor a voltage-sensing entrance and a current-source exit character.

Voltage and Current Follower

In fact, the transadmittance amplifier of Fig. 1.4.1a, b does not apply all potential-
ities of the OFA. It is applied in the special case in which the lower terminal of the

14 I
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Fig. 1.4.1 Transadmittance amplifier (a) with a nullor symbol and (b) with an OFA symbol
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input port is connected with the lower terminal of the output port. This connection
may simplify the construction of the OFA, because no voltage level shifter is
needed between the input circuit and one output terminal, as we will see in Sect.
9.2. An OFA with this connection can be called a “voltage and current follower”
(VCF).

A nullor which has this connection is also called a “three-terminal nullor” or a
“unitor” [1.12]. In Fig. 1.4.1b the VCEF firstly acts like a voltage follower, accu-
rately transferring the entrance voltage V; towards the voltage V,, on the upper side
of the admittance Y, and secondly like a current follower, accurately transferring
the current /, through the admittance Y; towards the current I, at the upper exit
terminal.

1.5 Conclusion

A classification of universal active devices has been given on the basis of the
number of ports which are connected to ground or to each other. The more ports
not internally connected, the more freedom there is in the choice of the feedback
configuration although this creates more complications with the construction of the
device. Figure 1.5.1 presents an overview of the four types of active devices with
different grounding schemes while Fig. 1.5.2 gives the three types of followers with
one interconnection between the ports.

a b
& I} ] -OVA

IS8 TT\

% T 2z % T z

Fig. 1.5.1 (a) Operational inverting amplifier (OIA), (b) operational voltage amplifier
(OVA) or OpAmp, (c) operational current amplifier (OCA) and (d) operational floating ampli-
fier (OFA)
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Fig. 1.5.2 (a) Voltage follower (VF) with an OVA symbol, (b) current follower (CF) with an
OCA symbol and. (¢) voltage and current follower (VCF) with an OFA symbol

Four transfer functions are particularly suited to accurate signal transfer. They
can be implemented with the four basic types of active devices:

Current-to-voltage converter with an OIA

Voltage-to-voltage converter with an OVA
Current-to-current converter with an OCA
Voltage-to-current converter with an OFA

In the ideal case, their signal transfer is independent of the source and load
impedances. Moreover, the signal transfer depends on the theoretical minimum
number of passive components.

Three transfer functions have the unique attribute that their accuracy is indepen-
dent of any passive components. These types are:

Voltage follower (VF) with an OVA
Current follower (CF) with an OCA
Voltage and current follower (VCF) with an OFA

If each of these seven types of functions were realized with nullor approxima-
tions which do not have the right ports floating, a larger number of passive
components and/or active devices is needed. Such realizations are less accurate
and usually more expensive than the realizations with the right kind of active
devices.

The requirements to be satisfied by the universal active devices are:

1. high gain, with a stable high-frequency close-loop feedback behavior,
2. low input offset and noise voltage and current,
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3. when a floating input port is needed, a low input bias current,
4. when a floating output is needed, a low output bias current.

It is remarkable that the grades of perfection of the four requirements mentioned
have no absolute limits. This means that there is a large area of technical explora-
tion present for the design of active electronic building blocks.
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2. Macromodels

The qualities of the universal active devices mentioned in Chap. 1 can be specified
by their macromodels or equivalent circuits and by transfer matrices. These repre-
sentations should contain all elements for quantifying the four qualities of gain,
offset, and if applicable, the bias current of input and output ports. Macromodels
may also include the HF parameters and non-linear effects.

The first four sections of this chapter contain only a linear representation of the
macromodels of the four types of OpAmps. The elements may include a complex
description to include the HF behavior.

Non-linear behavior will be represented by SPICE macromodels for OpAmps in
Sect. 2.5.

Measurement techniques for Operational Amplifiers are discussed in Sect. 2.6.

2.1 Operational Inverting Amplifier

The operational inverting amplifier is a three-terminal network in which one
terminal is grounded. The equivalent circuit of Fig. 2.1.1 contains all elements of
a uni-lateral driven source. The simplest uni-directional realization is a single
transistor.

Definition of: Offset Voltage and Current, Input and Output
Impedance, Transconductance

For the purpose of standardization, all elements are chosen such that the currents at
the terminals can be expressed in the voltages at the terminals. Thus, most elements
are admittances. The main element is a voltage-controlled current source with a
transadmittance Y,.

Together with the input admittance Y; and output admittance Y,, these three
admittances form the essential ingredients of an active device. The admittances
may be taken as a Laplace transform to represent the high-frequency response.

J. Huijsing, Operational Amplifiers 2nd Edition, 11
DOI 10.1007/978-94-007-0596-8_2, © Springer Science+Business Media B.V. 2011
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Fig. 2.1.1 Equivalent circuit 1
of an operational inverting T -
amplifier (OIA) 2
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No elements are added to represent internal feedback because of the reasonable
simplification that a universal active device with more than one internal cascaded
amplifier stage is unilateral. And if there is internal feedback, for instance by heat
transfer on the chip, this should be considered separately.

An offset voltage source V. and an offset current source /;,z have been added
on the input side. They represent all additive DC errors of the device. In addition,
they may include all noise quantities. The input voltage after subtraction of the
offset voltage has been denoted by V; (with asterisk).

The errors of an active device application directly follow from the deviations
from the input requirements V; = 0 and I; = 0. For that reason, we will choose a
mathematical description of the device which directly produces the deviation from
the ideal behavior. Such a description for each of the different kinds of devices will
be called an error matrix. In the case of an OIA, being a two-port element, the error
matrix is equal to the following chain matrix:

Vi
I;

1Y, Y,)Y,
Y)Y, YiY,/Y,

1,
Vo

V‘ .
foffs @2.1.1)

I ioffs

The error matrix clearly shows the requirements to be met by the OIA.

Firstly, a high transadmittance Y; is needed. This also includes a high voltage
amplification factor A, = —Y,/Y,, and a high current amplification factor A; = Y,/Y;.
Secondly, the input offset voltage Vg and current ;. should be low, and so
should be the spectral input noise voltage V;, and current /;,,, which denote the noise
components of the offset quantities.

2.2 Operational Voltage Amplifier

The operational voltage amplifier is a four-terminal network of which one terminal
is grounded. An equivalent circuit is drawn in Fig. 2.2.1. For an adequate descrip-
tion of the floating character of the input port we should distinguish the differential-
mode (DM) input voltage V;; = V;; — V> and current I;; = (I;; — I;)/2 from the
common-mode (CM) input voltage V;. = (V;; + V;3)/2 and current I;. = (I; + I5)/2.
The simplest realization is a differential transistor pair with a common tail current
source.
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Fig. 2.2.1 Equivalent circuit of an operational voltage amplifier (OVA)

Definition of: Input Bias Current, Input Common-Mode
Rejection Ratio

The basic three elements, the admittances Y,, Y;;; and Y, are the normal ones in
each active device. They have already been discussed along with the equivalent
circuit of the OIA. In addition, there are the common-mode input admittances Y,
and Y;., and two common-mode input bias-current sources with an equal value
ILipias. Furthermore, the CM input voltage V. causes an output current V. Y,/H;
in addition to the current V};Y; of the main voltage-controlled current source.
This is the result of a crosstalk of the CM input voltage V. on the DM input voltage
Vi The factor H; is called the “common-mode rejection ratio” (CMRR)
H; = (0V}./0V}4) 1, v, The reciprocal factor 1/H; can be called the “common-
mode crosstalk ratio” (CMCR). All these additional elements show the non-ideal
floating character of the input port.

The main errors of an OVA are quantified by the following error matrix (2.2.1):

Vi 1 / Y, Y, / Y, 1 / H; 1, Vio_ffs
Ly | = \Ya/Y: YuaY,/Y: Yia/Hi|| =V, |+ | Liogs (2.2.1)
L . . Y; Vie™ Livias

with: Viy =Vyq —Vpp
Vie= (Vi1 +Vi)/2
Lia = (In — 1) /2
lie = (In +112)/2
Yia = Yiaa
Yie = (Yiert = Yie2) /2
Vi=V— Vioffs /2 =V

The four elements in the upper-left part of the matrix represent the basic descrip-
tion of any controlled source, as discussed along with the OIA. The right-hand part
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of the matrix contains all errors caused by the non-ideal floating character of the
input port. An OVA should have a high value of the CMRR H; and a low input
admittance Y;.. The dots in the matrix represent normally negligible effects.

Finally, the input bias current /;,;,;, which is also a result of the non-ideal
isolating or floating character of the input port should be low and is placed in the
separate column of additive error sources.

2.3 Operational Current Amplifier

The operational current amplifier is a four-terminal device in which one input
terminal is grounded. An equivalent circuit is shown in Fig. 2.3.1. The floating
character of the output port can best be emphasized by distinguishing the differen-
tial-mode output voltage V,,;, = V,; — V,, and current I,,; = (I,; — 1,5)/2 from the
common-mode output voltage V,,. = (V,; + V,5)/2 and current I,. = (I,; + 1,2)/2.
The simplest realization is a differential transistor pair with a common tail current
source.

Definition of: Output Bias Current, Output Common-Mode
Current Rejection Ratio

In addition to the elements of an OIA, the equivalent circuit contains the elements
which express the parasitic liaisons between the output port and ground. Firstly,
there are the common-mode output admittances Y,,.; and Y,.,. Secondly, we have
two output bias sources with an equal value /,,;,,. Thirdly, these bias currents are
modulated as a function of the input voltage V; with a transconductance Y,/H,,.
The quantity H, will be defined as the output common-mode current rejection
ratio (CMCRR) for the output currents. The reciprocal quantity 1/H, will be called
the output common-mode current crosstalk ratio (CMCCR). It describes the current
crosstalk of a DM output current /,; = VY, on the CM output current /. = V,;Y,/H,,

I Vi offs Io1
—- 2 Vot
+ + Y Vi* +

I offs 'l Yi l' Yodd Vod
Vi Ve

: 2 Vo2
‘AN !Ho Y,Vi*!Ho " v, lo2
2 @ ¥ lo bias + Lo bias et ue
& : 7]

Fig. 2.3.1 Equivalent circuit of an operational current amplifier (OCA)
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atV,;=V,.=0. The CMCRR for output currents is dual in regard to the CMRR for
input voltages.
The main errors are quantified in the following error matrix (2.3.1):

Vi 1Y, Y./Y, . Loq Viofts
| =YY, VY)Y - ||=Voa|+ Liogrs 2.3.1)
I oc 1/ H Y()d / Ho Yoc Voc I ibias

with: Vo =V, —Vp
La = (In —1,2)/2
Voe = (Vo1 +V2) /2
Toe = (In1 +12)/2
You = Youa
Yoo = (Yoe1 +Yoe2)/2

Again, the four elements in the upper-left part of the matrix represent the errors
of any controlled source, as described along with the OIA. The elements of the
lower row represent the non-ideal floating character of the output port. An OCA
should have a high CMCRR H,, and a low CM output admittance Y,,.. Moreover, the
output bias current /,,;,; must be placed in the column of additive error sources. The
dots in the matrix stand for negligible effects.

2.4 Operational Floating Amplifier

The operational floating amplifier is a five-terminal network in which one terminal
is grounded. An equivalent circuit is shown in Fig. 2.4.1. The floating character of
the input and output ports can best be expressed by distinguishing DM and CM
input and output voltages and currents, as was done with the OVA and OCA.

Ti fi offs Jot

Viy @ = ¥ v 2
Vig i cﬂs‘é |dd[:::| Vig oY \:IC ;‘L 'é ]j Vog
Vi Z— &
I Iy
8 *@ % [J |c1[::| Yic2 ¢? é [‘] cct[:]YOCE 2
,(;’5 |bsas i bias Q

Yi |d"rHo

+ 1o bias

Fig. 2.4.1 Equivalent circuit of an operational floating amplifier (OFA)
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Using All Definitions

The equivalent circuit contains all elements of a driven source:

Y: Vi, Yiaa and Y,4,, the offset sources Vg and i,z all elements which
represent the liaisons of the input port with the common ground: Y;.;, Yic2, Lipias
(2x) and V1Y, /H;; and all elements which have the same function for the output
port: Y1, Yoe2, Lopias (2x) and V} Y, /H, (2x). These elements have been discussed
with the OIA, OVA, and OCA. The simplest realization is a differential transistor
pair with a common tail current source.

Vi 1/Yt Yod/Yt 1/Hi : Loa Viogs
[i _ Y,‘d/Yr YidY()d/Yt Yid/Hi : - *0’1 + Iiojfs (241)
I;. . . Yie . V*ie Tibias
I()C I/Ho Y()d/HD . Y()(; Vo(j Iohias

The errors of the OFA are quantified by the error matrix (2.4.1):

The four elements in the upper-left part of the matrix represent the errors of any
controlled source as discussed along with the OIA. The elements of the third
column represent the non-ideal floating character of the input port, described
along with the OV A, while the elements of the fourth row do the same with regard
to the output port, described along with the OCA. The elements in the additional
row represent all offset and bias sources. The dots in the matrix stand for negligible
effects.

2.5 Macromodels in SPICE

In Sects. 2.1-2.4 we have presented linear circuit models for the four Operational
Amplifier types OIA, OVA, OCA, and OFA. These are theoretically correct but not
always practical. The main practical shortcoming is the lack of non-linear behavior
description. It is desirable for shortening the simulation time in SPICE simulations
of large systems with many Operational Amplifiers, to have relatively simple
macromodels, which nevertheless do take into account the non-linear behavior,
saturation effects, and slew rate.

Macromodel Mathematical

In some cases, like the use of OpAmps in switched capacitance circuits, it is often
sufficient to have only the non-linear behavior of the input stage modeled. In some
SPICE programs this can be entered by a formula description. An example of such a
description is given by Lin et al. in [2.1] of a circuit like Fig.6.2.8b and shown in
Fig. 2.5.1.
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Fig. 2.5.1 A two-pole model taking into account the slew rate limitation. The maximum available
currents of the input stage are given by /j and /5. The transfer has the characteristic slope of g,

Avo Vo (8)

e

The description consists of two blocks. The first block describes in a first-order
approximation the non-linear behavior of the input stage. The second block
describes the frequency response with two-poles. With this model the slewing
and settling behavior can be modeled in first-order approximation. For further
details see [2.1].

Macromodel Miller-Compensated

If we need to take a larger number of non-idealities and non-linearities into account,
such as input offset and noise and saturation effects we need to use a more extended
macromodel.

As an example the SPICE macromodel of Boyle et al. [2.2] is shown in
Fig. 2.5.2. It models the input stage by using the differential pair M; and M, diodes
D; and D, to model saturation effects at the output, and a Miller (Chap. 6)
compensation with C, across the output stage. The parasitic currents of the protec-
tion diodes at the input are modeled by means of current sources Ig; and /,. The
output current is limited by the diodes D; and D, together with the series resistor
Ry, and a reproduction of the output voltage across RcGV,,,,. The same model can
be used with a bipolar input stage for a bipolar amplifier. The input bias current

2 Vgp

D Ve

Dy D2

w

4]
-
& o
Aol | © Rpz g] Rp C)_Vsz ’

@ Ven

Fig. 2.5.2 SPICE macromodel of a Miller-compensated two-stage CMOS operational amplifier
according to Boyle et al. The input stage is modeled by a differential transistor pair, while the
output stage is built up by driven sources and saturation diodes
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sources may be left out in that case, because they are already built in the bipolar
transistor models.

The macromodel can also be used when a voltage follower is added at the output
as a third stage like in the pA741 of Fig. 7.4.2.

More precise macromodels have been presented by Mark Alexander and Derek
Bowers [2.3], and others.

Macromodel Nested-Miller-Compensated

The effects of common-mode-depending bias currents and saturation become even
more serious in the application of low-voltage OpAmps with rail-to-rail input and
output voltage ranges, such as the bipolar OpAmp NE 5234, as explained with
Fig. 7.8.3. A SPICE macro-model should incorporate these effects. An example of
such a model is given by Feyes et al. [2.4] using controlled sources and diodes.
However, a simpler model is shaped if we just equip the input and output stages with
transistors using strongly simplified transistor models, while we use controlled sources
for the intermediate stage similar to Boyle’s approach. This is shown in Fig. 2.5.3a, b.

The input stage is composed of two complementary transistor pairs and a tail
current selector, as explained with Fig. 4.4.4. Two different offset sources can be
inserted, one for each pair. The output stage is modeled together with its R-R
saturation properties by two complementary bipolar transistors Q;; and Q;,, and
a translinear class-AB loop through D;;, D>, and a floating supply source replica
Vsp — Vi, as explained with Fig. 5.3.13b. The diodes D;; and D, prevent internal
overdriving.

The intermediate stage is linearly modeled by a simplified transistor model. The
total macromodel has three poles: one at the output determined by the load capaci-
tance, one at the input of the output stage determined by the diffusion capacitors of
the output transistors, and one at the input of the intermediate stage determined by
R>> C»;. These three poles are handled by nested-Miller-compensation through Cy;
and C,,, as explained with Fig. 6.2.16.

With this model the change in input bias current and offset voltage and satura-
tion effects are properly modeled when the common-mode input voltage passes
from below the negative rail up even across the positive rail. The noise is also being
properly modeled together with the slew rate and frequency characteristic. At the
output a proper saturation behavior near the negative and positive rail voltage is
modeled.

Conclusion

In conclusion, in SPICE simulations of large systems where many OpAmps and other
components function together the simulation time can be much shortened by using
simplified macromodels for the Operational Amplifiers. These macromodels often
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Fig. 2.5.3 (a) A SPICE macromodel of a low-voltage bipolar R-R input stage for a three-stage
bipolar OpAmp. (b) A SPICE macromodel of a low-voltage-nested-Miller-compensated interme-
diate and output stage of a three stage bipolar OpAmp with R-R output

use transistor models at the input and at the output, where the largest non-linearities
occur, while linear controlled current sources are used in the central part of the model.

2.6 Measurement Techniques for Operational Amplifiers

The measurement of Operational Amplifier characteristics is not easy because their
parameters can seldom be directly found in an open circuit. The gain is so large that
any offset and noise will drive the output in complete saturation. Hence the OpAmp
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has to be placed in a stable feedback measurement setup and the parameters to be
measured have to be indirectly measured.

Transconductance Measurement of an OTA

Exempt from the mentioned problem is the measuring of the transconductance Y, =
G,, of an OTA (Sect. 7.1). This value is so low, that it can be easily directly
measured. A voltage source V can be directly connected to the input as shown in
the first measurement approach of Fig. 2.6.1. The top-top value should not be larger
than about 20 mV, in order that the input stage is not being overdriven in its non-
linear region. At the output a relatively small resistor, i.e., R, = 1 kQ can be
connected to ground. The G,, can be found as the ratio of the output voltage and the
input voltage divided by the load resistance R;. So:

Y, =G, =V,/(ViRL) (2.6.1)

The output load resistor R; may not be too large. Otherwise the parasitic open
output conductance Y, in parallel with 1/R; will make the measurement inaccurate.
This is particularly the case at high frequencies where the parallel output capaci-
tance C; will attenuate the output voltage strongly. The situation is drawn in
Fig. 2.6.1.

For the measurement of offset and noise of an OTA the same setup can still be
used. At a grounded input the output voltage indicates the offset through a calcula-
tion by the value of the transconductance and the load resistance according to:

Vogrs = Vo/(GmRL) (2.6.2)
However, if we want to measure the open voltage gain Ay, the above setup

does not fit anymore. The load resistance R; has to be chosen larger than the open
output resistance R, = 1/G, and the offset would fully drive the output to one of

%, &
+ +
Vout R = CL Voul
% v

Fig. 2.6.1 Measurement of the transconductance Y, = G,, of an OTA
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the supply rails. Fiddling with a DC input bias voltage would help in some cases,
but cannot be a standard measurement procedure. This can only be used in SPICE
simulations as we may expect perfectly matched transistors and an inherent low
offset.

Voltage Gain Measurement of an OpAmp

The second closest approach is to use feedback for proper biasing in such a way that
the negative input terminal is fed back by a resistor R; with a value larger than the
open output resistance R, but capacitively grounded. The situation is depicted in
Fig. 2.6.2.

The external loop contains an extra pole at a time constant t; = R; C;. This must
be larger than the DC gain 2 Ay multiplied by the dominating time constant t; =
R,C,, of the open-loop amplifier, to satisfy the stability of the loop. As the dominat-
ing pole frequency 1/2 nt4 may easily be as low as 1.6 kHz at R, = 10 MQ and C,, =
10 pF, the external pole frequency 7; must be lower than 0.008 Hz at a voltage gain
A, of 10°. When we choose R; = 100 MQ, C; must have a value larger than 0.2 uF.
The voltage gain as a function of the frequency (Bode plot) can now be measured as
Ay = V,/V; with a network analyzer with active probes (C;, <3 pF). If we do not
take t; large enough, the phase margin could become too low and the circuit may
multivibrate at a low frequency.

The above solution may work well with most CMOS OTAs. But if the open
output resistor R, becomes larger, a problem arises as the value of R; is limited.

If the input stage has bipolar transistors, the feedback resistor has to supply the
input bias current. This requires a much lower value of R; and a higher value of C;.

A possible solution will then be to insert a single-transistor voltage-follower
buffer between the output and the connection to the feedback resistor R, in order not
to load the open output too much. In SPICE simulations we can easily solve the
problem by replacing R; by a large inductance L, so that there is no DC loss across
this element.

With an OpAmp with two or more gain stages the open output impedance is
normally so low that a much lower value of R; is allowed.

Rs
T @
| +
A }

X . 2=Cs Vou
Fig. 2.6.2 Measuring the s
open-loop frequency response c 11=RiC1> 2A, 14 :

Ay = V,/V; of an operational WT 1 25
amplifier L
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Fig. 2.6.3 Inverting feedback configuration for measuring the open-loop frequency response Ay
= V,/V; of an operational amplifier

Voltage Gain and Offset Measurements of an OpAmp

A third, simple, and effective solution is to use an inverting amplifier feedback
configuration as shown in Fig. 2.6.3.

The idea is to apply the amplifier in an inverting configuration with a minus unity
gainat R, = 10kQ, R; = 10kQ, ori.g. with a gain of —100 at R, = 1 kQ, R; = 100 kQ
inverting configuration. The voltage gain can be measured by a network analyzer by
simply connecting one active probe to the output and the other active probe to the
input of the amplifier.

The only care we must take is that the probe capacitance C); at the input does not
cause a pole in the loop at a frequency where the loop gain is still larger than unity.
This should not be a problem at a strong feedback attenuation B, = R,/R;. The
frequency characteristic can be measured with this third method up to several
hundred megahertz.

If the open output impedance R, is high, then R; must also be chosen sufficiently
high to avoid degradation of the measured voltage gain. This inverting-amplifier
setup also allows us to simply measure the offset between the input terminals. The
input voltage noise can also be measured at the input in a frequency band where the
feedback is active, or A,B, > 1.

In conclusion, of these three simple measuring setups, the third measuring circuit
is quite powerful.

General Measurement Setup for an OpAmp

The above methods do not satisfy a general measurement setup in which more
parameters can be measured, such as common-mode rejection. The measurement of
the CMRR is particularly difficult as we cannot apply feedback for biasing, as the
feedback will destroy the CMRR by its ground connection (see Sect. 4.3). Alterna-
tively we can superimpose on the supply voltages and the output reference voltage
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Fig. 2.6.4 General low-frequency measurement setup for voltage gain Ay, bias current /,;,, offset
voltage Vz, noise voltage V,, and common-mode rejection CMRR of an operational amplifier
OA| under test aided by a helping operational amplifier OA,

a common-mode voltage. For that purpose we need to place the device under test in
a feedback loop with the aid of a second amplifier. As a fourth example, a more
general low-frequency setup is given in Fig. 2.6.4 [2.5].

The amplifier under test, OA;, is supplied with positive and negative supply
voltages, respectively Vgp and Vgy, while a common-mode voltage source Vi
moves the supply voltages and the output reference voltage in regard to the input
voltages. A broadband helping amplifier OA, compares the output voltage V,, of
the amplifier under test with a source voltage V and amplifies the difference to the
output measurement voltage V,,. This voltage is being fed back to the input of the
amplifier under test by an attenuation network B, = R;/R, and bias current mea-
surement resistors Rz and R,. The capacitor C; provides phase lead to stabilize the
long loop through two amplifiers. The low-frequency voltage gain can be measured
by dividing V; by (R»/R;) Vy;, so:

Ay = VsR; /R:Vy (2.6.3)

This can be done, for instance, by a network analyzer. Active probes need not be
used, depending on the impedance levels of the source and output of OA,. Load
conditions can be changed by applying Z;. The measurement of the frequency
characteristic is correct up to about 1 MHz, which is the pole of the feedback
network.

For an offset measurement the switches S; and S, have to be closed. The output
voltage V), represents the input offset voltage amplified by the inverse feedback
attenuation.

Vs = VuR1/R> (2.6.4)
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The spectral input noise can also be read from V).
Vuin = VamR 1 /R2 (2.6.5)
The bias current /,,,, can be found by opening only §;.
Ipias = VuR/R2R3 (2.6.6)

The offset current [,z similarly can be found by opening both switches S; and S,
and by using equal resistors R; = R,.

Logrs = VR /R2R;3 (2.6.7)

For the measurement of the common-mode rejection ratio a common-mode
voltage source V¢, has to be used which is able to drive the supply-voltages Vp
and Vgp of the device under test. The result can be measured as:

CMRR = VR /(R Vi) (2.6.8)

Note that the loop gain of the measurement setup is high (Ay;A2R2/R ;). The high
frequency behavior of the loop is determined by the two dominating time constants
of both amplifiers. The stability of the loop is ensured if the help amplifier OA; has a
high dominating pole frequency, say 1 MHz, and if the feedforward capacitor C,
corrects the phase lag of OA, above that frequency. The measurement setup may
function up to frequencies of 1 MHz.

In conclusion, we have seen that it is not easy to measure OpAmp parameters for
we have to take care of proper biasing simultaneously. For SPICE simulations, the
second method can be used to measure frequency characteristics. The third method
is powerful in practical situations. The measurement of the CMRR is particularly
difficult, as we cannot apply feedback to properly bias the OpAmp as this destroys
the CMRR. A proper method is to alternatively move the supply with a common-
mode voltage. This is done in the fourth general measurement setup.

2.7 Problems and Simulation Exercises

Problem 2.1

Figure 2.5.2 shows a Boyle type macromodel developed for CMOS operational
amplifiers. Starting from that picture, calculate the parameters of an operational
amplifier with a differential gain ayp = 100 dB, common-mode rejection ratio
CMRR = 90 dB, unity gain bandwidth f;;z = 10 MHz with a phase margin ,, =
76°. The slew-rate specifications are S,, = 10 V/us for rising output voltage and
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Syn = 9 V/us for falling output voltage. A short-circuit current /g = 7 mA should
be supplied at the output, with an output DC impedance R,,, = 1 kQ. Supply

voltages are Vsp—Vgy = 3 V, and the macromodel should dissipate P; = 3 mW.
No capacitive or resistive load is present.

Solution

The gain in the first stage is chosen to be equal to unity:

Rs; =Rp; — 1/8m 2.7.1)

As Rp; usually has values around 2/g,,; for convenient common mode input
range,

RDI = 2/gm1 (272)

In order to calculate g,,;, weak inversion transistors will be considered for the
input stage with an approximate g,,; given by

Iss
100 mV

Eml = (2.7.3)

The tail current Igs results from S,,, value and a convenient Miller capacitor:

Cz = 2pF
2.7.4)
Iss = C5S,, =20 pA
Returning to Rp; and Rg; values:
Rp; =2/gm =200mV /I = 10kQ
DI /8mi [Iss (27.5)
RS] :RD] - 1/gml = l/gm/ =5kQ
Using these values, the unity gain bandwidth results:
deB = 1/2 TL'RD] Cg = 8§ MHz (276)

which is close enough to the desired bandwidth. It can be increased by choosing a
lower value for Rp;. The gain in the virtual intermediate stage of the model is larger
than unity, given by its components G, and R;:

Ga = 1/RD1 = 0.1mS

2.7.7)
R> = 100kQ
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The output impedance will be equal to R, for frequencies above:
fe=1/27Rp; C> (1 + R2Gp,) = 79Hz (2.7.8)
Below this corner frequency, the DC output impedance is
Rour = Ror + Ry (2.7.9)

Because the short-circuit current will be given by the ratio of a diode voltage and
Ry, Ry; should be less than DC output impedance:

Ryo; =100Q (2.7.10)
The rest of the gain up to ayp = 100 dB is given by the third stage:

Ro2 = Rou — Ro; = 900Q
Gb :aVDRDl/RZROZ =11.18 (2711)

The gain of the R .G, voltage repeater should be equal to unity with an R value
much smaller than Ry;, so:

R
G.=0/R.,=0.15 (2.7.12)
This voltage repeater puts the difference between the voltages at the output and
at the internal output on R,;, such as if a difference exists the maximum current
supplied is the short-circuit current:
Isc = Vp/Rp; =0.6V/100Q = 6 mA (2.7.13)
To correct the short circuit current value to the desired 7 mA, the diode threshold
voltage can be changed to 0.7 V for simulation purposes. The S,,, value is controlled
by Csl
Cs = (Iss/Sm) — C2 = 0.22pF (2.7.14)
The common-mode rejection ratio is given by G,,,:
Gen = 1/Rp; CMRR = 3nS (2.7.15)

For the desired phase margin, C; introduces a second pole
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which produces:
C; = (Cs tang,)/2 = 46 {F (2.7.17)

The power dissipated by the whole macromodel is modeled by R, which takes
the value:

_ Vsp + Vsn
Py — (Vsp + Ven)ss

Rp = 1.0kQ (2.7.18)

Simulation Exercise 2.1

The Boyle macromodel depicted in Fig. 2.7.1 can be simulated for AC analysis
using a simulation setup as shown in Fig. 2.7.2.

}
RAn H] S0UA ! ==C! H]an
500K * 01p 100k

Vo Cy

F
hel)
&
i
3
£
\::
‘,

Gy

L et 0% ek O,

Fig. 2.7.1 Boyle macromodel for a two-stage operational amplifier
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Fig. 2.7.2 Differential gain simulation for an OpAmp macromodel
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ijnm

1e10

Fig. 2.7.3 Common-mode to differential crosstalk simulation

The use of ideal high-valued capacitors and resistors allow the simulator to solve
correctly the biasing point for the transistors inside the operational amplifier. At
DC, the amplifier is basically a repeater with the positive input connected to ground.
What is the low limit frequency for a DC voltage gain simulation, considering the
effect of C,? What can be the additional benefits of replacing R, with an inductor?

Simulation Exercise 2.2

The circuit shown in Fig. 2.7.3 is used to simulate a Boyle macromodel of an
operational amplifier for AC solution of common-mode to differential crosstalk.

Using this crosstalk gain and the differential gain, the common-mode rejection
ratio can be calculated. At DC, the inductor keeps the operational amplifier in a
repeater configuration, while above a limit frequency given by the L;C, time
constant, both inputs of the operational amplifier are tied together and the circuit
is placed in an open-loop configuration. Simulate this circuit using the Boyle
macromodel shown in Fig. 2.7.1 and decrease the common-mode rejection ratio
with 20 dB by adjusting the G5 transconductor. What other circuit elements in
Fig. 2.7.1 affect the common-mode to differential crosstalk?
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3. Applications

This chapter describes a number of general applications suitable for quantifying the
requirements of universal active devices or Operational Amplifiers. The transfer of
each example is described by a matrix containing, firstly, one or more nominal
values, and secondly, error terms having low values. The nominal values are
determined by the circuit configuration and by the gain-setting passive components
in the circuit. The error terms are determined by the non-idealities of the active
devices as discussed in Chap. 2. Each of the error terms can be relatively easily
expressed as a sum of errors caused by:

firstly, the non-zero input voltage;

secondly, the non-zero input current;

thirdly, if the input port is floating, the CM input current; and
fourthly, if the output port is floating, the non-zero CM output current.

With the aid of these error terms one can estimate the required specifications of
the active devices or Operational Amplifiers.

In the last section particularly the requirements of OpAmps are evaluated based
on the desired dynamic range.

It appears that for an optimum ratio of dynamic range and supply power the
output of an Operational Amplifier should have a current-efficient class-AB biasing
and a voltage-efficient rail-to-rail voltage range. In some cases the input should also
have a voltage-efficient rail-to-rail common-mode voltage range.

3.1 Operational Inverting Amplifier

The operational inverting amplifier has both the input and output ports grounded
which restricts the feedback to parallel connections. This results in applications
with a low input and output impedance.

J. Huijsing, Operational Amplifiers 2nd Edition, 31
DOI 10.1007/978-94-007-0596-8_3, © Springer Science+Business Media B.V. 2011
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Current-to-Voltage Converter

As we have already discussed in Sect. 1.1, the transimpedance amplifier or
current-to-voltage converter is the most basic application of the OIA. This
amplifier configuration is drawn in Fig. 3.1.1 together with the source and load
circuits.

For a description of the transfer we choose a kind of matrix which clearly
presents the nominal transfer and additionally presents all errors in relation to the
input quantities V; and I;. For a two-port the total matrix is equal to the chain matrix.
The matrix of Fig. 3.1.1 is given in Eq. 3.1.1:

I] . l/Zm‘f' I/Zze 1/Aie VZ I](l_fj"s . (3 1 1)
v, |~ VAw Yel|=L| " | Vieps | -
with:
l/Ztn = _1/ZZ

1/Ze =~ =Y,(Y2+Yy)/Y, — Yi(Y2 + Yp) /Y,
I/Aiez—Yz/Y,—Y,-/Yf

1/Ave =~ (Y2 +Yy) /Y,

1Y ~ —1/Y,

Liogrs = Viois/Z2 + I; offs

Viors 2= Vi offs

12

and with Y, = 1/Z,

The nominal term 1/Z,, represents the minus reciprocal value of the nominal
impedance —1/Z,. All other terms are error terms caused by non-idealities as
described by the error matrix (2.1.1). Each error term can be written as a sum of
partial errors which originate, firstly, from the non-zero OIA input voltage V; and
secondly, from the non-zero input current /;. The first error term 1/Z,, represents
an entrance error current V,/Z,, as a function of the exit voltage V, at —[, = 0.
This error current is composed of two partial error currents: V,Y,(Y, + Yy)/Y,

Iy

I
e 22 -.--—2

2% 1 %
+ [w 4]0 +
o [uow o w [
Fig. 3.1.1 Transimpedance R Vi Vo -

amplifier with source and load &
circuits
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following through Y, as a consequence of the non-zero input voltage V; =
—V5(Y> + Yy)/Y, and the non-zero input current I; = —V,Y(Y> + Yy)/Y,. The
second error term 1/A;, represents an entrance error current /5/A;, as a function
of —I, at V, = 0. This error current is composed of two partial error currents:
L,Y,/Y, flowing through Y, as a consequence of the input voltage V; = I,/Y,, and
the input currents I; = I,Y,/Y,. The other error terms are built up in the same way.
The input offset voltage V. and current [,z give rise to the entrance offset
voltage Vg and current /4, as presented. The spectral input noise voltage V;,
and current /;,, can be thought of as superimposed on the relevant offset quantities
[3.1, 3.2]. An extra entrance noise current, caused by the noise current /,,,, of the
impedance Z,, is present.

Inverting Voltage Amplifier

Another important application of the OIA is the inverting voltage amplifier, a
configuration widely used in analog computer circuits. The circuit is shown in
Fig. 3.1.2. The matrix is given in Eq. 3.1.2:

Vi
I

1/Aw +1/Ave 1/Ye
1/Z. 1/A;

%}
_12

V] offs

: (3.1.2)

Liofs
with

1/AW, ~ —Zj/ZZ
1Ay = —(Z1 + ) (Y2 + Yy)/YiZo — Z,Y:(Y> + Y)Y,
I/Z,e >~ _I/ZZ

An important disadvantage of the inverting voltage amplifier is its large
entrance current error V,/Z,, ~ —V,/Z,. The non-inverting voltage amplifier
using an OVA, which will be described in the next section, does not have this
disadvantage.

I
-
&
e
U [
Fig. 3.1.2 Inverting voltage Vo
amplifier with source and load = ég

circuits
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3.2 Operational Voltage Amplifier

The operational voltage amplifier (OVA) has a floating input port that provides
applications with a high input impedance by a serial feedback through the input port.

Non-Inverting Voltage Amplifier

The most basic application of the OVA is the non-inverting voltage amplifier (see
Sect. 1.1.2) as shown in Fig. 3.2.1

The transfer of the circuit can be described by one nominal value and error terms
having low values, as described by matrix (3.2.1):

Vi
I

1/Awm + 1/Ave 1/Y,
1/Ze 1/A

|Z)
—I

Viofs

: (3.2.1)

11of5
with:

VZw=2,/(Z1 +25)

1/Ave ~ Yo+ Y)Y +Yiu(Yo+ Y)Y, Y + 1/AH; — Yie1 [YPA,,
1/Yse = 1)Y, + Yia )Y, Y,

1/Zie ~Yia(Yo +Y'5) /Y + Yiea /A

1/Ajie >~ Yiq/Y,

Viogs 2 Viogs + Liogss /Yp + Livias /Y

Liops = +ipias

and with Y¥; = 1/Z], Y, = I/ZZ7 Yp =Y, 47, Yg = 1/(Z] —|—Zg)

The reciprocal nominal value of the voltage amplification factor is 1/4,, =
Z,I(Z; + Zy). All other matrix elements are error terms caused by non-idealities.
The first error term 1/A,, represents the entrance error voltage V,/A,, as a function

I 2
Ly i ‘OVA 5
+ / +
¥ Z5
+
Vs Vi EJ Vo Dzl
A z,
& T &

Fig. 3.2.1 Voltage amplifier with source and load circuits
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of the exit voltage V, at —I, = 0. The error voltage is the sum of four partial error
voltages. The first of these partial error voltages V,(Yy + Y's)/Y, represents the
differential input voltage V;, needed to generate the exit voltage V.

The second partial error voltage V>Y;,(Yy +Y';)/Y,Y, is the voltage loss across
the parallel admittance Y, = Y; + Y, of the feedback network as a result of the
differential input current /;; = V,Y,; (Y, + Y,)/Y,. The third partial error voltage V,/
A,,H; is the equivalent differential input voltage V;, evoked by the crosstalk 1/H;
from the CM input voltage V;. = V,/A,,. The fourth partial error voltage —V,Y;.;/
Y,A,, is the voltage loss across the parallel admittance Y, = Y, + Y, of the feedback
network as a result of the common-mode input current /;,. = V,Y;.;/A,,. The other
error terms are built up in the same way. In addition to the offset and noise
quantities of the OIA (see Sect. 3.1), there are the input bias current /;;;,, and the
input bias noise current /;;,, and their effects. An extra entrance noise voltage,

caused by the noise voltage V,, of the parallel impedance Z, = 1/Y,,, is present.

Voltage Follower

If we choose Z; = oo and Z, = 0, the voltage amplifier becomes a voltage follower
with a nominal voltage amplification factor A,,, = 1 in that all error contributions
with a Y, in the denominator disappear.

Bridge Instrumentation Amplifier

A bridge instrumentation amplifier can be built with an OVA and bridge of four
impedances Z;; through Z,, (Fig. 3.2.2). The circuit can be thought to be composed
partly from the inverting voltage amplifier (Fig. 3.2.2) and the non-inverting

I I
Zo B Zyy Z51 w=
—{+——{ 1 ] &
+ + +
(Dvsr2
Vieq OVA Vo I]Z
+ +
Vs C)_stz
+ _:_é T LT ’
Veo Zsr Ty, 412 Z22 T

Fig. 3.2.2 Bridge instrumentation amplifier with source and load circuits
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voltage amplifier (Fig. 3.2.1). If the bridge is well balanced, which means that AZ,/
Z, = 1 — Z5;Z;5/Z5,Z;;<1, the circuit only amplifies the differential-mode
entrance voltage V;; while the common-mode entrance voltage V. is rejected.
The circuit of a bridge instrumentation amplifier is given in Fig. 3.2.2 and the
matrix with the error terms in Eq. 3.2.2.

Vld 1/Avn + I/Ave 1/Yte 1/He V2 Viaﬁ’s
Lig| = 1/A,  1/A; . =L |+ | Liggs |3 (3.2.2)
Ilc . . 1/Zlcc Vic Iibias
with:
/Ay = —Z11/Zy
1/Ave =~ —AZy/2Z(An + 1A,
—(Zi+Z)) Yo+ Y21) ) YiZos — (Zi1 + Z12)Yia(Yo + Y21) /Yy
- 1/2HiAvn - Yi(?l /2Y11Avn + YicZ/ZYIZAvn
l/Hg ~ 7AZ/,/Z;7(AWZ + 1)
—1/YZo; — (Zn + Z12)Yia /Y (211 + Z21)
—1/H; = Yi/Y11 = Yic /Y12
1/Zjee ~1/(Z11 + Z21)
and with:

AZy|Zy =1 — 25121522271 <K 1
Yii=1/Zy, Yo =1/Zpy, Yoy >~ 1/Z5;, Y22 = 1/Z5;

The main disadvantage of this type of instrumentation amplifier is that the bridge
resistors establish a connection between the input port of the OVA and the output
and ground. This destroys the CM isolation barrier of the input port of the OVA and
thus destroys the CMRR of the application. Therefore, the common-mode crosstalk
ratio (CMCR) 1/H, is directly determined by the imbalance AZ,/Z, of the bridge
and a factor 1/(A,, + 1) depending on the nominal amplification factor A,,,. Another
disadvantage is the relatively low CM entrance impedance 1/Z;.. = 1/(Z;; + Z5;)
which is also caused by the lack of a CM isolation barrier.

The latter disadvantage can be overcome by connecting the input terminals in
cascade with either two voltage followers, one for each terminal, or two voltage
amplifiers of the type of Fig. 3.2.1, joined in a balanced configuration by connecting
the bottom sides of Z; to each other, instead of to ground.

A basically better way to build an instrumentation amplifier which does have a
CM isolation barrier is to use two OFAs. An example of such an instrumentation
will be given in Sect. 3.4.
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3.3 Operational Current Amplifier

The operational current amplifier has a floating output port, which allows a high
output impedance or current output by a serial feedback through the output port.

Current Amplifier

The most basic application of the OCA is the current amplifier (Sect. 1.3). This
configuration is given in Fig. 3.3.1 together with its source and load circuits.

The nominal amplification factor and error terms with small values can be
described by the matrix of Eq. 3.3.1.

/Ay, + 1/A. 1/Z,
Y 1/Av

—I
Vs

_ folfs |, (3.3.1)

I
Vi

VI offs
with:

1/Ain =Y /(Y1 +Y2)

1/A; ~ Y'S/Y[ +Y;/Y,+2H,/A;, — Y(,CI/Y,,A[,,
1/Zie ~ YsoYoa/Y: +YiYoa/Y: + Yoc2 [Ain

1/Y, ~1/Y,

1/A,. ~ Y,4Y,

Liogts = ViegrsY 1 + Liogss + 2 obias /Ain

Viogrs = Viogrs

and with: Y, =Y; +Y,, Y, = 1/(1/Y; 4+ 1/Y>), neglecting Y,,, against ¥,

The reciprocal value of the nominal current amplification factor is 1/A =Y,/
(Y; + Y>). All other terms are error terms caused by non-idealities. The first error
term 1/A;, can be written as the sum of four partial error terms.

Iy
e - ]
7 OCA o
+
Y-| L +
WO []% v v [Jv
Ygﬁ]
Fig. 3.3.1 Current amplifier é >

with source and load circuits J_
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The first partial error Y,/Y, represents the entrance error current —/,Y/Y,.
This results from the current V;Y flowing through the series conductance Y’y = 1/
(1/Y; 4+ 1/Y>) as a consequence of the input voltage V; = —I,/Y, needed to deliver
the exit current —/,. The second partial error Y,/Y, simply represents the input
current [; = —1,Y,/Y,Y, which is needed to deliver the exit current —I>.

The third partial error 2/H,A;, is caused by the crosstalk 1/H, of the DM output
current /,;, = —I, on the CM output current /,,.. Double this value (from both output
terminals) must be counted.

The fourth partial error —Y,.;/Y,A;, is a result of the error current I,Y,.;/Y,
which flows into the CM output impedance Y,.; in parallel with the parallel
admittance Y, = Y, + Y> as a function of —/,. The other error terms are made up
in the same way. In addition to the offset quantities mentioned with the OIA, there
are the output bias current /,,;,,, and output bias noise current /. There is an extra
entrance noise current caused by the noise current Iygy of the series admittance
Yo =1/(1/Y; +1/Y2).

3.4 Operational Floating Amplifier

The operational floating amplifier is the most versatile OpAmp. It permits series
feedback through the input and output ports. This allows for applications with a
high input and output impedance.

Voltage-to-Current Converter

The most basic application of the OFA is the transadmittance amplifier or the
voltage-to-current converter (Sect. 1.4). The circuit is shown in Fig. 3.4.1 with
the source and load circuit.

The nominal transadmittance and error terms are presented in the matrix of
Eq. 3.4.1.

“ [

Fig. 3.4.1 Voltage-to-
current converter or
transadmittance amplifier Vo
with source and load circuits J_
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1% Y +1/Y 1/Av]|] =1 Viofis
12| VYt e 1 ? fors |, (3.4.1)
[1 1/Aie l/Zte VZ [Inﬂs
with:
1Yy = —1/Y>

1/Ye ~ =1/Y, = Yiq/Y Y2 = 1/HiY2 + Yi2 /Y2Y2 = 2/H, Y2 + Yo /Y2
1/Ave ~ =Yoa/Y: = YiaYoa/YiY2 = 2Y,a /YiH, Y2 — Yo /Y2

1/Aie ~ —Yia/Y: = Yie1 /Y2

1/Zie ~ —YiaYoa/Y;

Vietts = Viogrs + Liors /Y2 + Livias/ Y2 + 2 opias /Y2

Liofrs = Liogrs + Loias

The reciprocal value of the nominal transadmittance is 1/Y,, = —1/Y,. All other
terms are error terms caused by non-idealities. Each error term is the sum of partial
errors which can have six origins (see Sect. 2.4): firstly V;; = f(—1,,V>), secondly
Liq = f(—13,V>), thirdly V;; = f(V,.), fourthly I;. = f(V,.), fifthly I,. = f(—I), and
lastly 1, = f(V,.). We neglected Y, against Y.

The partial errors are placed in six columns according to the above sequence.
The partial errors have already been explained in the preceding sections of this
chapter. There is an extra entrance noise caused by the noise voltage Vy,, of the
admittance Y.

Inverting Current Amplifier

An inverting current amplifier or current mirror can be made by adding an entrance
admittance Y; to the transadmittance amplifier (Fig. 3.4.1). The entrance admittance
Y, converts the entrance current /; into a voltage V; which is in turn converted into
the exit current /, by the transadmittance amplifier containing Y,. A special case

Iy
%) I &
+ +

O []% v v (v

Fig. 3.4.2 Inverting current Yy Yo
amplifier with source and load g

%
circuits J—
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appears if Y; = Y>. In that case the circuit is known as the “current mirror”. The
circuit is drawn in Fig. 3.4.2 while the matrix is given by Eq. 3.4.2.

I VAn +1/A0 1/Z || —1 Lo
1 _ / / /Z: 2 1off ; (3.4.2)
Vi 1/Y,e 1/As|| V2 Viofs
with:
/Ay ==Y /Y>

1/A; ~ —YI/Y, — Y,-d/Y,
— 1/HiAin — Yie1 /Y2 + Yiea [Y2Ai
—2/H,Ajy + Yora [ Y2Ai

/Y, ~—1/Y,

The first term is the reciprocal nominal value of the current amplification factor.
The other terms are error terms, as has been explained earlier. A disadvantage of the
inverting current amplifier is the relatively high entrance voltage V; = —I,/Y,, =
I,/Y, which is not present in the non-inverting current amplifier of Fig. 3.2.1.

Differential Voltage-to-Current Converter

The floating character of the input of an OFA together with the current-source
character of the output of an OFA having series feedback at its output can be
applied to obtain the CM-voltage isolation needed for the entrance circuit of an
instrumentation amplifier. This is shown by the instrumentation transadmittance
amplifier of Fig. 3.4.3 [3.3]. Two OFAs, connected as voltage and current followers

I14 Io4
+ OFA > o
/ '
: HZH

Vid []Yz lod Vag

. L Dzm Zicc
4|\ \\\ ,/‘
Jip " L
= OFA, > 3
Li2 Iz

Fig. 3.4.3 Instrumentation voltage-to-current or transadmittance amplifier with source and load
circuits
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(VCFs), firstly, transfer the DM entrance voltage V,, at unity gain to the terminals of
a conductance Y,, and secondly, transfer the current —/,; = —V,Y, through Y,
towards the output terminals. The CM input voltage only affects the output current
through the non-ideal properties of the OFAs, as described by the matrix equation
(3.4.3).

V[d 1/Ytn + 1/Yte I/Ave 1/Hf’ ’ _IZd ngﬁfs
I 1/A; 1/Z . . V. I,
| _ [Aie [Zie 2d Toffs ; (3.4.3)
Ilc . . 1/Zice . V]c [Ibias
Izc . . l/Ztcce 1/ZOC'€ VZC [2bias
with:
l/Ym - — I/YZ

1Y ~ —2/Y, — Yia/Y,Ys — 1/2HyYs + 1 /2H0oYs + Yie 2Y>Y5
—1/Hy Yo + 1/HpYs + Yo /2Y5Y
V/He >~ Your /Y11 + Yoar /Yo + YiarYoar /Y Y2 + YiazYoaz /Yo Y2
—1/Hy +Ho+Yier2/Y2 = Yier /Y2 + Yoer2 /Y2 — Yor21 /Y2
1/Zicce ~ +YiaYoa/Y: — Yie — Yo

and with: V=V, = Vo, Vie= Vi1 + V)2, L1a= 1 — 1202, 11 = (7 + 1;2)/;
idem for the exit voltages and currents; all OFA parameters without OFA number are
average values.

The nominal value of the reciprocal admittance is 1/Y,, = —1/Y,. All other terms
are error terms which have been explained in the preceding part of this chapter. The
common-mode crosstalk ratio (CMCR), or the reciprocal value of the common-
mode rejection ratio (CMRR), is 1/H;.

A complete instrumentation voltage amplifier arises if we include the current-to-
voltage conversion function of the load impedances Z;; and Z;,. In that case the
reciprocal nominal overall voltage gain 1/A,,, and the overall CMCR 1/H; are given
by Eq. 3.4.4.

L/A,, = —1/Y2Zy, (3.44)
I/H, >~ 1/He + l/FeH,'L
with: Zpg = Zpy + Zi2, 1 /Hip, = AZpy [Z14, AZpy = Ziy — Zpo.
The reciprocal value of the discrimination factor is defined as: 1/F, = (I5./V;.)/
LalVia) = UieeeY in-
From the above expression we see that a low overall CMCR 1/H; can only be
obtained if the amplifier has a low CMCR 1/H, as well as a low reciprocal

discrimination factor 1/F,. The effect of the latter term is further reduced by a
low CMCR 1/H;; of the load circuit.
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Fig. 3.4.4 Instrumentation voltage amplifier with source and load circuits

W
g,
V

AV
[

Instrumentation Voltage Amplifier

An instrumentation voltage amplifier with a voltage-source character between the
output terminals arises if we insert a balanced floating impedance amplifier with an
OFA and two impedances Z,; and Z,, between the preceding example’s instrumen-
tation transadmittance amplifier and its load circuit [3.3, 3.4].

The complete instrumentation voltage amplifier circuit is drawn in Fig. 3.4.4
together with the source and load circuits.

The reciprocal nominal overall differential voltage gain and the CMCR of the
complete amplifier are described by Eq. 3.4.5.

I/Avn = _I/YZle

3.4.5
I/Hi 1/He+1/FeHi ( )

1

with: Z;; = Z; + Zp2, 1/H1 = AZ]/ZS, AZ, =Z1—Zp

The instrumentation amplifier has a floating entrance port and an independently
floating exit port. It measures the differential entrance voltage at nominal zero
entrance currents. The differential exit port has a voltage source character.

Instrumentation Current Amplifier

If we change the sequence of the transadmittance and transimpedance amplifiers of
the preceding example we obtain an instrumentation current amplifier. This circuit
is drawn in Fig. 3.4.5 together with the source and load circuits.

The overall reciprocal nominal current gain is given by Eq. 3.4.6.

/Ay, = —1/Y2), (3.4.6)
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Fig. 3.4.5 Instrumentation current amplifier

The instrumentation current amplifier has a floating entrance port and an inde-
pendently floating exit port. It measures the differential entrance current at nominal
zero differential entrance voltage. The exit port has a current source character.

Gyrator Floating

From among the applications of the OFA the gyrator should not be left out. A fully
floating gyrator can be composed of two instrumentation transadmittance amplifiers
as shown in Fig. 3.4.6 [3.5, 3.6]. The nominal and error terms of the transfer are
given in Eq. 3.4.7.

114 V/Zoim+1/Zpte - 1/Z;4e . Voa
1 — / Ice 2c ; (347)
Iz 1/Z4e - 1/ Zom + 1/Zie : Via
12c' : 1/Z2L'e : : V]c
with:
1/Zpiw =Y
1/Zni =Y

1/Z1e = 2Y>2Y5/2Y, + Yig 2Y5 /2Y,

—Yi/24+ 1/HY, = Y,./2 +2/H,Y,
1/Zpje =~ =2Y,2Y;/2Y, — Yy 2Y; /2Y, + Y. /2

— 1/HiY2 + Y,)C/Z — Z/HHYZ
1/Zlde ~ ZYZYOd/ZY, + Yy 2Y1/2Y1 + Y,-C/Z + YDL./Z
1/Zoge = 2Y1Ypq/2Y, 4+ Yig 2Y2 /2Y, + Yie /2 4+ Yo /2
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Fig. 3.4.6 Floating gyrator
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and with average OFA parameters.

The nominal resonant frequency o, circuit which is composed of a gyrator with
Y; =Y, = 1/R and loaded on both sides with a capacitance C; = C, = C is given in
Eq. 3.4.8.

w, =1/RC (3.48)
1/0 ~2R/R; —2C,/C o

Wlthl/Rd = real(l/ng), CU,,C, = im. (1/2,6), Zde ~ Zlde ~ nge, Zte ~ ZtZIe ~
Znie

The second term in the expression of 1/Q describes the phase-lag in admittance
amplifiers. This phase-lag undamps the circuit at higher resonant frequencies.

Conclusion

The application examples given in this section have shown the relation between the
specifications of the active devices and the accuracy of the applications mentioned.
This is necessary for determining how far we have to go in improving the specifica-
tions of the active devices whose designs will be the subjects of the following
chapters. The important overall specification of dynamic range brings about special
requirements, as we will see in the next section.

3.5 Dynamic Range

The total amount of information that can be processed in an analog signal-
processing step is determined by the product of dynamic range and bandwidth.
The dynamic range over power limitations will be evaluated in this section,
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while the bandwidth over power limitations will be extensively covered in
Sect. 6.2.

The fundamental specification of low power is in contradiction to the fundamen-
tal specification of dynamic range. Therefore, it is important to see how these
specifications relate in several OVA applications. An optimum for low power and
dynamic range can be found if the output stage and input stage possess a rail-to-rail
voltage range. This will be shown in this section, in which the OVA will simply be
called Operational Amplifier (OpAmp).

Dynamic Range Over Supply-Power Ratio

The trend towards smaller dimensions in VLSI circuits firstly leads to smaller
break-down voltages across isolation barriers. The supply voltages will go down
from 5 through 3 to 2 V or even 1 V. Secondly, the high density of circuit cells on a
chip limits the power that can be dissipated per circuit cell. Moreover, the increased
use of batteries or solar power in wireless applications emphasise the above trend.
As a consequence, the dynamic range (DR) of analog signals is squeezed down
between a lower supply-voltage ceiling and a higher noise-voltage floor. The latter
is a consequence of a lower supply current.

The maximum top value of a single-phase signal voltage is equal to half the
supply voltage Vg, = V,/2, as is shown in Fig. 3.5.1a. Its RMS value is
Vi = sup/2\/§. If this signal is present across a signal-processing resistor Ry,
the supply power needed to drive this resistor in class-B mode is Py, =
Vouplay = Vfup /2nR;. The thermal noise voltage across this resistor equals: Vy =
(4kTB,R,)", in which k is Boltzman’s constant, T the absolute temperature, and
B, the effective bandwidth. The maximum dynamic range as a function of the
supply power can now be calculated as

V2 @ Py
DRy = -5 =2. 22 3.5.1
"TV2 4 AKTB, (3.5.1)
a b
Vst 1 Vbt 9
T 3 Vsup: Isup 3 Vsup: Isup
VST \/ Ver Vs? Vo
1 1
"2 Vsup "2 Vsup
time — time —»

Fig. 3.5.1 (a) and (b) Single and Balanced rail-to-rail voltage V,,, = V,,/2 and Vg, = Vg,
respectively, across a class-B driven signal-processing resistor has a maximum DR = (1/4)Pg,p/
4KTB. (= 89 dB at Py, = 16 uW, B. = 1 MHz)



46 3. Applications
from which we can find the dynamic-range over supply-power ratio as

DRyu m 1
Pyy, 4 4kTB,

(3.5.2)

Exactly the same expressions are found for the balanced case, where the top
value of a balanced signal voltage is equal to the full supply voltage V,, = Vi,
instead of half the supply voltage in the single case, see Fig. 3.5.1b. To consume the
same power, the value of the balanced resistor R;, must be taken four times that of
the single one: R, = 4R,.

Voltage-to-Current Converter

A simple example is shown in the single and balanced voltage-to-current converter
shown in Fig. 3.5.2a, b with a single resistor of R, = 10 kQ or balanced resistor of
R, =Ry, + Ry = 40 kQ respectively, at a supply voltage V,, = Vsp — Vgyof 1V,
in a bandwidth of 1 MHz. In this case the supply power Py, is 16 pW at a maximum
sinusoidal signal. The result is a maximum dynamic range DR,,,, of 89 dB. This
maximum can only be obtained if the signal processing resistors can be driven in
class-B and rail-to-rail, and when the amplifier is noise free.

If the output stage is biased in class-A instead of in class-B, the bias current must
be equal to the maximum current and the DR/Pj,, ratio loses minimally a factor of
7, or 5 dB from its maximum value. This loss for class-A in regard to class-AB may
easily be a factor of 100, or 40 dB, in the many cases where the signals are much
lower than their maximum values most of the time. This is the case in audio,
telecommunications, hearing aids, etc. If the output voltage range is restricted to
one-third of the supply voltage, for instance when a diode voltage Vg is lost at a
supply voltage of 1 V, the DR/Py,,, ratio loses another factor 3, or 5 dB.

a b
Rs=10 kQ Rp1= 20 kQ

| S ﬁ Vout —_ ﬁ
+

Vsp Vsp

+ +
‘|‘]in Vin=0 win Vin=0 Vout

Vsn Ven| .
ﬁ Vgr 1 }125

Rpz= 20 kQ

Fig. 3.5.2 (a) and (b) Single and balanced voltage-to-current converter with Ry, = 10 kQ and
Ry; = Ry = 20 kQ, respectively, witha DR =89 dB at V,, = Vsp — Vgy = 1 V, Py, = 16 pW,
R-R class-B output stage, and a bandwidth of 1 MHz
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Inverting Voltage Amplifier

The inverting voltage amplifier of Fig. 3.5.3a, firstly, loses a factor of 2, or 3 dB in
its DR/P g, ratio because an additional input buffer is needed to supply the power in
the resistor R;. Otherwise, this power has to be supplied by the source. Secondly,
another factor 2, or 3 dB, is lost because of the noise of the two resistors. The
resulting DR,,,, is 83 dB at a supply voltage of 1 V and a bandwidth of 1 MHz.
When we would choose a gain of 10 in the inverting voltage amplifier of
Fig. 3.5.3a with R; = 2 kQ and R, = 20 kQ, we firstly lose a factor of 2, or 3 dB
into the input buffer, and secondly another factor of 10, or 10 dB because resistor R,
only uses one-tenth of the supply voltage range. This means that the V10 times larger
current noise of resistor R; = 2 kQ will be reflected into the ten times larger resistor
R, =20kQ, which gives rise to a ten times larger noise power. The resulting DR, is
76 dB. The same result is obtained with the balanced version given in Fig. 3.5.3b.

Non-Inverting Voltage Amplifier

The non-inverting voltage amplifiers shown in Fig. 3.5.4a, b with a gain of 10 do
better than the inverting one(s). We only lose a factor of 10, or 10 dB, proportional

Ry= 20 kQ Ro= 20 kQ

- L %] Vout
Vsp
Ven
BV,

%)
+

¥ > Vout

1 | S | ﬁ

Ra=4kQ R4= 40 kQ
Vsn

Fig. 3.5.3 (a) Inverting amplifier with A = —R,/R; = —1, witha DR =89 —3 —3 =83 dB, ata
supply voltage V,,, = Vsp — Vgy of 1 V, Py, = 16 pW, R-R, class B, 1 MHz. If R; = 2 kQ,
R> = 20 kQ, we obtain A = —10, with a DR = 89 — 3 — 10 = 76 dB. (b) Balanced inverting
amplifier with A = —(R, + Ry)/(R; + R3) = —10, witha DR =89 — 3 — 10 = 76 dB, at a supply

voltage Vy,, = Vsp — Vgy of 1 V, Py, = 16 pW, R-R, Class-B, and 1 MHz
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Fig. 3.5.4 (a) Non-inverting
voltage amplifier with A =
(R; + R))/R; = +10, with a
DR =89 —10=79dB, ata
supply voltage Vi, = Vgp —
VSN of 1 vV, P»"”]’ =16 }J.W,
R-R, Class-B, and 1 MHz.
(b) Balanced non-inverting
voltage amplifier with A =
(R; + R2 + R)/R; = +10,
witha DR =89 — 10 =179
dB, at a supply voltage V,,, =
VSP - VSN of 1 V, Psup =

16 uW, R-R, Class-B, and

1 MHz

+B

Ro= 18 kQ

Ri=4kQ  Vyu

z

to the gain because R; only uses one-tenth of the supply voltage range. We do not
lose the factor 2, or 3 dB, because we do not need an additional input buffer. The
DR,,.. 18 79 dB in a frequency band of 1 MHz and a supply voltage of 1 V.

Inverting Voltage Integrator

The balanced inverting voltage integrator shown in Fig. 3.5.5 only loses the factor
2, or 3 dB, because of the use of input buffers. The capacitors do not add to the
noise.

Within the effective bandwidth of B, = 1/2nRC, withR = R; = R, = 40 kQ and
C = C; = (5, at a supply voltage of 1 V, the DR,,,, is 86 dB. The resistor values
have been chosen such that the supply power is again 16 uW at a maximum
sinusoidal signal [3.7].

The dynamic range of an inverting voltage integrator is generally large:

DR = (1/4)Py,,/4kTB, = (n*/2)P,,RC /4KT
DR = V2, C/4kT

sup

(3.5.3)

with: B, = 1/(27'CRC)7R =R, =R,,C=C; =0(;
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Fig. 3.5.5 Balanced inverting voltage integrator with A = —(1/jwC; + 1/jwC5) (R; + R;) with a
DR =89 —3=286dB, at Vy,,, = Vsp — Vsy = 1V, Py, = 16 pW, R-R, Class-B, and 1 MHz

Current Mirror

A very severe loss of the DR is found in current mirrors. The current mirror of
Fig. 3.5.6 firstly, loses a factor m, or 5 dB in the DR, because the circuit operates
in class-A and not in class-AB, and, secondly, a factor 40, or 16 dB with bipolar
transistors because the signal is compressed in a voltage range of Vr ~ kT/q =
25 mV across the gain-setting base-emitter resistors. These resistors are small in
regard to Vy,,/l,, and therefore their noise current is unnecessarily large. The
resulting DR is only 68 dB. This is a factor 30, or 15 dB lower than the DR
of the inverting voltage amplifier. Emitter degeneration resistors will help in
decreasing the loss. A CMOS mirror will also do better, because a better use of
the supply-voltage range is made because of the larger intrinsic source resistances.
The dynamic range of a current mirror is generally:

DR = (n/(n 4 1)*)(V1/Vip)Psup/4KTB,

3.5.4
DR = (1/4)(1/40)P,,,/4kTB, = 89 — 5 — 16 = 68 dB G4

with: Vo = kT /g = 1/40,n = 1,Vy, = 1 V, Py, = 16 uW, class — A,and 1 MHz

B Vgp
do o

Fi i lcutli
ig. 3.5.6 Bipolar current

mirror with /,,,/1,, = —n, with 1inT Q1>|——|<02 v
aDR=89—-5—-16=68dB,

with n = 1, V,mp = VSP - re1
Vv =1V, Py, =16 uW,

class-A, and 1 MHz & Vgn

ar

fep =lay/N
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Conclusion Current Mirror

From this equation it follows that in all amplifier realizations, in which the signal
has to pass through a current mirror, the dynamic range over power ratio is quite
low. This is the case in so-called “current-mode” amplifiers. Moreover, in these
current-mode solutions, where the signal passes through one or more internal
current mirrors, the accuracy of the transfer is limited to that of the matching of
non-linear transistor characteristics of the internal current mirrors. Further, current-
mode active network elements do not fit the basic and accurate nullor approach
of Chap. 1. Instead, they have more complicated network models and cannot
describe the overall transfer function more accuratetely than of the order of 0.5%.

Another approach, the so-called current-mode feedback does have a better high-
frequency behavior than the normal approach, due to the elimination of a pole in the
feedback network. However, this solution has higher noise and offset due to the
feeding of an emitter or source bias current through the feedback network. And
again it does not fit the basic nullor approach of Chap. 1. For these reasons, so-
called “current-mode” solutions, like current-mode amplifiers, and current-mode
feedback are not discussed in this book.

Non-Ideal Operational Amplifiers

If we take into account the non-idealities of the amplifiers, then the DR/P,,, ratio is
further reduced. Important non-idealities are caused by the input noise voltage and a
restricted output voltage range.

The problem at the input is that we do not want to spill supply current in the input
stage, while on the contrary, we need a large bias current for the active input devices
in order to lower the input voltage noise. The input voltage noise can easily be
estimated by the equivalent input series noise resistance R,,.,s. For bipolar transis-
018 R0 = 1el2 = kT/2ql, = V1/21,, with V; = 25 mV at room temperature. For
field-effect transistors we find R o5 = 7/8m = 7/(2 PCoy (WI2)I )", which is of the
order of R,,.,s = 10y/(/, )2 for transistors with a W/L ratio of 100, while v is of the
order of 2. The W/L ratio has been chosen as large for analog applications to
increase g,, and lower noise and offset input voltages.

An optimal solution would be to choose no separate input transistors, but to use
one-stage amplifiers in which the input transistors are used as output transistors as
well. This interesting realization will be shortly evaluated here. In Fig. 3.5.7a, b, a
single and balanced current-to-voltage application is shown with a one-stage single
or balanced class-A transistor amplifier. The transistors T and T, symbolize either
bipolar or field-effect transistors.

Because of the class-A operation, we lose at least 5 dB. With bipolar transistors the
equivalent input noise resistor will be R,,.,; = 700 Q for the single and 1,500 Q for the
balanced version at a total supply current of 16 pA. The resulting extra noise is much
lower than 1 dB. With CMOS transistors, the equivalent input noise resistor will be
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Fig. 3.5.7 (a) and (b) Single and balanced current-to-voltage converter in a single-stage class-A
realization with a DR = 89 — 5 — 1 = 83 dB for bipolar transistors, and DR =89 — 5 — 2 =82 dB
=16 pW, Iz = 16 pA, and 1 MHz

for CMOS transistors, R-R, V,,, = 1V, Py,
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Fig. 3.5.8 (a) and (b) Single and balanced current-to-voltage converter in a single-stage class-AB
realization with a DR = 89 — 2 = 87 dB for bipolar transistors and DR = 89 — 5 = 84 dB for
CMOS transistors at V,, ~ 1.2V, Py, =20 pW, 1 MHz

sup

Reqs = 5,000 Q for the single and 7,000 Q for the balanced version. The resulting
extra noise is of the order of 2 dB. At the output the signal cannot reach the rail within
100 mV. This results in a loss of 1 dB for bipolar as well as CMOS transistors.

We can avoid the —5 dB loss of class-A biasing if we choose a class-AB push-
pull configuration as shown in Fig. 3.5.8a, b.

The push-pull transistors have been connected with the emitters or sources
between the rails, while their bases or gates are connected. To ensure proper
class-AB biasing the supply rail voltage has to be regulated at two diode voltages
at a proper quiescent current /. The circuit may function at roughly 1.2 V. While
we have now avoided the —5 dB loss of the class-A circuit with a class-AB
approach, the input noise voltage has been increased because the quiescent current
has been reduced strongly with no signal. If we choose the quiescent current at one-
tenth of the maximum current, the extra noise reduces the DR by 2 dB for bipolar
transistors and 5 dB for CMOS transistors. The result is still better than in class-A.
However, we have to build an additional supply-voltage regulator which easily
takes away another 1 dB from the dynamic range. Moreover, the solution is only
valid for a fixed low voltage and for the inverting OpAmp type.
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If we also have to take the DC offset into account, the dynamic range becomes
even lower. At DC the dynamic range is DR, pc = Vfup / V(fm. With bipolar
transistors we may expect an offset of 0.3 mV, which results in DR,,,; pc =
70 dB, at a supply voltage of 1 V. For field-effect transistors with an offset of
3 mV the result is DR,,,,. pc = 50 dB. Only chopping can elevate this limit.

Conclusion

We have shown that the thermal noise in the gain-setting resistors principally limits
the dynamic-range over supply-power ratio of an analog signal operation to DR,,,,./
P, = (4/m)/AKTB,. At a supply voltage of 1 V and a gain setting resistor of 10 k€2 in
a current-to-voltage converter, the supply power is 16 uW for sinusoidal signals
and the dynamic range in a bandwidth of 1 MHz can never be better than DR,,,, =
89 dB, even for an ideal Operational Amplifier.

This maximum can only be obtained if the Operational Amplifier is able to, firstly,
efficiently feed the full supply voltage range from rail-to-rail (R-R) to the load, and
secondly, efficiently feed the supply current in a class-AB mode to the load or
feedback resistor. In some cases, for instance in a voltage buffer input application,
the Operational Amplifier must also be able, thirdly, to efficiently allow a common-
mode signal from rail-to-rail. These three requirements impose the important require-
ments in the design of the input stages of Chap. 4 and output stages of Chap. 5.

In amplifiers where the above requirements can not be met, the dynamic range
over power ratio is lower. For instance, when a diode prevents the output to go from
rail-to-rail, but only allows an output voltage swing of 0.3 V at a supply voltage of
1 V, the dynamic range loses 10 dB. When the biasing is not class-AB, but class-A,
we lose at least 5 dB or much more at low signal levels.

When we process analog signals through a bipolar current mirror without emitter
degeneration, we lose 16 dB of dynamic-range over power ratio. With degenerated
or CMOS current mirrors the loss is still 10 dB or more. Moreover, the accuracy and
linearity of the overall transfer function is only as good as the matching of highly
non-linear internal transistor-diode characteristics. For these reasons we will leave
out current-mode amplifiers from this book.

3.6 Problems

Problem 3.1

The circuit in Fig. 3.2.1 shows a non-inverting voltage amplifier built around the
operational amplifier model explained with Fig. 2.2.1. The impedances in the
external circuit are Zg = 10 kQ, Z; = 10 kQ and Z, = 40 kQ. Z, is the load
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impedance and has a value of 50 kQ. The parameters for the operational amplifier
macromodel are: Viyp = 10 mV, Ly = 10 nA, Ijpies = 50 0A, Yy = 120 MQ, Y,
=Y, =1/100MQ, H; =80dB, Y, =100 S and Y, = 1/1 kQ. Calculate the output
voltage for an input voltage of Vg = 10 mV, 100 mV, 1 V.

Solution

The matrix equation (3.2.1) shows the relations between input/output voltages and
currents for the application circuit. Solution starts by calculating the parameters
Avn’ Ave’ Yte’ Zte’ Aic"

These values can be used to calculate the nominal and error terms in Eq. 3.2.1:

-z 0.2
Avn B Zl +ZZ o
1 Y, +Y Yu(Y,+7YY 1 Yies 6
— = - =13.5x 10
Ave Yt T Yth * AvnHi YpAvn
11 Yy
— = = 0.010004
Y. Y. Y)Y,
1 Yid(Ya + Yv/) Yiz:Z -9
—_— = =2.10
Z. v, A,
1 Yy o
—=-"_510
Aie Yt
I]offs = Libias — 50 nA
Liogss  Tivias
V]oﬁ‘s = Vioﬁ’s +——4+——=1048 mV
YP YP
3.6.1)

With these values replaced in the matrix equation (3.2.1), and considering the
voltage-current relations at the input and output

Vs = Vi =Zsl;

3.6.2
V, =21, ( )

With these values replaced in the matrix equation (3.2.1), and considering the
voltage-current relations at the input and output

Vs =V, =Zsl,

3.6.3
Vo =27, ( )
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the following equation is obtained for V5:
Vs — Zsl o1 — Viogss
Vs i . i i . Zs  Zs (3.6.4)
Avn Ave ZIYIe Zte ZlAie
Replacing the values for circuit parameters and signal source voltage, the three
output voltage values result:

V2(10 mV) = —4.9 mV
V>(10 mV) = 445 mV (3.6.5)
Vo(1V) =494V

Problem 3.2

Figure 3.4.1 shows a voltage-to-current converter built around the OFA macromodel
explained with Fig. 2.4.1. The external components are Zg = 10 kQ, Y, = 1/50 kQ,
Y, = 1/50 k€. The macromodel parameters have the following values: V= 10 mV,
Liogts = 10 DA, Lipias = 100 DA, Yy = 1/10 MQ, Y,; = Y2 = 1/100 MQ, H; = 80 dB,
Y,=018, Yuu=1/1 MQ, I 4j0s = 100 nA, Y,.; = Y,2 = 1/100 MQ, H, = 60 dB.
Calculate the output current /, for a signal voltage Vg = 100 mV, 1 V,5 V.

Solution

The matrix equation (3.4.1) shows the relations between input/output voltages and
currents for the application circuit. Solution starts by calculating the parameters Y,,,,
th Ave’ Aim Zte‘

1 1
— = ——=-50.10°
Ytn YZ
b Yo4Your Yia(Ya+Youa) 1 n
Yte YZYt Y22Y; HiYZ
Yi('] 2 Yoc2
— = —65.55
Y? HY, * Y3
1 _ Yosa  YiaaYoaa  2Yoad  Yocr 151102
Ave Y, Y. Y, Y,H,Y, Y, o (3.6.6)
1 YiuY, Y Y.
A idd(Yoda +Y2)  Yier — _501.10"*
A Y.y, Y,
1 _ _ YiaaYoua — 1102
Zse Y,
Iio s Ii ias 210 ias
Viegs = Viogs + ~Z2 4 s | Zobas _ 025 v

Y, Y, Y,
Liogrs = Liggs + Lipias = 110 nA
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With these values replaced in the matrix equation (3.4.1) and considering the
voltage-current relations at the input and output

Ve —Zsl; =V
Som (3.6.7)
L ==YV,
the following equation is obtained for /5:
Vs — Zsl 1055 — Viop
L=— B AL (3.6.8)

T 1 1  Zs Zs

— et o—
an Yte Y[ A ve A ie Zte Y[

Replacing the values for circuit parameters and signal source voltage, the three
output voltage values result:

L(10mV) = —1.47 pA
L(1V)=-194pA (3.6.9)
L(5V) = —99.18 pA

Problem 3.3

The instrumentation amplifier shown in Fig. 3.5.3b relies on a differential input buffer
and an inverting differential amplifier. Using the resistor nominal values R; = R; =
4 kQ, R, = R, = 40 kQ, a supply voltage Vgp = 3 V, Vgy = 0 V and non-ideal
operational amplifiers with input common mode voltage range Ay;y = (Vsp — 1 V;
Vsy — 0.5 V), output voltage range Ayoyr = (Vsp — 0.2 V; Vgy + 0.2 V) and
Viegrs = 10 mV, calculate the maximum input signal which can be amplified without
distortion. Using this value, calculate the ratio of dynamic range over dissipated
power which can be obtained with this amplifier over a bandwidth Af = 1 MHz
if each operational amplifier draws I; = 100 pA and has an input noise of §; =
10 nV/VHz. The resistors have a precision of AR = 2%. Boltzmann’s constant is
K = 1.38 x 1072, temperature T = 300 K.

Solution

The first limit is introduced at the input by the differential buffer, as both input
operational amplifiers are connected as repeaters, thus not allowing all of the input
voltage range to be used:

Vimin = Vioffs + VVOUTmin = VSN +02V+ Vioffs =0210V

(3.6.10)
Vimax = VviNmax — Vio]_‘)"s =Vsp—10V — Viqffs =1.990 Vv
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Another factor of R,/R; is lost in order not to saturate the output, which limits the
input signal to

(Vvoutmax — Vvourmin)

Vimax — Vimin = 10 =026V 3.6.11)
Considering also the maximum gain
R>(1+ AR
AVmaX = Rzgli—‘r AR; =104
v ! v ) (3.6.12)
Vimax _ Vimin _ VOUTmax VOUTmin — 025V

A Vmax

this voltage range is reduced furthermore by the unwanted effect of the third
operational amplifier input offset voltage:

(VVO UTmax — VVOU Tmin )
AVnax

Vimax — Vimin = — 2V = 0.248 V (3.6.13)

The dynamic range of the circuit is limited by the noise power and the maximum
input signal. The input referred noise power is

P, = 3S}Af + 4KTR, Af + 4KTR3Af (3.6.14)

and is composed from buffer noise and equivalent resistor noise (virtually the
equivalent resistors are equal with R, R3). The dynamic range can now be calculated

Vinax = Vimin)°
DR — 1010g10( imax P L ‘Ilf’l)

n

=81.5dB (3.6.15)

The ratio of dynamic range over dissipated power is

I;—R =112 dB (3.6.16)

d
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4. Input Stages

The input stage of an Operational Amplifier has the task of sensing the differential
input voltage. This process is disturbed by interference signals such as: offset, bias,
drift, noise and common-mode crosstalk. The modeling of these signals has been
given in Chap. 2. The level of these additive interference signals determines the
useful sensitivity of the amplifier. The design of the input stage should aim at low
values of these interference signals, while the current consumption should be low,
and a large portion of the rail-to-rail range should be available for common-mode
signals.

The discussion of input stages will be divided into aspects of: offset, bias, and
drift in Sect. 4.1, noise in Sect. 4.2, common-mode crosstalk in Sect. 4.3; and the
design of rail-to-rail input stages in Sect. 4.4.

4.1 Offset, Bias, and Drift

The quiescent input voltage and current, which are needed to drive the active
elements at the input of an amplifier into their normal working range, result in
equivalent offset and bias quantities at the input of an amplifier (see Chap. 2).
Variations in these quantities as a function of time, supply voltage, or ambient
temperature are referred to as drift.

The product of differential input voltage and input current is the input sensing
power which must be supplied by the external source circuit. It is clear that a high
sensitivity requires a low input sensing power in order to distinguish the differential
DC signal from offset, bias, and drift.

Generally, the lowest input sensing power, or product of input voltage and
current, is achieved if the active elements at the input are connected in the
general-amplifier (GA) connection (common-emitter or common-source connec-
tion). This is the reason why all effective input stages have a GA connection.

One can apply two general techniques to reduce the effect of quiescent input
voltages and currents: isolation and balancing. We will review these techniques.

J. Huijsing, Operational Amplifiers 2nd Edition, 59
DOI 10.1007/978-94-007-0596-8_4, © Springer Science+Business Media B.V. 2011
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Isolation Techniques

The input offset and bias quantities are the manifest results of the quiescent voltages
and currents of the active elements in the input circuit. One of the most successful
ways of reducing offset and bias is to apply active elements whose input is
electrically isolated from the internal quiescent voltages and/or currents.

Examples of this electrical isolation can be found in the group of parametric
amplifiers, such as the magnetic amplifier and the vibrating capacitor electrometer.
A monolithically integrable variant of the latter is the varactor electrometer ampli-
fier with varactor diodes as voltage-dependent capacitances. With a varactor ampli-
fier an input offset current as low as 10 fA can be obtained, while the offset voltage
is of the order of 1 mV [4.1].

Another elaboration of the principle of isolation is the separation of useful
frequency regions from frequency bands where additive interference signals such
as offset, drift and 1/f-noise can be expected. This idea is realized in the chopper
amplifier or in the chopper-stabilized amplifier [4.2] (see Chap. 10 of this book).
The residual offset quantities are mainly caused by capacitive crosstalk of the
chopper driving signals. With CMOS chopper switches offset values of 1uV and
1 nA can be obtained.

The principle of isolation can also be applied to reduce the effects of variations
in the environmental conditions. Some examples are: stabilizing the supply vol-
tages, isolating the chip from changes in the ambient temperature or stabilizing the
chip temperature, isolating the chip from mechanical vibrations, and avoiding the
influence of chemical reactions by the use of stable materials or an effective
shielding.

A design which aims at a low value of the offset and drift must generally have an
input stage with a sufficient amount of gain to shield the influence of offset and drift
of stages behind the input stage.

Basically, isolation, shielding, or stabilization can be applied to any degree of
perfection by increasing the “isolation barrier”. This is in contrast to balancing
where the result is limited by the accuracy with which components can be matched,
which is in turn dependent on the precision of the integration process. However, the
above-mentioned isolation techniques can not always be applied. Then, we must
rely on balancing techniques, which is the subject of the following section.

Balancing Techniques

Balancing techniques reduce the input offset voltage and current of a single device
into those of a differential transistor pair. This will be expressed for bipolar
transistors in the Eqgs. 4.1.1, 4.1.2 and 4.1.3 for the balanced stage of Fig. 4.1.1
and for CMOS transistors in the Egs. 4.1.4, 4.1.5 and 4.1.6 for the balanced stage of
Fig. 4.1.2 respectively.
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Fig. 4.1.1 Balanced bipolar-
transistor input stage

Fig. 4.1.2 Balanced CMOS- Vgp
transistor input stage é ¢|SS

+* Vod =

Im& Rp4 Rp2 VDz
Van

For the single bipolar transistor [4.3] the input bias voltage and current is:

kT . IcW,
Ve = —1In + Vg,
Py Ak TC @.1.1)
Ip = Ic/Br;

in which: k is the Boltzmann constant, T the absolute junction temperature, g the
absolute value of the charge of an electron, /- the collector current, W, the base
width, A, the effective emitter area, K a constant proportional to 7~ and dependent
on the doping profile, § the large signal current gain, and Vs the bandgap voltage
which is about 1.2 V in silicon [4.4].

For the balanced configuration of Fig. 4.1.1 the input offset voltage, offset
current and bias current are:

@]n[CIWbI _ kT lnlczwhz
AuK; g AxK:

Viorrs = Vper — Vpe2 = + V61 — Va2

AT (ARe AWy AR ARN Kty
- Re ' W, A, K AK ¢
a a 4.12)
/ (g — I2) /2 Ic (ARC APk
10FFs = \Up1 — 1B2 = -
2B \ Rc Br
Ic

Iipias = (Ig; +1p2) /2 ~ —
Br
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in which

Ic; = (Vsp — Vrer) /Rei, Ic2 = (Vsp — Vrer) /Re2,
Ic = (Ic; +1¢2)/2, ARc = Reir —Rez2, Re = (Rer +Re2) /2,
AWy = Wot — Wiz, Wy = (Wi +Wi2)/2, AK = K; — Kz, K = (K, +K2)/2,
AA, = Aol — Ae2, Ae = (Aer +Ae2)/2,

Br = (Be1 + Br2)2

Balancing greatly reduces the offset voltage to a value of the order of 0.2 mV.
The balancing owes its success to the well-determined voltage and current relations
of bipolar transistors. The offset voltage of the balanced stage consists of three
terms. The first term (kT/q)(—ARc/Rc + AW, /W—AA /A ~AK/K) represents layout
mismatches and doping inequalities of the two transistors Q; and Q,. This term is
the dominating one. It has a value of the order of 0.2 mV for the present state of the
art. The second term (ATk/q)In(I-W,/A.K) can be rated lower than 20uV if the
difference between the junction temperatures is supposed to be lower than 0.01 K
[4.5]. The third term AVy involves differences between the bandgap voltages,
which can arise from differences in the mechanical strains of the two junctions.
For two transistors situated close together in the centre of the chip the voltage
difference AV can be estimated lower than 20pV [4.3].

A way to reduce the bias currents for bipolar transistors is to compensate these
currents with internal current sources, see Fig. 6.1.6b. Here the matching accuracy
is limited to a value of the order of the offset current. This method raises the input
noise current minimally with a factor /2. To further lower the offset and bias
current super-f transistors can be applied [4.6], although, this requires an additional
step in the integration process.

The temperature drift of the balanced bipolar circuit of Fig. 4.1.1 can be
expressed as (for definitions see Egs. 4.1.1 and 4.1.2):

Viorrs k| Re2AaKoWhi  Viorrs
o —q RcAaKiWp T 7

Oliorrs _ OPr lioFrs
ar ~or B,

(4.1.3)

Note that if the offset of a bipolar pair is trimmed to zero, also the offset drift is
zero. With CMOS transistors the offset voltage and drift behave more complicat-
edly. There are two basic operation ranges: Weak inversion at low current densities,
with an exponential Vs—Ip function like that of bipolar transistors, and strong
inversion at high current densities, with a quadratic V;s—Ip function. For most input
stages operation in moderate inversion close to weak inverrsion is chosen, as that
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results in the highest transconductance Gy, at a given tail current [4.20], while the
paracitic capacitors are still relative small. But sometimes, for a better linearity or
better high frequency behavior, even smaller transistors with small input capacitors
are choosen to operate in strong inversion. In contrast to bipolar transistors, where
the NPN is often better than the PNP transistor, in CMOS the P-channel trnsistor is
often better for an input stage at low frequencies than the N-channel transistor. The
P-channel one has lower 1/f noise and in most processes the back gate can
be connected to the source, which improves the CMRR of the input stage (see
Sect. 4.3).
In weak inversion the V;s—Ip function can be expressed as:

nkT Ipl
VGS =V +—1In
Mg VipoW

(4.1.4a)

in which Vpy is the threshold voltage, n is a factor of approximatly 1.6 in weak

inversion, Ipo is a leakage current, and W/L is the width over length ratio of the

CMOS transistor. The resulting Vg is roughly 60 mV above the threshold voltage

Vrn in moderate inversion close to weak inversion. This value represents a reason-

able compromise between a small transistor size W x L and a large as possible G,.
The offset voltage can be expressed like that of the bipolar transistor as:

Rp Ipo L w

KT (ARp  Alpo AL AW ko IpL
n. ( p_ 4o , ) n D~ (4.1.52)
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Unlike the offset voltage of the bipolar transistor pair, the offset voltage of a
CMOS transistor pair has a large threshold voltage offset term AV7y in addition to
the geometric offset voltage term [4.21]. The difference in threshold voltage AV
is most difficult to control. This voltage difference depends on irregularities of the
channel doping and charge inclusion in the gate oxide of CMOS transistors.
Therefore, in weak inversion the threshhold offset voltage is dominating and can
be of the order of 2 mV, which is ten times larger than the offset of bipolar
transistors.

The drift over temperature in weak inversion is:

Niorrs OV | nk | RpalpooWoli  OVry | Viorrs
oT o oT q RD1]D01W1L2 o oT T

(4.1.6a)

Unlike the temperature drift of a bipolar transistor pair, the temperature drift of a
CMOS transistor pair in weak inversion is not zero if the offset is zero, but the
additional drift term due to the threshold voltage is present.

In strong inversion the gate-source voltage Vg of a single CMOS transistor
stage is a square-root function of the current:

Ves = Vru +/2Ip /K (4.1.4b)
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in which Vpy is the threshold voltage; I is the drain current; K = uC,, W/L a main
CMOS transistor parameter; W/L is the width over length ratio of the channel; C,,
is the normalized gate-oxide capacitance; | is the mobility of the charge carriers
in the channel, which is about a factor 3 more for N doped channels than for P
doped ones.

For the balanced input stage of Fig. 4.1.2 in strong inversion the offset is:

1 /(—4R AK
Viorrs = Vasi — Vas2 = AV + 5 ( R 2 ?> V2p/K
D

Viorrs = AV + 4 (2R | 4K (Vas — Vi)
IOFFS — TH 2 RD K GS TH

(4.1.5b)

in  which: AVTH = VTHI — VTHZ; ARD = RD1 —RDZ,' AK = K] —Kg,’ and
V/(2Ip/K) = Vs — Vu, and average values Ip, K, Vis, V.

The offset voltage clearly consists of two terms. The difference in threshold
voltage AV7y in the left-hand term is nearly a constant voltage, while the two
components ARp/Rp and AK/K in the right-hand term are proportional to the square
root of the drain current I, or directly proportional to (Vgs—V7g).

In strong inversion, at relative high currents, the right-hand term may dominate
the offset.

The bias and offset current is very low. With junction FETs the bias current is
equal to that of the saturation current /g of a bipolar diode, of the order of nA. With
CMOS the bias current is equal to the leakage current of the gate oxide, of the order
of pA to fA.

The temperature drift of the offset voltage in strong inversion is

Viorrs 04V 1 ARD+AK oI, 0K 21p
6T  oT 2\ Rp ' K )\upsT koT )\ Ko
31 (ARD AK

— | (Vgs =V
RD+K>(GS TH)

(4.1.6b)

with: Voy = Vg guo — (T — T,), Ao = 0 — o, p = k,T~3/? I, = constant, and
K = uCouW/L.

The effect of gradients in doping, temperature and strain can be canceled in
first-order approximation by using double-balanced transistors in a crosscoupled
quad layout [4.6]. This method is visualized in Fig. 4.1.3a, b. For linear gradients
the internal pair M ;,M>; or Q;,Q>; and external pair M;;M», or Q;;0>> cancel each
other’s effects.

An additional consideration related to doping profiles is to give all transistors the
same orientation. For equal stress the aluminium and oxide profiles should be equal
around all transistors.
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Fig. 4.1.3 (a) Four transistors in a crosscoupled layout subjected to a temperature gradient. (b)
Balanced input circuit with four transistors in the crosscoupled quad layout of Fig. 4.1.1 and 4.1.2

Offset Trimming

For bipolar transistors (4.1.2), we can draw the conclusion that if we trim the ratio
RCZ/RCI such that RCZ/RCI = A(,IKIsz/Aeszwhj, then both the main term of the
offset voltage Viyp = (kT/q)In(Rc2A . 2KoWy i /R 1A K W)2) (see Eq. 4.1.2) and the
temperature drift of the offset voltage will be zero. We can regard the two
transistors of the balanced stage and their collector resistors as a kind of geometric
bridge circuit. Once the bridge balance is set to zero, its temperature drift will also
be set to zero. A basic trim circuit for a bipolar input stage is drawn in Fig. 4.1.4
with a potentiometer. The potentiometer can be trimmed i.e., with lazer trimming or
zener zapping, or by a multiplying DAC. The stage behind should not disturb this
balance.

For trimming a CMOS stage we encounter the difficulty that the temperature
coefficient of the left-hand threshold term differs from the temperature coefficient
of the right-hand geometric term in (4.1.5a, b). So, two trim actions are needed. The
left-hand threshold offset term can be trimmed by inserting an adjustable voltage in
series with the gate-source circuit, as shown in Fig. 4.1.5. Or alternatively, by
adding a parallel input stage with same current density but lower bias current and
with a trim voltage at its input. The right-hand geometric term can be resistively
trimmed in the same way as the bipolar circuit such that AR /R, compensates AK/K
over temperature voltage. In weak inversion at low bias current the voltage trim is
dominant, while in strong inversion at high bias current the resistive trim is
dominant.

A well-trimmed bipolar input stage may have a temperature coefficient of the
offset voltage lower than 1 pV/K [4.8], while a junction-FET or CMOS stage has a
coefficient lower than 10 pV/K [4.7, 4.14].

The supply voltage dependence of the input offset voltage is equivalent to
the terms of the common-mode voltage crosstalk if these terms are separated for
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Fig. 4.1.4 A basic trimming
circuit for a bipolar input
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parasites connected to the positive and negative supply voltages. This will be
treated in Sect. 4.3.

With a balanced input stage one can only profit from a low offset voltage V;orrs
and offset current I;oprs if the source circuit is also balanced to cancel the bias
current I;5;45. This is particularly important for a bipolar input stage. Figure 4.1.6
shows a balanced source circuit connected to the input of an OpAmp, whose offset
and bias quantities are shown. Both bias currents of the OpAmp must flow back into
ground via the source circuit. This results in two error voltages —aR,l; pjas and
+(1—-a)Ry4l; pias of opposite polarities in series with the input terminals of the
OpAmp. These error voltages cancel each other if the two parts aR,; and (1-a)R,
of the differential source resistance Ry, are equal, i.e., if a=1/2. Hence, when a
balanced source circuit is used only the offset current /; ppps results in an error
voltage of Ry l; orrs. But, when an asymmetric source circuit is used with a=1, we
get the much larger error voltage of R,,l; gjas. We can expect the offset current to be
a factor of ten or more lower than the bias current.
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Fig. 4.1.6 A balanced source circuit connected with the input of an OpAmp whose offset and bias
quantities are shown separately

Biasing for Constant Transconductance G,, Over Temperature

The transconductance G, of a bipolar differential transistor pair is /cg/kT, and of a
CMOS transistor pair in weak inversion is Ipg/nkT, with about n = 2.4. If these
stages are biased by a constant current their G,, would decrease proportionally to
the absolute temperature. This would not only affect the gain of an OpAmp
equipped with one these stages, but also make the frequency compensation (see
Chap. 6) inefficient. Therefore, it is better to bias these input stages by a current that
is proportional to the absolute temperature (PTAT).

For a CMOS pair biased in strong inversion the G,, is 2Ip/(Vgs—V ) = uCox
(W/L)(Vgs—Vry) = uCox(W/L)(2Ip/K). This function is proportional with the
mobility . The sensitivity of u to the absolute temperature is less than inverse
proportional. But, if we want a constant G,,, over the temperature range, we have to
bias the stage by a current that is proportional to the inverse mobility (PTIM).

The question is of course: how to build a biasing circuit that can handle the
different requirements?

The idea is to just force a constant G,, on a model pair by feedback, and use the
same current generated in the model pair for the input stage. The situation is shown
in Fig. 4.1.7.

Firstly, we look at the model stage with an artificial input voltage source V;,, and
an artificial output current source /,,,, while the value of the asymmetrical source
resistor Ry;; is zero and M»; is equal to M,,, so Nx is 1x. The OVA regulates the tail
current in such a way that the boundary conditions of input voltage and output
current are met. This forces the G,, of the model to be:

G =loaz/Viaz (4.1.7)

for relative small signals of V;,, and /,,,. The transconductance G,, has a non-linear
slanted S-shaped function of the input voltage. But, it is quite linear in the middle
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Fig. 4.1.7 Input stage with constant G,, over temperature by model bias generator

(see Sect. 6.4). If we do not take too large signals, than the value of G,, is
approximately valid for input voltages with a maximum of 50 mV for bipolar and
100 mV for CMOS transistors.

When we appply the same tail current of the model stage for the input stage we
can expect the same G,,, under the condition of equal type of transistors and same
current densities as those of the model. If the input voltage V,, is derived from a
voltage across a resistor R, through which a current is flowing equal to the output
current /,,,, the transconductance G,, becomes G,, = 1/R,,,. This result is approxi-
mately independend of the proces and even independent of the type of transistor.
Measures have to be taken to ensure start-up of the bias circuit.

Secondly, we try to avoid the use of an artificial input voltage V;,, and output
current /,,,. So, we give them a zero value. This means a shortcircuit input and and
open output. Instead, we take the transistor M;, N times larger (wider) than M,; and
insert a resistor Ry, in series with the source of M,,. The result is that the output
currents Ip,; and Ip,, are regulated to be equal, supposedly Rp,; and Rp,, are
equal. This means that 1/G 2> + Rg2> = 1/G,,2;. In Other words: an N times wider
M, in regard to M5, has to catch up for the voltage loss across Ry;;. Derived we get
for the transconductance of the model:

G = Viaz/(Ip21 —Ip22) = (N — 1)Rs2;. (4.1.8)

This result is again approximately independent of the proces and even indepen-
dent of the type of transistor. If we bias the input stage with the same tail current as
that of the model the input stage will have the same transconductance G,, as that of
the model, under the condition of equal type of transistors and same current
densities as those of the model [24].

The model circuit can be simplified [24] to that of Fig. 4.1.8. The model contains
four transistors M>; through M, in a nearly unity gain positive feedback loop. The
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Fig. 4.1.8 Simple bias circuit for an input stage with constant G,,,

transistor M, is N times larger than M,;. The resistor Rg,, determines the current
I55>. If the current is smaller than the nominal one, the transistor M5, domines by its
multiple N and the current increases. If the current is larger than the nominal one,
the source resistor Rg,, reduces the current of transistor M,, and the current
decreases. If the tail current /g, of the input stage is biased by two times the current
Langi024 s22 in the model, so Isg; = 2l5,, the G,, of the input stage is described by
(4.1.8). This is under the condition of equal type of transistors and same current
densities as those of the model.

A disadvantage of the simple bias circuit of Fig. 4.1.8 is that the progressive
Early voltages of the transistors in the loop detoriate its accuracy and supply-
voltage rejection. A measure we can take is to aid the transistors of the bias circuit
and the tail current of the input stage with cascode transistors. A disadvantage of
this measure is that the minimum supply voltage is lowered.

A circuit that can work at very low supply voltage is drawn in Fig. 4.1.9.

The circuit has two loops: Firstly, a fast but not dominating loop through
transistors M55, M»s, and M,; with positive feedback. This can become oscillative.
Therefore a small capacitor C, is placed accross the gate and source of Ms.
Secondly, a dominating loop through transistors M5, M»s, M2y, M>,, and M;;
with negative feedback. The advantage of this circuit is that all current-determining
transistors have equal Early voltages for all supply voltages [23]. The minimum
supply voltage is equal to one Vg and one saturation voltage Va7, which can be
totally of the order of 1 V. If the tail current Igg; of the input stage is biased by two
times the current /g,, in the model, so Igs; = 2ls,,, the G,, of the input stage is
described by (4.1.8). This is under the condition of equal type of transistors and
same current densities as those of the model.

The bias circuits for input stages with constant G,, over temperature have to be
given some support circuitry to start up reliably [22].
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Fig. 4.1.9 Low voltage bias circuit for an input stage with constant Gy,

4.2 Noise

Noise can be regarded as a fluctuation of the input bias and offset quantities.
Therefore, the same techniques can be applied as with bias, viz. isolation and
balancing. Balancing will help less with noise because of the random character of
noise.

Isolation Techniques

An equivalent series spectral noise voltage source V,, and an equivalent parallel
spectral noise current source /,, at the input port of an amplifier represent all noise
sources of a linear amplifier, as shown in Fig. 4.2.1a. Often it gives us more feeling
for the amount of noise, if we compare the noise with that of a resistor. Therefore,
we translate the noise voltage into that of an equivalent series noise resistance
Reogs = V2/4kT and the noise current into that of an equivalent parallel noise
resistance R, = 4kT /I2.

The first step for low-noise design is to make the noise voltage and current as low
as possible by themselves. This means R,,; low and R,,, high.

With bipolar transistors the values of the equivalent noise resistors are r,,, ~
Tel2 + rpp and r,,, ~ 2f3r, in which r, is the small-signal emitter resistance, 7, the
ohmic base resistance and 3 the small-signal current amplification factor. A practi-
cal value of r,, is between 1 and 10,000 Q or higher, and of r,,, between 0.1 and
1000 kQ or higher depending on the quiescent current. With junction FETs we find an
equivalent series noise resistance Z,,; = /g,,, with 6 = 2/3. The equivalent parallel



4.2 Noise 71

free
from noise

V:() Vin ] n¢ @ Vout

Fig. 4.2.1 (a) Noise sources in a single input stage

noise resistor represents the isolation of the gate by the gate oxide. This resistance is
very high. A practical value of 7, is of the order of 500Q and of r,,, is of 100M< at
low frequencies. In addition to the given noise values, we must regard 1/f-noise which
dominates with bipolar transistors in the frequency range roughly below 100 Hz [4.8].

With CMOS transistors the value of the 1/f-noise below 10 kHz is so high that
these transistors are not used in the input stage of low-noise amplifiers, unless a
chopper amplifier configuration is used to convert the low-frequency signals into a
high-frequency band, as explained in Chapter 10. The noise voltage of CMOS
transistors is inverse proportional to the root of their gate area.

The second step in low-noise design is to optimally adapt the ratio of V,, and /,, to
the signal-source resistance Rj.

The overall noise behavior may be described by the noise figure F [4.8]. This
figure F can be calculated as the total available noise power of the source P,
increased by the equivalent noise power P,, = V, [, of the amplifier divided by the
noise power of the source P,,;.

Pus+ Py _ (Vi + Vi +LRY) /4R,

P V2 /4R,

F =1+ (Vo/4R; + I, R;/4) kT =1+ Reys/R; + R;Regp 42.1)
Fain = 1+ V0, /2kT = 14 21/RogsR gy

at: Ry opr = V /Iy = \/RegsReqp

The minimum value of F can be found by choosing an optimum value for the
source resistance

F =

RS opt = Vn/]n =V Requeqp (4213.)

with an equivalent series and parallel noise resistance, respectively R, = V,/4kT
and R,,, = 4kT/I?. This only makes sense under the condition that the source
power Py = V2/R; itself does not decrease. So, optimalization by adding a series
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resistance or applying a parallel resistor to the source only detoriates the available
signal power of the source.

As an example in which the source resistance may be enlarged or reduced while
maintaining the same available signal power, one may choose a pick-up coil of a
microphone with a larger or a lower number of windings, but with the same volume
of copper.

As another example we may choose the bias current of the active input devices
larger or smaller in such a way that a better optimization can be obtained.

Balancing Techniques

The noise figure of a balanced input stage of Fig. 4.2.1.b is described by Eq. 4.2.2 in
the case of a symmetrical source circuit (a = 1/2).
F=1+4 (V2/2Ry + 1, Rs/8) /KT = 1+ 2Ru4s/Rsq + Rya/2R gy
Fuin =14 V,0,,/2kT =1+ 2/RegsReqy (4.2.2)
at : Rygopr = 2V 4 /1, = 21/RegsReqy

For an asymmetrical source (a = 1) with a balanced input circuit we find:

F=1+4 (Va/2Ry +1,Re/4) /KT =1+ 2Re4s/Rsa + Rya/2Reqp
Fuin = 1+ VL, /2kT =1+ 2,/2R;Royy  (4.2.3)
at: R; dopt = \/ivn/[n =V 2Requeqp’

In the asymmetrical case (a = 1) the noise contribution of one noise current
source is multiplied by the full source resistance. While in the symmetrical case the
noise currents of both sources is multiplied by half the source resistance and then
added as the root of the squares. This results in a factor /2 lower noise.

free
from noise

Fig. 4.2.1 (b) Noise sources of the balanced input stage
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Low-noise operation with F < 2 is possible at values of Ry, between the equiva-
lent series noise resistance R.,, and the equivalent parallel noise resistance R,,.

Conclusion

From the Eqs. 4.2.1 — 4.2.3 we can draw the conclusions that the minimum noise
figure F,,;, of the balanced input stage with a symmetrical source circuit equals that
of a single transistor stage, while the use of an asymmetrical source circuit together
with a balanced input stage leads to a 1/2 larger value of the minimum noise figure.
This conclusion is only relevant if the available signal power of the source circuit is
equal in both cases.

More important than balancing is a proper choice of the type of input transistors
and their bias currents, so that their equivalent series and parallel noise resistances
R.4s and R, are positioned geometrically around the source resistance R;. Finally,
low 1/f noise can be obtained by using a chopper amplifier configuration, as
explained in Chapter 10.

Low-noise design implies that the input stage will have a sufficiently high gain
so that the noise of other stages will have a negligible influence on the equivalent
input noise sources.

4.3 Common-Mode Rejection

The common-mode rejection ratio (CMRR) H (used here without index i) or the
supply-voltage rejection ratio (SVRR) describe the influence of a common-mode
(CM) input voltage or supply-voltage variation on the differential-mode (DM)
driving of the amplifier. In Chap. 2 the common-mode crosstalk ratio (CMCR)
was defined as the inverse ratio 1/H. This is the ratio of an equivalent DM input
voltage and the CM input voltage, which brings it about.

Chapter 3 showed that a low value of the CMCR 1/H is needed in all those
applications in which an accurate equation is needed between the two input
voltages. A low CMCR can be obtained by two methods: by isolation techniques
and by balancing techniques. These two methods are symbolized in Figs. 4.3.1 and
4.3.2 respectively, and will be discussed in this section.

isolated
signal transfer

input{ £ floating ///’
port ‘ input circuit |~ £

Fig. 4.3.1 Common-mode
rejection by isolation
techniques

isolated
power supply
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Isolation Techniques

Electrical isolation of the input circuit is a basic method for obtaining a low common-
mode crosstalk ratio (CMCR). Electrical isolation naturally adapts to the requirement
of a floating input port, because if we isolate the input circuit, a common-mode
voltage cannot influence the current distribution in the circuit. Imperfections of the
isolation determine the value of the CMCR. Isolation can principally be realized to
any large degree of perfection.

Isolated signal transfer and power supply (Fig. 4.3.1) can be obtained by all
kinds of energy carriers. One can envision coupling by optical energy, magnetic
energy, by the magnetic field energy of a transformer, or flow of voltage-isolated
electrical charge. The last method is the most obvious to cope with both signal
transfer and power supply on a chip. There are two different ways in which this
method can be applied.

Firstly, floating capacitors can be switched to and from the isolated input
circuit to the other parts of the amplifier. The capacitors can carry energy and
signal values. Secondly, electronic current sources can continuously carry power
and signal without making a voltage-dependent connection. The latter way of
isolation by electronic current sources will be discussed in more detail in combi-
nation with balancing.

Balancing Techniques

Balancing of the input circuit is another method for obtaining a low common-mode
crosstalk ratio (CMCR). Figure 4.3.2 shows a basic configuration of grounded
amplifiers with the gain factors of A; and A,. The CMCR 1/H of the balanced
circuit equals the relative inaccuracy of the matching of the amplification factors:

1/H = A, JAq = AAJA 43.1)

with: A, Aj —A, =AA, Ay = (A +A)/2=A

If only balancing techniques were used in a monolithically integrated amplifier
without trimming, the CMCR could not be guaranteed to be lower than of the order
of 1/1,000 because the integrated resistors cannot be matched better than of the
order of 0.1%. This is in contrast to isolating techniques which can basically be
applied to any grade of perfection at low frequencies. At high frequencies parasitic
coupling capacitors limit the isolation quality.

g + AT
input J
P < ground output
Fig. 4.3.2 Common-mode part -
rejection by balancing & +Ap
techniques
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Combination of Isolation and Balancing

We conclude that a low common-mode crosstalk ratio (CMCR) which is inverse
to the CMRR can best be achieved by using both techniques together. Curren-
tsource isolation provides the main step on the way to a low CMCR. Balancing
further reduces the CMCR.

The combination of electronic current-source isolation and balancing is
depicted in the long-tailed bipolar transistor pair of Fig. 4.3.3a. The simplified
equivalent circuit of Fig. 4.3.3b clearly shows that if the tail contains an
electronic current source Igg, and if the input transistors have a current-source
output, the complete input circuit is only connected by current sources with the
surrounding parts. This means that the common-mode input voltage has no
influence on the distribution of the current in the input circuit. With the ideal
current sources of Fig. 4.3.3b it does not even matter whether the circuit is
balanced or not.

input
port

Fig. 4.3.3 (a) Bipolar long-
tailed-pair input stage. (b)
Simplified equivalent circuit
of the bipolar long-tailed-pair
input stage which shows the
current-source isolation of the
CM input voltage
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Common-Mode Cross-Talk Ratios

In practice, the equivalent circuit must be made complete by adding parasitic
impedances in parallel with the current sources. This is shown in Fig. 4.3.4 where
each transistor is represented by its hybrid-n equivalent circuit. The hybrid-r model
for bipolar transistors has been chosen because it can easily be adapted to represent
the HF behavior or to symbolize JFETs and CMOS transistors. The tail current
source has also been provided with its parallel impedance Z,,.. At the input side any
externally grounded feedback or bias impedances or stray capacitances have been
represented by Z,,; and Z,,,.

The values of the parasitic impedances determine the degree of isolation, and the
mutual inequalities of the parasitic impedances determine the degree of balancing.
Together they determine the common-mode crosstalk ratio (CMCR).

The effect of the parasitic impedances on the CMCR will be discussed separately
for each of the parasitic types. A new calculation method will be presented which
distinguishes the aspect of isolation from that of balancing. With this method a
better estimation of the crosstalk ratio as a function of a certain design aspect can be
made than with precedingcalculation methods.

Parallel Input Impedance

The effect of the parallel input impedances Z,; and Z,, on the CMCR will be
discussed in detail, while other effects are dealt with only briefly. The common-
mode crosstalk ratio (CMCR) is defined as the ratio of the equivalent DM input
voltage which is evoked by the CM input voltage. Hence, let us supply a CM input
voltage V;. and see what is the effect on the DM input voltage V;,. If we suppose

Zg1
Zpy
Zpo
- Re1 Re2
&
H—I
external feedback { Zeo
or bias impedances lee o

Fig. 4.3.4 Small-signal equivalent circuit of a bipolar long-tailed transition pair with parasitic
impedances across the current sources
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that the parallel impedances Z,; and Z,, are much larger than the source impe-
dances Zg; and Z,, the CM currents I;; and I, through these impedances will be
mainly determined by the parallel impedances, so: I, = V;./Z,; and I, = V,./Z,,;.
These currents cause a differential input voltage V;; across the source impedances
of: Vid = _Zsllxl =+ ZA‘ZISZ ~ Vic(_Zsl/Zpl + Z.\‘Z/ZPZ)-

The CMCR 1/His 1/H; =V 4/Ve = —Z;/Z),; + Z53/Z,,2. On inspection of the last
expression three aspects can be distinguished: firstly, the average ratio of Z/Z, with
Zs=(Zs +Zp)2and 1/Z, =Y, = (1/Z,; + 1/Z,,)/2, secondly, the imbalance of the
source resistances AZ; = Z;;—Z,,, and thirdly, the imbalance of the parallel admit-
tances AY,, = 1/Z,,—1/Z,,. We can now express the CMCR with these three aspects
as follows:

V/H) ~ (Z,)Z,)(=AZ,|Z, — AY, Y, (4.3.2)

The first factor of the CMCR (Z,/Z,) will be called the “isolation factor”. It
expresses the relative isolation of the source when loaded by the parallel impe-
dances. The second factor (4Z/Z~AY,/Y,) will be called the “balancing factor”. It
expresses the relative imbalance of the source and parallel impedances. These
impedances are connected in the form of a bridge circuit. Overall, the expression
for the CMCR has a clear structure and can be easily understood. In the extreme
situation of a fully unbalanced source or parallel load circuit, when one of
the source impedances equals zero or one of the parallel impedances infinity, the
balancing factor equals plus or minus two. In that situation the suppression of
the crosstalk fully relies on the isolation factor (Z/Z,,).

To depict the frequency dependency, the CMRR H;, is drawn in Fig. 4.3.5 as a
function of the frequency in the case in which both source impedances amount to
1 kQ and each of both parallel or grounded impedances consists of only one
capacitance whose values differ by 1 pF. The example gives an idea about which
values are attainable as a function of the frequency.

T 108+
Hy
10°-
Fig. 4.3.5 CMRR of a il
balanced source circuit with 1
two series resistors of 1 kQ ] T '
1 1k 1M

and an imbalance of 1pF in
the grounded load capacitors freq. (Hz) —=
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The effects of the other parasitic impedances will be treated in the same way as has
just been seen. However, the explanation will be shortened because of their similarity,
the definitions for average values and unbalanced values will not be repeated.

Collector or Drain Impedance

All effects are supposed ideal except for the collector-emitter impedance.

The collector-emitter impedances z..; and z..,., carry the full input CM voltage
Vie. This results in equivalent base-emitter voltages V,,; = —V;.z.;/zc.; and
Vier = —VicZealzee2. The equivalent differential input voltage Viy = Vier—Vier =
Vie(—Ze1lZcer + Ze2/Zco2) TEPTEsents a CMCR:

L/H; = (ze/2ce)(—Aze/2e — AYce/Yee) 4.3.3)

The reciprocal gain ratio (1/u) = (z./z..) of transistors of the same type tends to
match better than their z, and z,., values separately. This holds for bipolar transis-
tors, where z, and z. are both inversely proportional to the quiescent emitter
current, as well as for JFETs and CMOS transistors, where the 1/g,, and z,, are
both likewise dependent on the quiescent source current and on the length-to-width
ratio. For this reason, it is realistic to replace (4.3.3) for (4.3.4):

1/Hy = (1/1)(~An/p) (4.3.4)

A lower CMCR can only be obtained by cascoding the input stage while the
reference base or gate voltage of the cascode stage is bootstrapped by the CM input
voltage.

Tail Impedance

The tail impedance Z,, also carries the full CM input voltage V;.. This causes a tail
current I,, = V;./Z,.. This current brings about a crosstalk if the emitter circuit or
the collector circuit is unbalanced:

U/H; = {(Re + 2¢)/2Zee }{—A(R. + z.) /(R + Z,) + AR./R.} (4.3.5)

When a tail current source is used with a transistor Q3 in a common base
connection with an emitter resistance R,3, the value of 1/Z,, is 1/Z,, = 1/\W(R.3 +
Ze3) + 1/B3rce3 + 1/rp3. Taking only the first term of this expression into account,
we obtain:

I/Hj’ = {(Re + Ze)/z.u(Rej’ + 265)}{_A(Re + Ze)/(Re + Ze) + AR(‘/RC} (436)
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A lower CMCR can only be obtained by cascoding the tail-current source, or if
the tail-current source can be actively regulated for a constant output current.

Collector-Base Impedance

All other effects are supposed ideal, except for the collector-base impedance. The
collector-base impedances Z.,; and Z_,,; contribute firstly to the crosstalk ratio like
the parallel input impedances in the preceding case. This contribution is:

1/H41 = (Zs/ZCb)(fé‘ZS/ZS — Aycb/ych) (437)

Secondly, the collector-base impedances cause a direct signal transfer from the
input towards the output. The collector-base impedances and the collector load
resistances R.; and R, make up a bridge circuit. The CMCR can be calculated by
dividing the transfer of that bridge by the differential-to-differential voltage gain
factor Ay ~ R./(R, + z.). This results in:

l/H42 = {(Re + Ze)/zcb}(_ARc/R(' - Aycb/yzrb) (438)

This CMCR component is absent in CMOS at low frequencies.

Base Impedance

The base-emitter impedances z;.; and z,., connect the input terminals with the
emitter circuit. Via these connections the base currents can reach the input term-
inals. The common-mode base currents are a factor of 1/ = z,/z;, lower than the
CM tail current /,, = V;./Z,, and the collector current /. = V,./z... These base
currents load the source circuit and a CMCR arises:

UHs = (Zy) Bzee + 28/ B2Zee {02,/ — A(1/B)/(1/B)} (439)

This CMCR component is absent if the tail-current source is ideal.

Back-Gate Influence

N-channel CMOS input stages have a strong disadvantage regarding CMCR. Figure
4.3.6a shows the situation. Besides the normal gate, there is the back-gate, which is
connected to the substrate in most CMOS processes for the N-channel transistor.
The back-gate has a transconductance g,,, of the order of 10 times smaller than the
normal transconductance g,,. This limits the isolation factor g,,./g,, to about 10™".
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Fig. 4.3.6 (a) N-channel CMOS input stage with substrate-connected back-gate bias. (b)
P-channel CMOS input stage with source-connected back-gate bias

If we estimate differences in back-gate transconductances of the order of
Agnlgm» = 1%, then an additional partial crosstalk ratio will be added

L/Hy cmos = &mb/8m - Agmb/ &mb (4.3.10)

which is of the order of 10> or —60 dB.

This severely limits the minimum CMCR of N-channel CMOS stages. With
P-channel CMOS stages of Fig. 4.3.6b the situation is better, because we have
access to the back-gate and are able to connect this to the source. The remaining
CMCR of P-channel CMOS input stages in strong inversion is maximally 10~* or
—80 dB, which is still a factor of 10 worse than that of bipolar transistors because
the internal gain factor u of FETs is lower than that of bipolar transistors. However,
the lower the bias current is taken, or the larger the W/L ratio, the more the FET
approaches the gain factor of bipolar transistors, because the g, is proportional to
the root of the current and W/L ratio. In weak inversion the g,, is only roughly a
factor of about 2 lower than that of the bipolar transistor. Again, cascoding of the
input stage with bootstrapping of the cascode gate voltage by the CM input voltage
can strongly improve the CM crosstalk.

Total CMCR

The total crosstalk ratio 1/H, can be found when we superimpose all partial cross-
talk ratios. In the worst case, the total crosstalk ratio is the sum of the absolute
values of the partial crosstalk ratios:

The most dominating partial crosstalk ratios are 1/H, and 1/H;. The ratio 1/H, is a

\1/H,| < [1/H| + [1/H2| + [1/H3| + |1 /Hu| + |1/He| + [1/Hs|  (4.3.11)

consequence of the finite value of the collector-emitterimpedance z., or drain-
source impedance Z,,. This ratio is determined by the finite value of the internal
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voltage gain u = r../r, or & = ryg,, of the input transistors. The ratio 1/H; is the
result of the finite value of the tail current-source impedance Z,, or Z,,. Also this
ratio is mainly determined by the finite value of the internal voltage gain u; of the
current source transistor Q3 or M; and its degeneration emitter or source resistor R;.

With the bipolar circuit of Fig. 4.3.2 isolation factors of 2.10~* and balancing
factors of 5.102 can be obtained, leading to a CMCR of 1073, With CMOS we
obtain a CMCR of 10~*. At low frequencies, a practically unlimited improvement
of the isolation can be obtained by using composite transistors for the input pair as
well as for the tail-current source. Cascoding is one of the basic options.

To obtain a low overall CMCR 1/H of a complete OpAmp the input or first stage
should have a low total CMCR 1/H; (the index number refers to the stage number
here) as well as a low reciprocal discrimination factor 1/F ;. This reciprocal factor is
defined as the ratio of the CM-to-CM and the DM-to-DM voltage gains. The
reciprocal discrimination factor for the input circuit of Fig. 4.3.4 is:

1/F; = Re+z.)(—1/2Z0 + 1/Bree + 1/rep) (4.3.12)

This expression shows that isolation is the only method to obtain a low recipro-
cal discrimination factor. A low reciprocal discrimination factor reduces the con-
tribution of the CMCR 1/H; of the second amplifier stage to an overall value of
1/F ;H,. It further reduces the extra crosstalk which arises if one of the stages is used
single-ended, as is required in an OVA. If the second stage with a reciprocal
discrimination factor 1/F, is used single-ended, the contribution to the crosstalk
is 1/F;F ;. The overall CMCR is in that case:

\1/H,| < |1/H;|+ |1/F,H,| + |1/F\F,|. (4.3.13)

Conclusion

From the preceding discussion we can conclude that the common-mode crosstalk
ratio (CMCR) of an input stage can be made low by isolation and balancing. Partial
crosstalk ratios, as a result of each kind of parasitic current-source impedances, can
be expressed as a product of an isolation factor and a balancing factor. Isolation can
be performed practically to any degree of perfection at low frequencies by using
composite transistor combinations. Balancing depends on the matching inaccura-
cies of integrated components. The minimum dominating crosstalk is limited by the
internal gain of the transistors and is 1/H> = (1/p)(Ap/p).

For bipolar transistors this is of the order of 1073 , for P-channel CMOS transistors
with source-connected back-gate 107, and for N-channel CMOS transistors 10>
because of the influence of the back-gate. Cascoding of the input transistors and the
tail current source can drastically improve the CMRR. The CMRR further decreases
as a function of the frequency because of the influence of parasitic parallel capacitors.
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4.4 Rail-to-Rail Input Stages

The trend in lower voltages, going from 30, 12, 5, 3, 1.8, and 1.2 V or 0.9 V, forces
us to design input stages which maximally utilize the voltage range between the
negative and positive supply rails. For instance, a large input range is required for a
voltage follower buffer application with a high input impedance, as shown in Sects.
3.2 and 3.4.

Looking at the usable input range of input stages of Fig. 4.4.1 we find that the
common-mode input voltage range of a P-channel input pair,

M3-M,, is limited between:

— Vs + Vpsat + Vrsa + Vss < Ven < Vpp — Vs — Vpsar 4.4.1)

where V), is the common-mode input voltage, Vs is the gate-source voltage, Vpq,
is the saturation voltage across a current-source, Vpp and Vg are the positive and
the negative supply-rail respectively.

The common-mode input voltage range of an N-channel input pair,
M ,—M,, is given by:

Vss + Vas + Vosae < Vem < Vop + Vs — Vear — Vri2 (4.4.2)

The CM range of the P pair may downwards exceeds the negative rail by —V ¢ +
Vsar + Vg34. Similarly, the CM range of the N pair may upwards exceeds the
positive rail by Vs — Vi, — Vgs.2- This will not be the case if the load resistances are
replaced by diodes for current mirrors. For this reason current mirrors can not be
used behind the input stage, but rather folded cascodes.

If the N-channel and P-channel input pairs are placed in parallel, as is shown in
Fig. 4.4.2, the common-mode input voltage range becomes:

— Vs + Vpsar +Vrza +Vss < Veu < Vpp +Ves — Vpsar — Vriz  (4.4.3)

v

P Vgs

Fig. 4.4.1 Common-mode input voltage range of a P-channel and an N-channel input stage
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Fig. 4.4.2 Rail-to-rail CMOS complementary input stage
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Fig. 4.4.3 The transconductance g, versus the common-mode input voltage for a rail-to-rail
complementary input stage

To avoid a forbidden voltage range in the middle of the rail-to-rail voltage range
of the complementary input stage [4.1] the supply-voltage should have a minimum
value of:

Vsup,min = 2VGS + 2Vpsar (444)

Using standard CMOS technology, the minimum supply voltage for full rail-to-
rail operation is approximately 1.8 V, depending on the bias-current level and the
threshold voltage of the transistors. In many CMOS processes transistors are
available with much smaller threshold voltages. In bipolar technology a minimum
supply voltage of 1.6 V can be obtained.

The folded cascode transistors Ms—Myg, together with the current-mirror connec-
tion of My and Mg add the output currents of the complementary input pairs.
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Fig. 4.4.4 Rail-to-rail complementary bipolar or weak-inversion CMOS input stage with switch
Qs and 1:1 current mirror Qg, Q7 to keep the sum of the tail currents constant, and hence the g,,,,,,
constant

A drawback of the simple complementary input stage of Fig. 4.4.2 is that the
transconductance g,,,, varies a factor two over the whole common-mode input
range depending on the saturating of tail current sources, as is shown in Fig. 4.4.3
supposedly that the g, of each of the N en P channel pairs is equal to g,z. This
impedes an optimal frequency compensation of the amplifier [4.9], as we will see in
Chap. 6.

Constant g,, by Constant Sum of Tail-Currents

In bipolar technology and in weak-inversion CMOS, the g,, of a transistor is
proportional to the collector or drain current. Therefore, a constant g,,,, can be
obtained by keeping the sum of the tail-currents of the complementary input stages
constant. A realization is shown in Fig. 4.4.4. Depending on the common-mode
input voltage, the current switch Qs directs the tail-current 2/g; to either one of the
input stages [4.10]. The result is a constant g,,,, over the whole common-mode
input range, as is shown in Fig. 4.4.5.
This result for bipolar and weak-inversion CMOS transistors is clear from:

1
8mtot = &m N + EmP = %; (445)
T

with: Vi = kT/q for bipolar and about V; = 60 mV for weak-inversion CMOS.
There is an undesirable property of a complementary rail-to-rail input stage. The
input offset voltage changes between that of the NPN and PNP pair when the CM
input voltage crosses the turnover range. The turnover range is stretching out for
about 100 mV for bipolar transistors, centered around the reference voltage Vig;.
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Fig. 4.4.5 The transconductance g,,,, versus common-mode input voltage V., for the rail-to-rail
complementary input stage with a 1:1 current mirror for bipolar technology, and CMOS technol-
ogy in weak and strong inversion

Proper circuit layout with a cross-coupled quad for each input pair can typically
keep the untrimmed offset voltage change in the order of 0.1 mV for bipolar
transistors.

This means that the CMRR in the turnover CM range is:

1/H=0.1/100 = 1/1200, or 60 dB (4.4.6)

The CMCR can be improved by a factor of 10 or 20 dB by inserting a resistor in
series with the emitter of Qs because this spreads the turn-over range. However, this
somewhat increases the minimum supply voltage for rail-to-rail operation.

In CMOS technology, the g, of a transistor is also proportional to the drain-
current if the transistor operates in weak-inversion. This biasing has the advantage
that it gives CMOS transistors the highest transconductance of about g,, = I,/
60 mV (4.4.5) for a given bias current. Another advantage is that the g,,,, can be
kept constant in the rail-to-rail input circuit of Fig. 4.4.4 as in bipolar technology. It
is assumed that the P-channel transistors have a W/L that is about three times larger
than that of the N-channel transistors, to compensate a three-times smaller mobility
p of the P-channel transistors.

In strong-inversion however, this scheme leads to a g,,,, which increases
approximately 40% in the middle of the common-mode range in regard to that in
the side ranges, as shown in Fig. 4.4.5. This is because we have two times the g, at
half the current, while the g,, of a MOS transistor in strong-inversion is proportional
to the square-root of the drain-current, according to:

gm = K(Vas — Vi) = \/2KIp 4.4.7)

with: K = uC, W/L, u is the mobility of the charge carriers, C,, is the normalized
gate-oxide capacitance, and W/L is the width over length ratio of the channel.

A P-N complementary circuit is shown in the rail-to-rail input stage of Fig. 4.4.6.
If both input pairs operate equally in the middle of the common-mode (CM) range,
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Fig. 4.4.6 Rail-to-rail CMOS input stage with 1:1 current mirrors to keep the g, constant in
weak inversion

o]
g Weak Inversion
2 9rnRef i e ]
/
______ s | |k e
T T ===
1 -30% | Strong Inversion '
ImRef [ |
| |
| |
| |
0 1' + |
low intermediate high
Vss Ve2 v Voo Vi Voo
oM™

Fig. 4.4.7 The transconductance g,,,, versus the common-mode input voltage V,, for the rail-to-
rail complementary input stage with 1:1 current mirrors of Fig. 4.4.6 for CMOS in weak inversion

the tail-currents of both input pairs are equal and have a value of 2/ If only one
input pair operates, the current-switches Ms and Mg, and the 1:1 current mirrors
Mg—M; and Mg—M ;, increase the tail-current of the active input pair by a factor 2 by
adding the tail current of the inactive pair. Thus, the tail-current of the actual active
input pair has a value of 4/, The result is a constant g,,,, = 2[z,;/Vy for bipolar
transistors, and about g,,,,,, = 2[5;/60 mV for CMOS in weak inversion, see (4.4.5).

The R-R input circuit of Fig. 4.4.6 has two transition ranges in the CM voltage
range centered around Vg, and Vpp—V5p;. We estimate a total offset change of 1 mV
for CMOS with a carefully designed circuit layout. Then, the CMRR in both the
transition ranges of 200 mV for CMOS is:
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1/H=1/(2 x 200), or 53dB (4.4.8)

Outside the transition ranges the CMRR is much higher, depending on the
CMRR of the single P and N channel pairs.

Constant g,, by Multiple Input Stages in Strong-Inversion CMOS

If the CMOS input transistors have to operate in strong inversion for high speed or
an other reason, the proportionality of g,, to the root of the bias current (4.4.7) will
cause a 30% lower total transconductance g,,,,,; outside the switching voltage levels
Vg2 and Vpp—Vp, of the input CM range than the transconductance of 2g,,z.rin the
middle, see Fig. 4.4.7.

This reduction in g,,,, at the extremes can be changed into two hills of 14% at
the switching voltages if the mirrored tail currents are not added to the tail of the
active transistor pair, but instead given to one of the tails of an additional parallel N
and P CMOS pair. In this way not only the current doubles in the active pairs, but
also the total transistor width doubles. Thus the total transconductance comes back
at 2g,,g. at the high and low ends of the transient CM range [4.11] [4.14] [4.15].

Constant g,, by Current Spillover Control

Another simple and robust approach to an R-R complementary input stage with a
reasonable constant g,,,,, by means of “current spillover control” [4.12] is shown in
Fig. 4.4.8. The control transistors Ms and M, spill the current which is not needed
by the input pairs M ;M3 and M,M, into the supply rails.

The transistors M5 and M, together with the input pairs M ;M3 and M>M, shape a
voltage translinear loop:

Vesi 3+ Vasza = Vass + Vass (4.4.9)

We choose the W/L ratio of M5 and My two times that of M, through M, for
biasing in weak inversion. And, we choose all P-channel transistors roughly three
times wider than the N-channel transistors for compensating the g,s for the
mobility differences between the P and N complementary pairs.

Is; 30524 = Iss.Iss

Is1 30504 = (2ger — Is13)-(2Urer — I52.4)
Is; 3+ Is24 = 2gey
8mP + &uN = 28mRef

(4.4.10)

In the middle position of the CM voltage at V), = Vp, the currents through both
pairs are equal Is; 3 = Is2 4 = Ig.p and Iss = I g5 = 2l k.. The transconductance of the
two pairs in parallel equals g,,p + gy = 28mrer-
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Fig. 4.4.8 Constant-g,,,,, rail-to-rail input stage with current spillover control

At the end of the CM range we have Ig; 3 = 0 and I, 4 = 2lg,s, o1 Is; 5 = 2 g.r
and I, 4 = O resulting in g,,,;0; = 28rer according to (4.4.10).

When we choose to bias the input transistors in strong inversion, the sum of the
voltages is proportional to the sum of the roots of the currents in strong inversion,
with grer = \/ZKIRef, K = uC,, W/L. Then the total transconductance of the two
pairs in parallel equals g, = 2+/ 28mrer in the middle. This is 40% larger than the
28mrer Of the left and right hand side position.

The input stage with current spillover control is simpler than that with the mirror
current control. Moreover, the circuit can switch faster because there are no mirrors.
The circuit with current spillover control is very robust and can be adapted to obtain
other features [4.12]. A disadvantage is that it takes two times more bias current
than without spillover control (Fig. 4.4.9).

One of the disadvantages of most R-R input stages is that the CM output drain
currents of each pair varies from 0 to 4/, as a function of the CM input voltage.
The summing circuit has to cope with this variation and may produce a CM voltage
dependent offset. It is also difficult to optimize the summing circuit for noise and
offset in combination with a rail-to-rail CM input range, as the voltage across
R;;—R;4 can not become larger than some hundreds of mVolt. To help solve this
problem, the circuit with current spillover control can be adapted to produce a
constant CM output current. Therefore, we split up the switching transistor Ms and
M into two transistors each Ms, M, and Mg, Mg and connect the drains with the
outputs of the input pairs, as shown in Fig. 4.4.10.

Current spillover control can also be used to the advantage of a bipolar input
stage as shown in Fig. 4.4.11. The translinear loop keeps the total g,,,, theoretically
constant as calculated by (4.4.11) and (4.4.12) [4.12].

Vier 3 + Veeza = Vees + Vies (4.4.11)
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Fig. 4.4.9 The transconductance g,,,,, of the rail-to-rail input stage with current spillover control
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Fig. 4.4.10 Current spillover switches keep the CM output current of the input pairs constant as
well as the g, in weak inversion

When we suppose emitter areas for Qs and Q4 two times larger than that of Q;,
03, and Q,, Oy, respectively, we find:

Igi 3, Tg24 = Igs, Igs

Igrs, 1 = (2ger — 1 2per — I
£13, Ie2a = (2Uger — 151 3) (2rer — ip24) 44.12)
Ig1 3, Ip2q = 2per

&mpP + &mN = 2ngef

The sum of the g,s is depicted in Fig. 4.4.12 as a function of the CM input
voltage.
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Fig. 4.4.11 Bipolar rail-rail input stage with current spillover control
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Fig. 4.4.12 The transconductance g,,,, of the bipolar or weak inversion CMOS input stage with
current spillover control of Fig. 4.4.11

The R-R input stage with bipolar transistors and current spillover control can
also be adapted to deliver a constant CM output current by splitting Qs and Qg into
0s, Q7 and O, Os.

As we have seen in Fig. 4.4.12 the transient from P to N is rather sharp with
bipolar transistors. In order to improve the CMCR [4.12] in the transient range we
can insert a voltage difference V¢ between the bases of control transistors Qs, Q7
and Qg, O and degenerate the emitters of these transistors with resistors R through
Rs, with a value of R = V¢/I.s. This extends the CM input transient range of going
from the offset of one input pair to the other by V;¢. The circuit with bipolar with
split switching tra is shown in Fig. 4.4.13. It’s total g,,,, as a function of the CM
input voltage is shown in Fig. 4.4.14. This method can, of course, also be used for
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Fig. 4.4.13 Rail-rail input stage with bipolar transistors with splitted and degenerated switching
transistors for spillover control having a constant CM output current
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Fig. 4.4.14 The transconductance g,,,, as a function of the input CM voltage of the R-R input
stage with degenerated bipolar transistors of Fig. 4.4.13

CMOS transistors in weak inversion. The absence of current mirrors makes this
circuit fast in a response on a large CM swing.

Constant g,,, in CMOS by Saturation Control

An alternative approach is to use the saturation of CMOS current-source transistors
to control the tail currents of the complementary transistors. The circuit is given in
Fig. 4.4.15 [4.13].
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The main tail current sources have a value of 4/, However, a compensating
current source from the other side with a value of 2/ brings the total tail current
back to 2/, which results in one g,z r at one side.

When the CM range is in the middle both tails get 4/g.r — 2Ig,s = 2Ig,s. This is
g per transistor. This leads to a total g, = &unv + &mp = 28mrer for CMOS in
weak inversion.

At the end of each range both current sources at one side are cut off. This results
in one active pair with a tail current of 4/ This results in gm0 = 2gmres Which is
equal to the value in the middle situation.

In the case where the current sources at one top or bottom partly saturates, the
main tail current source with a nominal value of 4/, will partly saturate because it
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Fig. 4.4.17 Rail-to-rail input stage. The zener diode Z makes the g,,,, of the input pairs constant

is kept at the value of 2/ of the compensation source from the other side. The
compensation current source at that side simultaneously partly saturates from its
nominal value of 2/, The result is that the complementary input pairs keep the
sum of their g,,s constant as shown in Fig. 4.4.16 [4.13].

Constant g,, in Strong-Inversion CMOS by Constant Sum of Vg

Probably the most essential way to achieve a constant g,,,,, over the rail-to-rail CM
voltage range with a CMOS circuit in strong inversion is to keep the sum of the
gate-source voltages constant, as this keeps the sum of the g,,,s constant [4.11]:

Vasy + Vasp = Viuan + Vine + 24/ 2rer /K = Ve (4.4.13)
8mv + 8mp = 27/ 2KIRes = &mtor 4.4.14)

with:Vsgy is the gate-source voltage of the N-channel pair, Vgp that of the
P-channel pair, Vryy the threshold voltage of the N-channel transistors, Vyp that
of the P-channel transistors, g,y the transconductance of the N-channel pair, g,.p
that of the P-channel pair K = uC,,W/L, and supposed is that we have compensated
1 difference in up and py by their W/L ratios, and g,, = K(Vgs — Vi) = V(2KIp).

The implementation of a constant sum of the gate-source voltages of the
N-channel and P-channel pair can be obtained by an electronic zener diode Z, as
shown in Fig. 4.4.17 [4.11].

A realization of the electronic zener diode is presented in Fig. 4.4.18. The diode-
connected transistors M5, and M5 form a reference chain. The current through this
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Fig. 4.4.18 Constant-g, rail-to-rail input stage with an electronic zener diode, N and P are the W
over L ratios of an N-channel and a P-channel input transistor, respectively [4.11]

chain is set by the W over L ratios of the diode- connected transistors and the
voltage across the chain. M, and M>; form the two transistor gain stages. Transistor
M3 is biased by the constant current source, M»,;, which has a value of Ik The
current source, My4, drains the extra current of M,,. The transistor stage M3
controls the tail-currents, and therefore the gate-source voltages of the input pairs.

The principle of the circuit can be best understood by dividing the common-
mode input range into three parts.

If low common-mode input voltages are applied, only the P-channel input pair
operates. In this range the currents through the reference chain, M,; and M,s, and
the regulator transistor M,;, are zero because M;s saturates and the sum of the
voltages across M;; and M,;s is too small. Mg prevents the saturation of M,,. Thus
the tail-current of the P-channel input pair is equal to 8/g.s of M .

If intermediate common-mode input voltages are applied, the P-channel as well
as the N-channel input pair operates. In this range M, biases M,.

The current through M5, is regulated to be equal to Ig.r of M»;. If M3, and M>s
have the same W over L ratios, then the current in the reference chain is also set to
Igos. Consequently, the tail-currents of both input pairs are equal to 2/g.. The
regulator transistor M»; takes the residual current 8/g.r — 2lgor— Lger = Slger.

If high common-mode input voltages are applied, only the N-channel input pair
operates. In this range the current through the reference chain and M,, and M>; is
zero. Mg takes away the current of M5, and feeds it to the drain of M,4. Now, it can
be concluded that the tail-current of the N-channel input pair is equal to 8lg.r
of M /5-



4.4 Rail-to-Rail Input Stages 95

1.8+
1.2+
9m
1.1
— 5% — 5%
Om tot

(9mRef) 1.0 /ﬁg—’_ﬁr’/
0.9
0.8
0.7 4+— T T T T T T T

-0.5 0 0.5 1 1.5 2 25 3 3.5

Fig. 4.4.19 Total transconductance g,,,, versus the common-mode input voltage for the constant-
Zmior INpUL stage with the electronic zener circuit of Fig. 4.4.18

The total transconductance g, versus the common-mode input voltage is
shown in Fig. 4.4.19. From this figure it can be concluded that the g, is
nearly constant over the common-mode input range. In the transition regions the
current through transistor M»; gradually changes from zero to 5k, or vice versa.
The result is a 5% variation of the g,,, due to the fact that the voltage across the
electronic zener is slightly current dependent.

Rail-to-Rail in CMOS by Back-Gate Driving

An alternative approach to a 1-Volt rail-to-rail input stage is depicted in Fig. 4.4.20
[4.16].

The back gates of the input transistors are used as input terminals. The g,,,,,; of
this stage is roughly a factor 10 lower than the g,,,, of a normal differential pair.
Therefore, the offset and noise will be reflected a factor of 10 larger than that of a
normal driven pair.

Extension of the Common-Mode Input Range

Besides techniques to provide input stages with a rail-to-rail common-mode range,
other techniques have been developed to provide input stages with common-mode
ranges far below the negative rail voltage or far above the positive rail voltage
[4.17], [4.18], [4.19].
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Conclusion

It can be concluded that low-voltage complementary rail-to-rail input stages are
feasible in bipolar as well as in CMOS technology. In bipolar technology and in
weak-inversion CMOS the g,,,,, can be kept constant by mainly keeping the sum
of the tail currents constant, while in strong-inversion CMOS the g,,,, can be
kept constant by mainly keeping the sum of the gate-source voltages constant. In
the transition regions the common-mode rejection ratio is degraded because of
the transition of the offset of one pair to that of the other pair. Many variations
on these themes have been successfully realized. In Chapter 10 it is shown how
R-R input stages can be given a very high CMRR by chopping. Also, CM input
ranges far beyond the supply rail voltages can be achieved by chopper capacitive
coupling at the input.

4.5 Problems and Simulation Exercises

Problem 4.1

The circuits in Fig. 4.4.1 show two input stages which use NMOS and PMOS
devices. Considering the tail current in both circuits /,,; = 40 pA, load resistors
R; = R, = R; = R, = 10 kQ and supply voltage Vpp — Vgg = 3 V, calculate the
common-mode input range for both circuits. Using these ranges, determine the
minimum supply voltage so there is no gap between the common-mode input range
of the PMOS and NMOS input pairs. At the minimum supply voltage, how far can
the supply rails be exceeded by the common-mode input range? The parameters of
MOS devices are: Viyn = 0.7 V, Vip = —0.8 V, Kp = 22 nA/V?, Ky = 75uA/V>.
All devices have W/L = 100u/1u. The saturation voltage of I,,; current source is
VDsal = 02 V.
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Solution

As the circuits are balanced, the DC current through all transistors will be

I .
Ip = %1 =20pA 4.5.1)

This in turn produces the gain-source voltage for MOS transistors to be

2Ip

Vesy = Vran + KoV =0.773V
v
. (4.5.2)
21
Vesp = Vup + L;V =0934V
KV

The common mode input range for the NMOS pair is limited by ITAL

Viminn = Vss + Vasn + Vpsar = Vss +0.973V
Viman = Vop —Rilp — (Vasy — Vun) + Vesy = Vop + 0.5V (4.5.3)
Vimaxn — Viminv = Vop — VssRilp — (Vasy — Vun) = 2.527V

and for the PMOS pair:

Viminv = Vss + Rilp — (Vosp — Vup) + Vosp = Vss — 0.6 V
Vimaxe = Vop — Vpsar +Vasp = Vpp — 1,134V 4.5.4)
Vimaxp — Vimine = Vpp — Vss — Rilp + (Vgsp — Vrup) = 2.466 V

Note that the range for PMOS devices is smaller than the corresponding input
range for NMOS devices, due to operating identical sized transistors of both types
at the same current. The minimum supply voltage can be calculated by forcing
equal values for V., (Eq. 4.5.3) and V,,,..p (Eq. 4.5.4)

Vss +0.973V =Vpp — 1.134V 4.5.5)
which produces the minimum supply voltage
Vpp — Vss =2.1V (4.5.6)

Independently of supply voltage value, the supply rails are exceeded by common-
mode input voltage range with

Viman — Vpp = 0.5V

“4.5.7)
Vss = Vimine = 0.6 V
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Problem 4.2

For the input stage shown in Fig. 4.4.2, design the output transistors Ms—Mg so they
work with Ip = 20pA at Vgger = Ve = 0.2 V and the biasing source Vi for
maximal output range. Then calculate the equivalent G,, of this input stage at
common-mode input voltage for which only one of the input pairs or both of
them are working, for input devices sized W/Lyy05 = S0u/2u, W/Lppos = 1750/
2 and operated with tail currents Iz; = Ig; = 40pA from sources with the
saturation voltage Vp,,, = 0.2 V. Estimate the output impedance of this transcon-
ductance amplifier. Transistors have parameters: Vyyy = 0.5 V, Vygp = —0.6 V,
Kp = 16pA/V?, Ky = S6pA/V?, Jp = Ay = 0.1 V!, ) parameters representing the
channel-length modulation of the transistors. The resistors are all equal to 10 kQ,
and the supply voltages are Vpp = -Vgg =2 V.

Solution

The complete expression of Ip(Vgs,Vps) for a MOS transistor working in satura-
tion is
KW

=57 (Vas — V)2 (1 4 AVips) (4.5.8)

The equation above shows the role of channel length modulation by drain-to-
source voltage and can be used to derive the drain-to-source conductance

= Ap (4.5.9)

Sizing of transistors Ms—Mg can be made knowing their drain current and gate
overdrive voltage

W__ 2 g
Lysms Ky VéSa{ff 4.5.10
" S . (4.5.10)

Lusy7 KPVg;Seﬂ B

This provides the current through the resistors and the Vg for cascode transis-
tors, so V should be at least

I
Vi = LR, + Vgsr = <§ + ID7)R7 — Viup + Vosegr = 1.2V (4.5.11)
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Calculating the equivalent G,, can be reduced to calculating the input pair g, and
the common mode input range domains where each of the input pairs is active.
Using Egs. 4.4.1 and 4.4.2, these domains can be calculated based on

2Ip

Vesm,m, = Vun — | ——5 = —0.619V
KNI
21,
Vs mymy, = Vrup — KT =-0.719V 45.12)

Vsanp = 0.119V
Ve =Rsls =04V
Vpsat = 0.2V
Using these values, with Vg 43144 taken in absolute value, the CM input range
limits for the PMOS and NMOS pairs become

Vimine = Vs mym, + Vsanp + Ve +Vsg = =22V

Vimaxe = Vpp — Vas msm, — Vpsa = 1.08V

Viminn = Vss — Vaes my M, — Vosa = 1.18V

Vimasv = Voo — Ves sty — Vsanp — Ve = 2.1V

(4.5.13)

Due to transistor sizing, which is proportional with Ky/Kp, g,, of input pairs
are equal

21,
=22 _336u8 (4.5.14)
antN,P

gmN.P

The equivalent G,, is given by
G (ViminP <Vin <ViminN) = 8wr = 336 uS
Gm (ViminP <Vin <VimaxP) = 8wer = 672 ,uS (4515)
Gm (VimaxP<Vin <VimaxN) = 8wer = 336 :us

The impedance of the cascoded output stage is given by the voltage gain of
cascode transistors and biasing resistors

1
;= 8m7 = - 50
8as7 AVGSefr

1 1
2= (s + ) | (s + ) =250k
8ds7 8ds8

(4.5.16)

Problem 4.3

Design the circuit in Fig. 4.4.8 for a transconductance gain ¥ = 400pA/V. The
transistor parameters, transistor sizes, resistor values and output transistors drain
currents are the same as in Problem 4.2.
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Solution

The transconductance gain is given by the input g,

w
Y =282 =24/2Ky L—Ioz (4.5.17)
2

which in turn makes the drain current of the input devices to be
Y\2
2

—Z = 14pA 4.5.18
Ky B ( )

Ip; =

S=

The transistors Ms and M, are sized to be six times larger than the input devices

W _ W _ 1050

L0, 2
W W 300
Ls Ly 2p

(4.5.19)

and the tail current sources must supply eight times more current than needed for
each input device

Ly — I = 8Ipy = 112 pA (4.5.20)

Vg, differs from the one calculated in exercise (2) because the current through
resistor R;, has changed

Vi =112R12 + Vasiz = (Ip2 + Ipi2)Riz — Ve + Vasey = 1.14V - (45.21)

Vo can be calculated knowing the Vg5 is equal with Vg, as for transistors
operated at currents proportional to their size

V2 = Viss + Vpsar = 0.819V (4.5.22)
As a matter of fact, Vg, can have any value in the region of common mode input

range where both input pairs are active. The other limit for Vjp, can be easily
calculated considering the results of Problem 4.2.

Simulation Exercise 4.1

The input stage shown in Fig. 4.5.1 is a rail-to-rail input stage which can also be
considered a single-stage operational amplifier. Using a circuit as the one shown
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Fig. 4.5.1 Rail-to-rail input stage with summing circuit
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in Fig. 2.8.2, simulate the AC behavior of this input stage. If using the same RC
load, intended for an output stage, the gain and frequency behavior of the input
stage will be strongly degraded. What is the usual load driven by a CMOS input
stage?

Simulation Exercise 4.2

A transient analysis circuit for the rail-to-rail input stage is shown in Fig. 4.5.2. This
circuit can be used to plot the g,,(Vy,) curve which can affect the stability of an
entire amplifier if not known in advance. The 10 mV DC input signal is used to
obtain a current at the output of the input stage while the V; 0 V DC voltage source
keeps the output of the stage at constant voltage for appropriate biasing. Simulate
the g,, (V) curve for the circuit in Fig. 4.5.1 and calculate the percentage of g,
change over the whole V¢, range. How large can the input voltage V, be and what
limits this value?

Simulation Exercise 4.3

For the rail-to-rail input stage in Fig. 4.5.3 use the circuit depicted in Fig. 4.5.2 to
simulate the g,, (Vcu) behavior. A 0 V DC voltage source inserted near the source
or drain of M5, and M5, can be used to plot the drain current of these transistors as a
function of V,,. What is the ratio of these currents to the drain current of M4 and M5
respectively?

Input stage

V2 ([)10m

Fig. 4.5.2 Input stage
simulation circuit for
transient analysis S
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5. Output Stages

The output stage of an operational amplifier has to provide the load impedance Z;
with the desired output voltage V, and current I, resulting in an output power
Py = Vplp. The main requirements of the output stage are: the ability to deliver
negative and positive output currents at a high current efficiency, an output voltage
range that efficiently utilizes the range between the negative supply rail voltage and
the positive one, a high power efficiency, a low distortion, and good high-frequency
(HF) performance.

Section 5.1 explains some issues of power efficiency. Section 5.2 presents a
systematic classification of potential class-AB biased output circuits with a good
compromise of power efficiency and distortion. Such a classification enables us to
choose one which best matches the requirements of the output stage in combination
with the restrictions of a given integration process. The design of output stages is
divided into Sect. 5.3 for feedforward-biased class-AB output stages, and Sect. 5.4
for feedback-biased class-AB output stages. Finally, Sect. 5.5 evaluates several
current and saturation limiters for bipolar output stages.

5.1 Power Efficiency of Output Stages

Obtaining a high power efficiency is one of the main objects of designing a general-
purpose output stage. Power efficiency can be defined as the ratio of output power
P, delivered to the load and the supply power P, taken from the supply rails. The
difference between P, and P, is dissipated by the output stage. Power dissipation in
the output transistors causes the chip’s temperature to rise, while the heat that flows
from the dissipating sources towards the cooling surface brings about temperature
differences on the chip. Both the temperature rise and differences may deteriorate
the amplifier characteristics, as will be discussed shortly.

Above a temperature of 450 K, too many thermally generated electrons appear in
the conducting band of extrinsic silicon. This causes excessive diode leakage
currents, which double at each 6 K temperature increase.

In order to keep the temperature of the chip 7. below the maximum value T,ax
of about 150°C, the product of the dissipated heat on the chip P, and the thermal

J. Huijsing, Operational Amplifiers 2nd Edition, 105
DOI 10.1007/978-94-007-0596-8_5, © Springer Science+Business Media B.V. 2011
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resistance Ry between the chip and the ambience must be lower than the tempera-
ture difference AT between T, and the ambient temperature 7. So,

PdRTH S (Tcmax - Ta)- (511)

This cooling problem is present not only in large-power amplifiers but also in
micro-power amplifiers. In the latter case, the dissipated heat per amplifier deter-
mines how many OpAmps can be placed on a single VLSI chip and which measures
must be taken to avoid thermal crosstalk to sensitive points on the chip.

The thermal coupling on the chip between the output and input stages causes
internal feedback which limits the useful low-frequency gain of the OpAmp [5.1].
This effect can be divided into two parts. Firstly, there are changes in the tempera-
ture of the input transistors which modulate the offset quantities of the amplifier via
the temperature drift of these quantities (Sect. 4.1). Secondly, there are temperature
gradients which can introduce additional variations in the offset quantities. The first
effect can be minimized by placing the output transistors as far away from the
critical input transistors as possible. The second effect can be reduced by placing
the output transistors on the line of symmetry of the critical transistors, and by
precisely balancing or crosscoupling the critical transistors of the input stage as
shown in Fig. 5.1.1.

An output stage for a universal operational amplifier should be able to provide
an output voltage and current of both polarities. This leads to the general supply
configuration of Fig. 5.1.2 for an operational amplifier. The ground connection has

/ﬁ\isotherms
\

critical _/ ‘:' / D | line of
transistor pairs ~ n |:| symmetry
\. \ \ \

output transistors

Fig. 5.1.1 Layout which balances out thermal feedback

Fig. 5.1.2 General supply
configuration of an
operational amplifier
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been shown between two external supply voltages V, and V, of opposite polarity.
This is according to the general description in Chaps. 1-3. However, with a single
supply source, the ground connection is mostly placed at the negative supply rail. In
that case, the right-hand side of the load impedance Z; needs an artificial supply
connection in between the supply rails V, and V.

We will now explore several types of possible output circuits with regard to the
power efficiency and handling of both output polarities at a low distortion. The
efficiency is strongly dependent on the biasing mechanism of the output transistors.
Several possibilities of biasing are exemplified by five voltage-follower circuits of
Fig. 5.1.3. These circuits are depicted with CMOS transistors but may also be
equipped with bipolar transistors. For this reason we have named these transistors 7.
The diodes are of the same kind as the transistors.

The single-sided circuits of Fig. 5.1.3a, b handle their power very uneconomi-
cally. The first circuit is not even capable of driving the output down to the negative
supply voltage. For a symmetrical sine-wave output of maximally half the supply
voltage, its power efficiency is 20% with a resistor R, = R;.

This circuit is much more fit for asymmetrically driving a load resistor connected
to the negative supply rail. Like an open collector or drain output, such an open
emitter or source output then has a power efficiency of nearly 100% for a rail-to-rail
output block wave, disregarding the voltage loss of the base-emitter or gate-source
diode.

The second circuit has a power efficiency of 35% for a rail-to-rail output sine-
wave driving a symmetrical load resistor using a current source I; = //4Vs/Ry
connected to the negative rail.

The push-pull circuits of Fig. 5.1.3c—e handle their power much more efficiently.
Neither of these circuits dissipate power if the output is driven against the positive
or negative supply voltage, apart from power loss in the base-emitter or gate-source
diodes of the output transistors and the auxiliary components.

The class-A circuit of Fig. 5.1.3c has a maximum sine-wave efficiency of 50%.
The sum of the push and pull currents is constant:

1V
h+b=§i (5.12)

with Vg = Vgp — Vgy. It has a maximum power loss at zero output current. In this
point the class-C circuit of Fig. 5.1.3e is better with a zero power loss at zero output
current, as the product of the push and pull currents is zero:

I xL=0 (5.1.3)

A disadvantage of the class-C stage is it’s dead band in the transfer function.
This can theoretically be reduced to zero by overall feedback with a large
loop gain. In that case, the circuit would behave as an ideal class-B amplifier
with zero quiescent current in the output transistors and a max. sine-wave



108

Iml’ &H

o
2
S
&

|

& Vsp

ZVsn
I
;41
4,
/
\/
¥ 1
/ o
Vsn 7
L L 1
K f
& Vep —=Vi
K
\\[2

’.12 i

Fig. 5.1.3 (continued)

5. Output Stages

& Vsp

b

]Bwé &H
—|I:T1

vi ¥D1 | IV, Ry

ZVsn
IT /[1
'
_(/ ]a
Vsn 7
Vep —= Vi
=
d
2 Vsp
[B1¢é It
—iC T
Y D4
Vi lo, Vo RL
7, —
Y Ds
—II:TE
IBE&@ 412
B Vsn
f
hy
Vsn -7 g
Pt
2l Vsp _."V';




5.1 Power Efficiency of Output Stages 109

e

& Vgp

2 Vsn

Fig. 5.1.3 (a) Single resistor-loaded voltage follower with: R, = R; and Vg = Vgp — Vgy Sine-
wave efficiency 20%. (b) Single current-source-loaded voltage follower with: I, = 14V /R, and
Vs = Vgp — Vgy Sine-wave efficiency 35%. (c) Push-pull class-A voltage follower:
I; + 1, =1hVs/R; Sine-wave efficiency 50%. (d) Push-pull class-AB voltage follower with:
Ip = Ip; = Ip, Sine-wave efficiency nearly 78%. (e) Push-pull class-C voltage follower with a
dead current zone around V; = 0, Sine-wave efficiency 78%

efficiency of 78%. However, the limited slew rate of the preceding driver stage
causes the class-C output stage to have a distorted dynamic cross-over response.
For that reason the compromise of a class-AB output stage with a smooth cross-
over response is commonly required in analog systems. The class-AB circuit of
Fig. 5.1.3d has push and pull currents whose product is relatively small. It has a
smooth cross-over behavior. It’s sine-wave efficiency is a little below 78%.

The maximum square-wave response efficiency of the three circuits of
Fig. 5.1.3c—¢ is nearly 100%, except that the output voltage cannot completely
reach the supply rail voltage due to the diode-voltage loss of the voltage-follower
and the saturation voltage of the bias current source. It would be better to connect
the output transistors in a common-emitter or common-source configuration, as we
will see later on. Then only one saturation voltage would be lost.

In conclusion: The maximum sine-wave efficiency of a pure class-A push-pull
stage is 50%, while that of a pure class-B or class-C stage is 78% [5.2]. The sine-
wave efficiency of a class-AB stage lies a little below 78%.

Figure 5.1.4 gives an overview of the power dissipation as a function of the
output voltage of the three push-pull circuits.

A higher efficiency can principally be reached when the supply voltages could
be dynamically adapted to the output waveform, i.e., with switchable taps on the
supply sources. Another potential way of obtaining a higher efficiency is a class-D
amplifier in which the output is switched between zero and both supply voltages and
whose sampled output waveform is smoothed by a low-loss filter. These possibilities
are not described in this book.



110 5. Output Stages

l VT 100% 7
: Pol )
area which is unreachable !
because of output-transistor - ..|'
voltage drop ' Vo —=
Ven N | Vsp
Pd& | Y. class-B
class-AB
100% S class-A

Fig. 5.1.4 Power dissipation P, and output power P, as a function of the output voltage V, at
various biasing classes, disregarding bias currents

5.2 Classification of Output Stages

A systematic classification of potential output stages will be given in this section.
This provides the designer with the ability to choose that which best suits the
requirements and process parameters.

Output transistors can generally be connected in three different ways: firstly, in an
general-amplifier (GA) connection (common-emitter or common-source), secondly,
in a voltage-follower (VF) connection (common-collector or common-drain), and
thirdly, in a current-follower (CF) connection (common-base or common-gate).

A CF-connected transistor may be inserted as a cascode transistor in the collec-
tor or drain lead of a GA-connected output transistor, for instance, to increase the
output impedance of the stage. This transistor combination does not change the
basic GA configuration of the output stage. A CF-connected transistor may also
be inserted in the emitter or source lead of a VF-connected output transistor.
This results in a transistor combination which has properties similar to a normal
GA-connected transistor. The transistor combination will be classified as a
GA-connected circuit. For this reason we may leave the CF-connection out of the
classification of output stages, leaving two possible connections: the VF and the
GA-connection.

All possible combinations of VF and GA-connected output transistors give rise
to three main push-pull configurations: the VF/VF stage or fully VF stage, the
compound VF/GA stage or GA/VF stage, and the GA/GA stage or fully GA stage.
The VF/GA stage will not be distinguished from an GA/VF stage (Table 5.2.1).

The three main types are shown in Fig. 5.2.1a—c.

Figure 5.2.2 shows the desired class-AB output-current relations. For a
large efficiency, the positive and negative maximum output currents should be
much larger than the quiescent currents /;p,,y. While for a good HF behavior,
the minimum positive and negative currents should be as large as possible,

Imax,min ~ < Iquies-
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Table 5.2.1 Classification of

Connection of upper
output transistor

Connection of lower

output transistor

) Classification
all possible push-pull output number
stages

1
2
3

VF
VF
GA

VF
GA
GA

Fig. 5.2.1 (a) Fully voltage-follower (VF) stage in bipolar and CMOS. (b) Compound (VF/GA)
stage in bipolar and CMOS. (c¢) Fully general-amplifier (GA) stage in bipolar and CMOS

Fig. 5.2.2 Desired class-AB
output-current relations

TN -Imp
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Each basic circuit has a particular feature which makes it appealing. The VF
stage can be biased most easily in class-AB. The VF/GA stage can be provided
with the best type of transistor which can be made in a certain fabrication process
for both push and pull sides. This is important for high output currents or high-
frequency capabilities. The GA stage has the largest power gain.

Its output can almost reach both supply rails. This is very important for
low-voltage rail-to-rail applications.

In Sects. 5.3 and 5.4, we will see how these three basic output stages can be
efficiently biased in class-AB. This can be done by feedforward techniques and
feedback techniques.

5.3 Feedforward Class-AB Biasing (FFB)

The term “feedforward biasing” is used if the biasing is fixed by components in series
or in parallel with the signal path. This, in distinction to feedback biasing. Here a
feedback loop is used to fix the class-AB biasing, which will be discussed in Sect. 5.4.

FFB Voltage Follower Output Stages

For a long time, the voltage follower (VF) configuration has been the most popular
feedforward class-AB biasing scheme for its simplicity and robustness. The basic
circuit is shown in Fig. 5.3.1a with complementary bipolar transistors and in
Fig. 5.3.2a with CMOS transistors.

a —@ Vgp
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Fig. 5.3.1 (a) VF output stage with complementary bipolar transistors. (b) Push and pull currents
Iusn and I, as a function of the output current /,,,,,
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Fig.5.3.2 (a) VF output stage with CMOS transistors. (b) Push and pull current /,,,,s, and ,,,,;; as a
function of the output current /,,,,

For the bipolar circuit of Fig. 5.3.1a the product of the push and pull currents
I and I, is approximately constant. This is because of the logarithmic relation
between base-emitter voltage and collector current of bipolar transistors, and the
constant sum voltage across the base-emitter voltages, which is set by the diode
connected transistors Oz and Qy in a translinear loop.

So we have:

Veer + Vg2 = Vprs + Vies
Ipush X Ipul/ = ]2quies (531)

with Iyies = Ig; = Iz, and Vg = Vy In (1/15,,) + Vg, in which Vi = kT/q,

I, is the saturation current, V is the band gap voltage of silicon, and equal
parameters for all transistors are supposed.

The CMOS circuit of Fig. 5.3.2a has a square root characteristic between drain
current and gate-source voltage of the output transistors in strong inversion at high
current. This, and the constant voltage across the diodes M; and M, cause the sum
of the square roots of the push and pull currents /,,,, and I,,,;; to be constant in a
voltage translinear loop. So:

Vasi + Vas2 = Vs + Visa
V Ipuxh + Ipull =2 Iquies (5.3.2)
with ;.5 = Ip; = Ip2, and Vg = Vin + /2lo/K and equal parameters for all

transistors are supposed. For low output currents the stage behaves in weak
inversion like a bipolar stage.
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Both VF stages with bipolar or CMOS transistors show a smooth cross-over
behavior. In the bipolar circuit the maximum output current is lppyy = f1lp;,
and Ipny = Polp>. No output transistor is ever cut off. In the CMOS circuit the
maximum output current is determined by the allowable input voltage drive. The
output transistor with the lowest current will be smoothly cut off if the transistor
with the highest current has a current larger than Iy = 4l = 41 ;5.

The low-impedance of the two-diode coupling between the input nodes of the
transistors in the VF stages makes the relation between the push and pull currents
strongly fixed in class-AB. This class-AB biasing is insensitive to wide changes in
supply voltages, temperatures and process parameters. The bipolar VF stage has an
output impedance in quiescent situation

Z, (5.3.3)

with z, = V/l,,, Vi = kT/q. The CMOS VF stage has an output impedance

_ 1
28m ’

(5.3.4)

Zo

with g,, = K(Vgs — Vyy (index)), and K = uC,, W/L in strong inversion, and g,, =
Ip/(Vps — V) with (Vpg—V7y) = 60mV in weak inversion.

The successful way of biasing VF stages in class-AB is the basis of a number of
further developments, which will be discussed in the next part.

The coupling between the input nodes of the upper and lower output transistors
is so firm that the circuit can also be driven asymmetrically. This has been practised
in the bipolar circuits of Figs. 5.3.3 and 5.3.4.

The circuit of Fig. 5.3.3 is the most popular circuit. It can be found in the classic
operational amplifier pA741 of Fairchild Semiconductor [5.3], and in a number of
other OpAmp realizations. In this circuit the VF output stage is asymmetrically
driven with an GA-connected NPN transistor. The driver and upper-output transis-
tor are of the NPN type. This type of transistor has the best qualities in terms of
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'ng ;
4': Q
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———-7 out
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Fig. 5.3.3 VF _Koz
complementary FFB output .
stage with an asymmetric in Q3

GA-connected NPN driver
transistor, (LA741) ——& Vgn
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current gain, HF-response, and current capability. The lower-output transistor is a
substrate PNP, which is the next best transistor with regard to the qualities of an
NPN transistor. The maximum positive output current is Ippy, = Bilp;.

The circuit of Fig. 5.3.4 has not often been implemented in the general purpose
OpAmp. In this case the output stage is asymmetrically driven by a VF-connected
NPN transistor. Its negative output current is limited to Ipny; = P2lg2- This is lower
than the maximum positive output current of the preceding stage because 5, < f;.
The output voltage cannot reach the positive rail voltage within two diode voltages
and a saturation voltage. The linearity of the current transfer of both previous
configurations suffers from the difference in current gains f; and f, of the two
output transistors.

Next, we will look at the group of “Darlington” bipolar variants of the VF output
stage in which an emitter follower is inserted in front of the output transistor. The
different ways in which a combination of two transistors can be connected allows
for more freedom in the circuit configuration than the single VF output stage.

The conventional-Darlington VF output stage of Fig. 5.3.5 applies a Darlington
NPN in the upper half and a Darlington substrate PNP in the lower half. This has the
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disadvantage that the lower half has a significantly lower current gain (order:
30 x 30 = 900) than the upper half (order 100 x 100 = 10,000). Moreover, the
output cannot reach the supply voltages within two diode voltages and a saturation
voltage of the bias current sources. An advantage is the large ratio of maximum
output current and bias current. This stage has only sporadically been implemented.

The folded-Darlington variant of Fig. 5.3.6 uses an NPN and a substrate PNP in
both halves, which results in nearly equal current gains for both halves. This results
in a more linear current gain than the preceding circuit of Fig. 5.3.5. It is also
simpler and it can reach the supply within only one diode voltage. For these reasons
the later stage has frequently been used, for instance in the general-purpose wide-
band OpAmp described in [5.4]. A disadvantage is the larger bias current /5, needed
to drive the lateral PNP Q, with a low f.

Another way of increasing the current gain of a bipolar VF output stage, is to
add an GA output booster, as is shown in Fig. 5.3.7. This stage uses lateral PNP
transistors for Q; and Q, which have poorer qualities for bandwidth and current
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gain than those of the substrate PNPs. Moreover, their current gain f§ rapidly goes
down at higher output currents. Consequently, a practical implementation with
discrete output transistors can be considered, as in the hybrid GA power OpAmp
LHO0021 of National Semiconductor [5.5].

A disadvantage of this stage, in comparison to the previous Darlington stages, is
that the GA output transistors Q; and Q, are driven by current sources. This means
that the biasing of the output transistors is dependent on their current gain f. To
reduce this disadvantage, additional parallel-base diode chains D;, D, with resistors
R;3, R, and series-emitter resistors R;, R, have to be inserted. Such resistors reduce
the current gain.

FFB Compound Output Stages

In particular, the combination of the GA boosted VF pair in the lower half and the
conventional or folded-Darlington pair in the upper half brings about a group of
successful compound (VF/GA) stages. This success is due to the presence of an
NPN output transistor in the upper and lower halves. Members of this group will be
discussed next.

A realization of this compound Darlington output stage is shown in Fig. 5.3.8
and has been described in [5.6] for application in a monolithic power OpAmp which
can deliver an output current of the order of 1A. This is possible because the push
and pull output transistors are both of the NPN type. The use of a lateral PNP (Q,)
limits the HF response to some MHz. The biasing stability of this stage is much
better than that of the preceding stage in Fig. 5.3.7. The reason is that the upper half
controls its own current due to the inclusion of the Vg of the output transistor Q; in
its translinear bias loop. And, the overall feedback makes that the upper half also
controls the biasing of the lower output transistor Q. Hence, no low impedance

& Vgp
[E”l é

Darlington FFB output stage
with a lateral PNP transistor D Vsn

Fig. 5.3.8 VF/GA compound IBﬂ @ RB4[|] ¢]B4
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Darlington output stage with
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emitter resistor and diode chain has to be included in the lower half, as was the
case in the preceding circuit, except for a relatively large bias current-source
resistor Rpy.

Another realization of the compound Darlington output stage is shown in
Fig. 5.3.9 and has been described in [5.7] for application in the (50 MHz)
OpAmp CA 3100 of RCA. The wideband application could be obtained by replac-
ing the lateral PNPs of the preceding circuit with P MOS FETs. Again the biasing is
controlled by the upper half.

The GA boosted VF pair in the lower half combined with the folded Darlington
pair in the upper half results in the relatively simple compound output stage of
Fig. 5.3.10. It has been realized in the general-purpose OpAmp LM101 of National
Semiconductor and has been described in [5.8]. This stage also has a good output-
current capability, although its frequency response is limited to some MHz by the
lateral PNP transistor Q..
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Fig. 5.3.11 (a) VF/GA all N MOS compound output stage. (b) Equivalent circuit of Fig. 5.3.11a

A resistor voltage-level shifter has been used in the lower half of Fig. 5.3.11a to
obtain the compound stage with two equal output N-MOS FETs. The circuit is
described in [5.9]. The VF-connected N-MOS FETs M, and M5 function as two
equal and large source resistances 1/g, and 1/gs. These resistors, together with the
current mirror MsM, function as a voltage-level shifter. Because the voltage
transfer of the level shifter has a negative polarity, the lower output functions as
if it were its complementary counterpart. The equivalent VF circuit of the stage is
shown in Fig. 5.3.11b.

FFB Rail-to-Rail General-Amplifier Output Stages

After the VF and VF/GA feedforward biasing schemes, we now have to examine
the feedforward class-AB biasing of inverting amplifier (GA) output stages. The
GA configuration is particular important for low-voltage operation because the
output voltage can utilize the full rail-to-rail voltage range except for two small
saturation voltage ranges near each rail. This is in contrast with the VF configura-
tion, where the output range loses two diode voltages plus two saturation voltages.
Even the compound VF/GA stage loses at least one diode voltage and a saturation
voltage at the VF side.

The simplest configuration is the digital inverter circuit of Fig. 5.3.12a.

The relation between the push and pull currents is shown in Fig. 5.3.12b. The
quiescent current /. is difficult to control, as it is strongly dependent on varia-
tions of the supply voltage Vg = Vgp — Vgy and the threshold voltages of the
transistors Vyyp and Vyyy, according to:
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Fig. 5.3.12 (a) GA FFB R-R class-AB CMOS output stage. (b) Push and pull currents I, and
Ipun as a function of the output current I,

1, N2
Lies = 2 (Kpm +KNM) (Vs-Vrup-Viay)* (5.3.5)

To obtain a low sensitivity to supply-voltage variations and to process-dependent
variations of the transistor characteristics, these characteristics must have a shallow
curve. For this reason the biasing is chosen more A than AB by choosing a low W/L
ratio in this configuration. Bipolar transistors have such steep characteristics that
they can not generally be used in this configuration, unless the supply voltage
Vsp — Vgy = Vy is regulated at two diode voltages. The main parameter of the
CMOS GA stage is the voltage gain A, ~ g,,z4, Which is of the order of 100. The
maximum output current is restricted because of the required shallow driving
characteristic. So the digital inverter stage is a rather poor analog GA output stage.

What we really would like to obtain is a behavior that is independent of the
supply-voltage and transistor-parameter variations, like the behavior of the VF
configuration. To develop this idea, we start with the conventional VF circuit of
Fig. 5.3.13a. Next, we cut this circuit in an upper and lower half, and place these
halves reversely on each other in Fig. 5.3.13b. To this end we have to insert a
floating supply voltage source Vi, which is connected at its half to the input. This
restores the voltage translinear loop Vgs; + Vs = Vigss + Vigsa-

A first implementation of the idea is shown in Fig. 5.3.14a. The desired
voltage source between the gates of the output transistors must be of the format
Vg =Vs — Vgs; — Vigsz, with Vg = Vgp — Vgy. Such a voltage is available in the
reference chain of Fig. 5.3.14a as Vp,.

This chain M5, R, and M between the supply rails generates a current Iz, = Vg,/R>,
with Vg, = Vg — Vg5 — Vgss and Vg = Vgp — Vgn. This current is re-produced by
the current mirrors Ms, M3 and Mg, M,. The reproduced current /5; generates the
desired floating voltage V; = Ip;R; between the gates of the output transistors
[5.10]. The high-frequency behavior of the output stage is excellent because the
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Fig. 5.3.13 (a) VF feedforward biased class-AB CMOS output stage. (b) GA feedforward biased
class-AB CMOS output stage
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Fig. 5.3.14 (a) GA FFB R-R class-AB CMOS output stage with common resistive coupling.
(b) Push and pull currents /s, and I,,,,; as a function of the output current /,,,,

output transistors are directly accessible at their gates. A capacitor across R; may
improve the HF coupling between the gates, particularly when the stage is driven
from one side of R; only. The push and pull currents behave similarly to those of the
VF feedforward biased CMOS circuit of Fig. 5.3.2a and is depicted again in
Fig. 5.3.13a. The equation for the quiescent current is given by (5.3.2). The circuit
of Fig. 5.3.14a is quite useful. The minimum supply voltage equals that of two gate-
source or base-emitter diode voltages 2 V.
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Fig. 5.3.15 Low-voltage version of the GA feedforward biased rail-to-rail class-AB CMOS
output stage with common resistive coupling with a minimum supply voltage of Vs, = Vs + Viar

For a supply voltage lower than that of two diodes, the resistive level shift
voltage Vp; = Ip;R; can be prebiased with a negative voltage by crosscoupled bias
current sources /g3 through Ig4. This is shown in Fig. 5.3.15.

When the bias currents /53 through /g4 are equal to I, and R; and R, are equal to
R, the value of the bias current can be chosen equal to Iz = (Vg5 — Vi.)/R, to obtain
a minimum supply voltage Vg, = Vsp — Vgy equal to Vi, = Vs — Vi, With
Vs equal to the gate source voltage of the output transistors, and V,, equal to the
saturation voltage of the current-source transistors.

A disadvantage of the two previous stages is that the quiescent current of the
output transistors /,,;.s is proportional to the supply voltages minus two diode
voltages according to: Vg, = Vg — Vgss — Vgss-

This can be overcome by decoupling the diode connection of the drain of M5 and
driving a model output transistor My like M, by the drain of M, and comparing the
drain current /5 with a reference, current /,.z, and controling the common gate of
Ms and M3 so that Ipg = I,.r. Now the quiescent current is fixed at /,.rindependent at
the supply voltage.

The same circuit can be implemented in bipolar technology. The circuit for
supply voltages of two diodes or higher is shown in Fig. 5.3.16a.

The result is similar to that of the circuit of Fig. 5.3.1a. The product of the push
and pull currents should be constant according to Eq. 5.3.1, except for an asymmet-
ric behavior of the currents below the quiescent value /., and that one output
transistor is cut off when the other is driven. This is because the base currents of the
output transistors with different current gains f§p and fy disturb the constant voltage
Vi across R;. This results in a non-linear dynamic behavior. The resistive coupling
for bipolar transistors is not strong enough so that R; can be driven from one side
only. The minimum supply voltage is that of two diode voltages 2Vgp ~ 1.4 V.

A different way to bias an GA output stage is to individually relate the driving
voltages to the rail voltages. This is shown in a very elementary way with resistive
coupling of bipolar transistors in Fig. 5.3.17 [5.15].
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Fig. 5.3.16 (a) GA FFB R-R class-AB bipolar output stage with CM resistive coupling. (b) Push
and pull currents I,y and I,,,;; as a function of the output current /,,,,
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The idea is that the sum of the base-emitter voltages Vsyy = Vper + Vae
remains constant and equal to the sum of the voltages across the diode-connected
transistors Q3 and Qy, Vsym = Vees + Vpes, because the driving currents 1;,; and
I;,» generate equal but opposite voltages across R; and R,. The result is that the
product of the push and pull currents remains constant, as expressed with the
bipolar VF circuit of Fig. 5.3.1a and by Eq. 5.3.1. However, the base currents
in the output transistors disturb this relation because they also generate currents in
the biasing resistors R; and R;. To reduce this disturbance the resistors must be
small. On the other hand, these resistors may not be taken too small or their
conductances would take away too much of the input currents, and the current
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gain of the output stage becomes too small. An advantage of the circuit of
Fig. 5.3.17 is that the total supply voltage may be as low as one diode plus one
saturation voltage, or about 0.9 V.

We certainly would not try to use CMOS in this circuit. Their high input
impedance would be completely destroyed by the driving current of the low conduc-
tance of the resistors. But, what we can do to prevent the loss of driving current in the
separate coupling elements R; and R;, is to collect the lost currents and add them
again in a positive coupling loop. This principle is shown in Fig. 5.3.18 [5.10].

The transistor strings Q;, O3, Os, Q7 and Q,, Q.4, O, Qg are separate translinear
loops that fix the bias current of the output transistors. To allow for a 100 mV
voltage drop across the bias current sources I3 and I, a similar voltage-level shift
is created across R; and R,. To compensate for this level shift in the translinear
loops, the output transistor Q; and O, should be small. The currents which are lost
in the diode connected biasing transistors Q3 and Q, are collected by the emitters of
Os and Qg respectively, and are returned as a driving current to the complementary
side. The transistors Q3z, Os, Q4, Qs form a positive coupling loop with a current
gain of slightly lower than one, which keeps this loop stable. All input current
which is not used to drive one output transistor is used to drive the other. So, the
gain decrease due to the class-AB biasing circuit is eliminated. In fact, the positive
loop-gain coupling is a way to implement a class-AB bias circuit with high input
impedance. The circuit needs a supply voltage of that of one diode and two
saturation voltages, which is about 1 V.
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Fig. 5.3.18 GA feedforward biased class-AB bipolar output stage with separate diode string
biasing and positive loop gain coupling
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Fig. 5.3.19 GA FFB R-R class-AB Darlington output stage with CM transistor coupling

One way to eliminate the problem with the voltage drop needed for the bias
current sources is to use Darlington output transistors Q;; and Q;, in combination
with extra diodes in series with O, and Qg. The result is shown in Fig. 5.3.19
[5.10].

The result is an GA feedforward biased class-AB rail-to-rail Darlington output
stage. The stage may be driven by a single input terminal. The GA Darlington
output stage can be made very current efficient, because the currents in the class AB
loops may be chosen ﬁi lower than the maximum output currents; which may be a
factor 1,000. However, the circuit needs a minimum supply voltage of that of three
diodes and a saturation voltage, which is about 2.4 V.

A very robust feedforward biasing in class-AB arises if we simplify the trans-
linear loops such that the diode coupled transistors Q3 and Q, and the Darlington
transistors Q;; and Q,, are taken away, as shown in Fig. 5.3.20a [5.10].

The translinear loops Q;, O3, Os, Q7 and Q-, Q4, Oy, Og strongly fix the biasing
in class-AB. The behavior of the push and pull currents /,,,,5;, and 1,,,,;; in relation to
the output current /,,,, is described as:

2
(Ipush - 1/21quies)(1pull - 1/21quies) - (l/zlquies)
Tow = Ipush — Lpull (5.3.6)

Tyiv = l/zlquies = 1/2[131 = 1/2[1!32 = 1/2133 = 1/2[194

with equal emitter areas for Q;, O3, Os, Q7 and Q,, Oy, Os, Os.
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Fig. 5.3.20 (a) GA FFB R-R class-AB bipolar output stage with CM transistor coupling. (b) Push
and pull currents I, and Iy as a function of the output current Loy

In the quiescent state, half the current of the current sources Ip; and Iz, flow
through transistor Q3 and the other half through Q4. But when one of the output
transistors, say Q;, draws a large current, all of the current of the current sources /I,
and /g, flow through Q,. This means that the current through Q. is doubled. And,
consequently, the current through the output transistor O, is halved, and is not
reduced further. This situation is in favour of the simpler VF circuit of Fig. 5.3.1,
whose behavior was described by Eq. 5.3.1. There the push or pull current did
approach zero at full output current.

Since the output transistors always stay into their normal working conditions, a
low distortion can be achieved by this circuit.

Another advantage of this circuit is the simplicity of the coupling circuit between
the upper and lower output transistors. The coupling circuit consists of a mesh of
two head-to-tail connected transistors Q3 and Q4. This mesh shapes a positive
feedback loop with a gain just below one. Therefore, the mesh has a high input
resistance for CM input currents. Except for the base currents, no driving current is
lost from this mash. All input current, which is not used to drive one output
transistor, is automatically rerouted to the other output transistor. Firstly, this
means that the class-AB coupling is so strong that the output stage can easily be
driven from a single upper or lower input terminal, without losing control of the
biasing. Secondly, the straight coupling through Q3 or O, from one side to the other
means that the driving currents may far exceed the bias currents Ip; and I,. This
implies a large ratio between the maximum output currents and the bias currents of
the circuit.

A final advantage is the good high-frequency behavior, firstly, because the
output transistors are directly accessible by their inputs, and secondly, when the
input current is rerouted to the complementary output transistor, the signal has only
to pass one transistor Q3 or Q4 in a common-base connection.
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Fig. 5.3.21 (a) GA FFB R-R class-AB CMOS output stage with CM transistor coupling. (b) Push
and pull currents I, and Iy as a function of the output current Loy,

The only disadvantage of this GA output stage is that it needs at least a supply
voltage of two diodes plus a saturation voltage, which amounts together to about
1.6 V.

The last described circuit also has excellent properties in CMOS technology.
The GA feedforward biased CMOS output circuit with a simple common-mode
transistor coupling is depicted in Fig. 5.3.21a [5.11] [5.12].

We take all (W/L)p of the P-channel transistors three times larger than the (W/L)y
of the N-channel transistors to compensate for the one-third ratio of the mobilities
up and py in order to keep the transconductances of the N-channel and P-channel
transistors equal at equal currents. For simplicity, we take all (W/L)y equal for the
N-channel transistors and all (W/L)p equal for the P-channel transistors, except for
the output transistors which are scaled a factor o larger. If we choose the quiescent
currents through the translinear loop transistors equal, we need the following
relation between the bias currents: 1, 1p; = 1/ 1p, = Ig; = Ips = Ig. When we
describe the CMOS transistors with Vgg = V5, + V2Ip/K, and p = uC,WJL, the
following relation between the push and pull currents results:

( /[push -2 ]qllies)z —+ (\/Ipu][ -2 Iquies)z = 2[quies (5 3 7)

Lsies = olg, and iy = (2 — V/2)*1, = 0341, at yyax = 41 guies

When one of the push or pull currents becomes four times as large as the
quiescent current, the other one becomes (2 — \/2)2 = 0.34 times the quiescent
current /5. At this value the full bias current of I5; = I, flows through one of the
transistors M3 or M, while the other is cut off.

The smallest one of the push or pull currents will not become any smaller and
stays at 0.34 1,5, while the largest one is allowed to increase far above 4 I,
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Again, this class-AB regulation is very robust because none of the output transistors
is ever cut off, but stays largely within the normal bias conditions.

It is interesting to note that the mesh with M; and M, on one hand fixes the
differential-mode voltage movement at the gates of the output transistors in robust
class-AB biasing conditions, but, on the other hand, does not present any resistance
to the common-mode voltage movement at the gates. Though the source impedance
of M; and M, present a normal value, the head-to-tail connection of these transistors
form a positive feedback loop for currents with a gain of nearly perfect unity, which
cancels the influence of the source resistance on the common-mode voltage move-
ment. Or otherwise described, no common-mode driving current can flow out of the
mesh M3, M,. All input current is either used to drive one or the other output
transistor.

The same advantages of the bipolar stage are present with the CMOS GA
feedforward biased class-AB output stage. The circuit may easily be driven from
one input terminal. All current which is not needed to drive one output transistor is
automatically rerouted to drive the other output transistor. The high-frequency
behavior is excellent, because the output transistors are directly accessible from
their input, and, when one input drives the other output transistor, only one transistor
in a common-gate connection is in series with the signal. The only disadvantage is
that the output stage needs two diode voltages and one saturation voltage as a
minimum supply voltage, which is about 1.8 V.

Conclusion

We have discussed feedforward biased class-AB output stages. The simplest ones
were the voltage follower (VF) configurations. These are the classic solution for
class-AB biasing. Several circuits with Darlington output transistors have been
shown. The compound (VF/GA) derivations are of particular interest because of the
use of solely NPN transistors as output transistors. This makes these circuits
suitable for large currents or high frequency responses. The inverting-amplifier
configurations (GA) are of importance at low supply voltages, because the output
can utilize nearly the full supply voltage. Several robust bipolar and CMOS GA
circuits have been shown.

5.4 Feedback Class-AB Biasing (FBB)

In the preceding section, a systematic classification has been given of output stages
which are feedforward-biased. We have investigated voltage-follower (VF), com-
pound voltage-follower/inverting amplifier (VF/GA), and general-amplifier (GA)
feedforward configurations. In all these stages the biasing and driving functions
are processed by the same components. This often leads to compromises. In this



5.4 Feedback Class-AB Biasing (FBB) 129

section, output stages are discussed in which the biasing function is separated from
the driving in what we will call feedback biasing (FBB). The push and pull output
currents are measured and compared with a bias reference. If the biasing is not
correct in a class-AB relation, the output transistors receive a correction signal by a
feedback signal. In this way, we obtain more freedom to design the class-AB output
stage in the GA, VF or VF/GA mode according to the derived specifications in a
certain IC process.

Basically, there are two possible places to measure the push and pull currents.
Firstly, a voltage measurement transistor can be connected with its base-emitter or
gate-source in parallel to the base-emitter or gate source of the output transistor.
Secondly, a current-measurement diode may be inserted in the collector or drain of
the output transistor with a measurement transistor with its base-emitter or gate-
source connected across the diode.

In any case, the currents of the measurement transistors have to be related to
each other in a translinear loop which controls the class-AB biasing of the output
transistors.

FBB Voltage-Follower Output Stages

The simplest feedback-biased VF circuits are drawn in Fig. 5.4.1a, b. The transis-
tors Q3 and Q, measure the sum of the base voltages of Q; and O, and regulate this
sum at a constant value so that the product of the push and pull currents remains
constant, according to Eq. 5.3.1 with bipolar transistors.

2 2 Vgp ® 2 Vsp
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——— Vout % Vout
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Fig. 5.4.1 (a) VF FBB class-AB bipolar output stage with parallel transistor measuring. (b) VF
FBB class-AB CMOS output stage with parallel transistor measuring
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With CMOS the sum of the square roots of the push and pull drain currents is
controlled at a constant value according to Eq. 5.3.2. In fact, there is no difference
between the feedback-biased circuits of Fig. 5.4.1a, b and the feedforward-biased
circuits of Figs. 5.3.1a and 5.3.2a, except that the input connections are drawn
immediately at the bases or gates of the output transistors instead of in between the
diode-connected transistors Q3 and Q, or M; and M. Because of this similarity we
will not discuss VF feedback-biased stages further.

FBB Compound Output Stages

A compound output stage with equal N-type push and pull output transistors is
particularly important for bipolar output stages because of the much better proper-
ties of NPN transistors than PNP ones. For that reason, the examples of this
paragraph are given with bipolar transistors, but the ideas extend to other transistor
types as well. A compound output stage can be obtained by combining a feedfor-
ward-biased VF upper half with a feedback-biased GA complementary lower half,
as is shown in the bipolar circuit of Fig. 5.4.2a. The diode D, measures the collector
current of Q,.

The transistor Q3 and series diode D; measure the sum of the voltages across Q,
and D, and regulate the input signals directly on the base of Q;, and indirectly
through the mirror D30, on the base of Q,.

The class-AB biasing is so strong that the circuit can easily be asymmetrically
driven at the inverting input, as is shown in Fig. 5.4.2b.
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Fig. 5.4.2 (a) VF/GA compound mixed FFB and FBB class-AB output stage. (b) VF/GA
compound mixed FF and FB biased class-AB output stage with asymmetrical driving at the
inverting input
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The VF/GA circuit may alternatively be driven as if it were a feedforward
biased stage by connecting the input symmetrically between the emitter of Q3
and diode D;.

If the transistor Q; is replaced by a diode D; and the feedback is removed, a
strongly simplified feedforward-biased compound output stage arises, which no
longer has a linear current transfer. This circuit and its current transfer characteristic
are shown in Fig. 5.4.3a, b. A practical realization of this circuit is found in the
power OpAmp PHA791 of Fairchild [5.13] with a maximum output current of 1.2 A.
The most important properties of this compound stage are that it uses push and pull
output transistors of only one kind (NPN), and that it is simple. The transimpedance
of the circuit can be linearized by inserting a dominating Miller feedback imped-
ance Z, across the natural collector-base impedance of Q».

More gain can be obtained by the application of Darlington transistor combinations.

The mixed-biased combination of a feedforward-biased Darlington VF upper
half with a feedback-biased GA-boosted VF lower half shown in Fig. 5.4.4 is of
interest. The stage has a smoother cross-over behavior, a better bias stability and a
higher gain at low output currents than those of the feedforward-biased equivalent
of Fig. 5.3.8. This Darlington stage has a high ratio between maximum output-
current and input-bias currents /z; through Ip,. The output-voltage range is four
diodes and two saturation voltages lower than the supply voltage range.

Combining the feedforward-biased folded Darlington in the upper half with the
feedback-biased GA-boosted folded-VF lower half results in the rather simple
VF/GA mixed-biased stage of Fig. 5.4.5 with an output-voltage range that loses
only two diodes and two saturation voltages of the supply voltages. The accurate
feedback biasing gives the circuit a smooth class-AB cross-over behavior.

Feedback biasing provides us with the freedom to use any output transistor
configuration because driving and biasing functions can be chosen independently.

a b
—& Vgp
1811 IOT arctan B By

Q

D1 Io
v, :

— -
Dy VD X
Zs . arctan Po
[ Pap

Fig. 5.4.3 (a) VF/GA compound simplified mixed FFB and FBB class-AB output stage driven at
the inverting input (LA791). (b) Non-linear current amplification of the circuit of Fig. 5.4.3a



132 5. Output Stages

Fig. 5.4.4 VF/GA compound & Vgp
mixed-biased Darlington
class-AB output stage
Q
out
Ds
Q
@ Van
Fig.5.4.5 VF/GA compound | 2 Vsp
mixed-biased folded- Ig1 % BEL
Darlington class-AB output o
sta Q
ge [N
& out
7D,

I3 —KQ.?
¢@ & Vgn

For instance, for high current gain and high bandwidth we can choose to use all NPN
Darlington transistors in a compound VF/GA output stage as shown in Fig. 5.4.6. The
output transistors are feedforward-driven by the input signals without going through
other transistors.

Independently of this driving, the class-AB feedback biasing is settled by the
measurement transistors Qs and Q; with diodes D, and Dj3, respectively, in series
with the emitters. These transistor-diode combinations measure the sum of the
voltages across the base-emitter junction of Q; carrying the push current, and the
diode D, carrying the pull current. The biasing current for the lower half is fed via a
folded CF-connected PNP transistor Qs. The all-pass network Ry, Cypasses the low-
frequency currents through Qs, while frequencies above w; = 1/R; C; are directly
fed to the lower half. The good HF properties of the feedback bias path is essential
for the HF stability of the feedback loop.
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Fig. 5.4.6 VF/GA compound FBB AllI-NPN class-AB Darlington output stage

The circuit may be driven asymmetrically at the upper input terminals as a
voltage follower, or at the lower input terminal as an invertor. In both of these cases,
the internal biasing circuitry provides a correct class-AB behavior of the whole
output stage.

The circuit may ideally be driven with two input currents having opposite signs.
These currents can be obtained at the two output terminals of a longtailed transistor
pair having a tail current source, or at the collector and emitter terminals of a
transistor connected as a voltage and current follower (VCF).

The transimpedance of the upper output half is roughly equal to the parasitic
parallel impedance Z, between the upper input terminal and the supply or substrate
terminals, while that of the lower half is equal to the Miller impedance Z,, between
the collector and base nodes of the lower Darlington transistor. The high-frequency
behavior and slew rate of both halves can be balanced by adding a Miller capacitor
C), to the lower half which is as large as the natural parasitic capacitor C,, in the
upper half.

The circuit has been realized in a 30 MHz operational amplifier [5.14], see
Sect. 7.5.

A disadvantage of the series connection of a measuring diode and the lower
output transistor is the loss of one extra diode voltage in the output voltage swing. In
order to eliminate this loss, measurement transistors Q3 and Q. are placed with their
base-emitter connections in parallel to those of the output transistors Q; and Q>
respectively, as in Fig. 5.4.7.
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The currents of the measurement transistors are brought in a class-AB relation
by the translinear loop [5.15] with Qs through Q;; and controlled by the output
currents of Q;, Qg through the mirrors Q;,, Q;4 and Q;3, O;s. Alternatively, the
controlling could be done by the output currents of Qg and Q,, through folded
cascode with an all pass RC network as shown in Fig. 5.4.6, if the HF stability of the
feedback loop with the PNP controlling transistors Q;, and Q;s appears to be
insufficient. We suppose that all emitter areas are equal for the NPN transistors
and equal for the PNP transistors, except that the output transistors are n times
scaled up. We also suppose that all transistors Os—Q;; have an equal current in
quiescent state.

The translinear loop Qs through Q;; has several segments. The diode connected
transistors Qs and Qs model the base emitter voltages of the output transistors
Q; and Q,, respectively. The transistors O, and Qg function like an and-gate,
passing on the lowest of the two diode (Qs, Q) voltages to their common emitter
connection. Thus, the lowest of the two output currents is regulated. If the lowest
current is half the quiescent current, O, or Qg already take over the full current of
both transistors in the quiescent-state. So the lowest of the push or pull currents
never comes below half the quiescent current according to:

(Ipush - 1/2 Iquies)(lpull - 1/2 Iquies) = (1/2 Iquies)z (54.1)

This is equal to the expression (5.3.6) of the GA feedforward biased output stage
of Fig. 5.3.20a. This robust biasing scheme is realized in a 100 MHz precision
operational amplifier [7.16], a 1 GHz operational amplifier, and in a 100 mA voltage
and current efficient operational amplifier [5.23].
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FBB Rail-to-Rail General Amplifier Output Stages

Finally, we will see how the flexibility of the feedback class-AB biasing will turn
the push-pull inverting-amplifier output stage into a robust rail-to-rail GA output
stage which can function well at a low supply voltage.

Firstly, we will show how feedback biasing can mimic the classic class-AB
control of the VF output stage with two diodes. Figure 5.4.8 shows how this is done
[5.16].

The circuit has GA Darlington output transistors which are directly accessible
from the input. The upper folded Darlington structure has an extra current boost O,
D3, Qg to compensate the low current gain of the lateral upper output transistor Q.
The base-emitter voltage Vg, of the upper output transistor O, is converted into a
current by the base-emitter diode of Q7 in series with R, and regenerated into a
voltage across the base-emitter diode of Q;, in series with R;,. The base of Q¢ is
connected to the base of the lower output transistor Q;. In this way the sum voltage
Veesum = Veer + Vpez of the two output transistors is modeled. This sum is
compared to the sum of two diode voltages Vpg., = Vp; + Vp, by a differential
amplifier Qg, Q9. When the sum of the base-emitter voltages Vg, is lower
than the sum of the diode voltages Vpg,.,., the transistor Qg draws more current
and Qg less current than half the tail current Ip,. This differentially engages
both output transistors, by which the sum of the base-emitter voltages grows until

2 Vgp
oo o W 1o
Igy | Ig2 Ips Ig7
Q : a
||'n2 @ }\\05 ltpush
4| Qq
b —@ Vout
Iin1 ,@( }“\QS
%) R Loy
— n rpult
+4 Rio Vee2
V -
- Q1o K@
S | 01 # _KQG +
+L YD Iga  [VeEt 4 VeE1
V 2
D2 | = Igs SIZ D3| 1gg =
i 2 Vsn

N e
class - AB control push and pull
Darlington output transistors

Fig. 5.4.8 GA FBB R-R class-AB Darlington output stage with control amplifier (NE5230)
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Veesum = Vpsum- With equal quiescent currents and emitter areas for all NPN
transistors and diodes, as well as for all PNPs, and R;y = R the push and pull
currents are controlled as to obey:

Ipmh -Ipull = Izquies = ]ZB] (542)

This behavior is equal to the VF circuit of Fig. 5.3.1a, as described by (5.3.1).

The minimum supply voltage is two diodes and a saturation voltage, which is
about 1.8 V. The circuit is utilized in the Signetics NE5230 low-voltage operational
amplifier and described in [5.16].

A weak spot of this circuit is the high impedance at the emitter of Q;, when the
upper output transistor is nearly cut off and the current through Q;, is low. This
deteriorates the HF behavior of the feedback loop. To prevent this, a shunt resistor
Rg has been placed across the bases of the differential control amplifier to lower the
impedance on the emitter of Q.

The class-AB control can be improved by using a minimum selector [5.15]
Q10, Q;; as shown in Fig. 5.4.9. The minimum selector is placed on top of the base-
emitter voltages Vgg; of Q; and Vg, of Q,. The last voltage is modeled by the
diode-connected Q4. With equal quiescent currents and emitter areas for the NPN
and PNP transistors respectively, the relation between the push and pull currents is:

2 2
(Ipush - 1/2 Iquies)(lpull - 1/2 ]quies) = (1/2 ]quies) = (1/2 IB[) (543)
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Fig. 5.4.9 GA FBB R-R class-AB output stage with Darlington output transistors and minimum
selector (NE 5234)
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The low impedances anywhere at the emitters of the control circuit ensure a
good HF behavior of the class-AB loop. The differential amplifier Qg, Q9 controls
the class-AB behavior in a robust way.

The push and pull output currents do not go below !/21,,;.s. The amplifier has a
similar relation between the push and pull currents as the circuit of Fig. 5.3.20a with
Eq. 5.3.6. The circuit of Fig. 5.4.9 can be found in the quad OpAmp NE5234 and is
described in [5.17].

It is interesting to note that if, in these circuits, only one input terminal is used
to drive the circuit, the regulator amplifier automatically drives the other input
terminal correctly. Half of the input current is used to drive one output transistor.
Whereas, through the collector-emitter loop of the differential amplifier the other
output transistor receives the other half of the input current. Further, if one output
transistor is regulated at a constant value of 1/ I uies, the other output transistor gets
all the input driving current of both inputs. This guarantees a very linear signal
transfer.

A low voltage version of the previous circuit is shown in Fig. 5.4.10. The base-
emitter voltages of the output transistors are modeled in a reduced form across R,
and R;. The minimum selector Q;y, Q;; takes the lowest of these voltages and the
differential control amplifier Qg, Qg regulates this minimum equal to a reference
voltage across a reference network. The circuit has the capability to work down to
one diode voltage and two saturation voltages, which amounts to about 1.0 V. The
circuit is described in [5.17].

A similar circuit can be obtained in CMOS. A CMOS GA feedback- biased
class-AB output stage is shown in Fig. 5.4.11.
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Fig. 5.4.10 GA FFB R-R class-AB bipolar output stage with minimum selector for a 1 V supply
voltage
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Fig. 5.4.11 GA FBB R-R class-AB CMOS output stage with minimum selector for 1.2 V supply
voltage

The measuring of the lower output transistor M; cannot be done in the same way
as in Fig. 5.4.10, because the threshold voltage of CMOS transistors cannot be
scaled by the W/L ratio’s. Only the current can be scaled down. This is done with
the aid of two current mirrors M;, M3 and M4, M.

The voltage across Rs carries a model of the current in the lower output transistor
M,, while the voltage across Ry carries a model of the current of the upper output
transistor M;. The minimum selector M, M, takes the lowest of these voltages.
The differential amplifier Mg, Moy compares the lowest voltage with the voltage
across a reference circuit M, R;, which is biased by /g;. For equal transconductance
of the P-channel and N-channel output transistors, the W/L ratio of all P-channel
transistors is taken three times that of the N-channel ones, to compensate for a lower
charge mobility ,. The resulting behavior is roughly similar to that of the circuit of
Fig. 5.3.21a and Eq. 5.3.7.

The circuit is described in [5.18]. It works down to a supply voltage of one diode
and two saturation voltages, which amounts to about 1.2 V.

A GA feedback-biased class-AB output stage which avoids resistors in a CMOS
process is shown in Fig. 5.4.12 [5.19]. It can easily be scaled with the W/L ratios of
the CMOS transistors. The minimum selector is composed of two inverters M;;,
M5, M3, M;s and M;,, M4, followed by a maximum selector M ;s and M;,, M ;¢
which functions as a differential control amplifier as well. The reference is set by
M 9. The inverters invert the minimum output currents of the output transistors to a
maximum. The differential amplifier is controlled at the right-hand side by the
highest of the two voltages at the gates of M;, or M4 respectively.
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Fig. 5.4.12 GA FBB R-R class-AB CMOS output stage with a maximum selector for 1.2 V
supply voltage

The quiescent current is:

_ WiW> LjiLj;
! LiL, Wi Wy

(2Iref2 - [refl) (544)

The minimum current stays at about two-thirds of the quiescent current. The
application of feedback-biasing allows a minimum supply voltage of that of one
diode and two saturation voltages, which amounts to about 1.2 V.

A very simple minimum selector without resistors in CMOS technology is
shown in Fig. 5.4.13 [5.20].

The minimum selector is composed of two measuring transistors M;; and M,
and a mirror M;;, My, If M, carries the lowest output current, M,, is biased in
triode mode and M, roughly measures the minimum current of M,. If M, carries
the lowest current, M;; acts as a cascode which passes on the current of the
measuring transistor M;, which is fed through the mirror M,,, M,,. The quiescent
current and minimum currents are:

_ W Wy LjLj;
LiL, Wi W, "

(5.4.5)
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Fig. 5.4.13 GA FBB R-R class-AB CMOS output stage with simple minimum selector for 1.2 V
supply voltage
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The circuit excels by its simplicity. The minimum voltage is equal to that of one
diode and two saturation voltages, which amounts to about 1.2 V.

Conclusion

We have discussed feedback-biased class-AB output stages in a voltage follower
(VF), compound (VF/GA), and inverting amplifier (GA) configurations. The VF
circuits are similar to those with feedforward-biasing. Though they are the simplest,
their output voltage range loses at least two diode voltages and two saturation
voltages in regard to the supply voltage range.

The VF/GA stages are of particular interest in “all-NPN” output stages, where
large output currents must be drawn, or where the highest frequency response of the
NPN transistors must be utilized. These circuits lose minimally one diode voltage
and two saturation voltages in their output swing. The GA output stages are of
particular importance at low supply voltages, as their output voltage can swing
nearly from rail-to-rail, except for a saturation voltage at each rail. The feedback-
biasing robustly controls these stages in class-AB and leaves much flexibility to the
designer. The minimum supply voltage may be of the order of one diode voltage
and two saturation voltages.
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5.5 Saturation Protection and Current Limitation

Output stages that have to deliver large output currents and high bandwidth may
advantageously be equipped with bipolar transistors. This is possible in bipolar and
BiCMOS processes. However, if the output voltage becomes so low or high that
respectively the NPN or PNP output transistor saturates, the bandwidth of these
transistors may easily become so low that the amplifier starts to oscillate. Moreover,
the substrate parasitic transistors become activated so that a large substrate current
may cause unexpected latch-up problems. For this reason we need a saturation-
protection circuit. This is presented in the section “Output Saturation Protection
Circuits”. Bipolar output transistors can also be easily overloaded when the output
has to supply heavy loads or is being short circuited. For that reason a current
limitation circuit is needed. Several limiters are presented in the section “Output
Current Limitation Circuits”.

Output Saturation Protection Circuits

When the collector-emitter voltage of an GA-connected bipolar output transistor
becomes lower than about 200 mV, the collector-base junction becomes forward
biased. This causes several undesired effects. The situation is depicted in Fig. 5.5.1
for a push-pull GA/GA configuration. But the effect is also present in the lower side
of a VF/GA connected all-NPN output stage.

Firstly, if one of the transistors Q; or O, becomes saturated, the collector-base
junction is activated and a large reverse current may flow back from the collector
into the emitter. This must be compensated by a further increase of the forward

2 PNP, NPN,
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Fig.5.5.1 A push-pull GA/GA output stage with a PNP; and NPN; transistor and their PNP}, and
PNP), parasitic transistors
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current. The result is a decrease of f and an increase of the diffusion capacitors. The
bandwidth of the output stage may decrease so much that the frequency compensa-
tion may easily become unstable. Ringing is the result.

Secondly, the parasitic substrate PNP transistor ), or Q% of the concerned PNP
transistor Q; or NPN transistor O, becomes active. This may cause a large current
to flow into the substrate. Particularly, in BICMOS processes with a lightly doped
substrate, a large voltage drop in the substrate may be the result so that even reverse
biased diodes may turn on. This may cause unexpected latch-up problems in the
circuit.

The saturation voltage may be modeled by using the Ebers-Moll model [5.21].
When we suppose that while saturated the ratio between the collector and base
currents is in the order of the square root of the forward current gain [z, the
saturation voltage can be simply expressed as:

Veesar = Iere + k_T In (i I—C> 5.5.1)
q Br I

The first term is caused by the internal resistive collector resistance r... This term
can be of the order of several 100 mV. The second term maybe of the order of
20-50 mV.

For detection of saturation, we could use the actual collector voltage if we are
sure that the resistive collector voltage drop is sufficiently under control. This gives
rise to the saturation protection circuit of the Darlington output transistor of
Fig. 5.5.2 for example.

A disadvantage of the clamp transistor Q; is that the emitter can easily get too
high a reverse voltage, so that it could become zenering and be destroyed. There-
fore, it is better to interchange its emitter and collector connections and use it
reversed. If we further connect the base of Q; to the base of Q;, the collector-base
junction of Qj perfectly matches the collector-base junction of Q; in voltage,
dopingprofile, and process variations. The only detection error that remains is the
resistive collector voltage drop. To largely avoid this, we may use an output
transistor with a second emitter. So, we obtain the robust saturation protection
circuit of Fig. 5.5.3 [5.22].

2 Vsp
Vin Q
-2
- — 2 Vout
T ‘*‘*3
lin
<
I +
Fig. 5.5.2 Saturation B2¢ () Vg1
protection with clamp -

transistor Q3 2 Vsn
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Fig. 5.5.3 Robust saturation
protection with a second
emitter Q; of the output
transistor Q;

Vsn

Another important feature of the protection circuit of Fig. 5.5.2 is that the control
loop through O, and Q; is very short and naturally HF stable. A complementary
circuit can be used with the complementary PNP output transistor if applicable.

Output Current Limitation Circuits

The high bandwidth f; and current gain f of the NPN transistor makes it perfectly
suitable for a high quality output stage in a bipolar or BICMOS process. But these
very attributes also make the NPN output transistor vulnerable for overloading at
heavy load currents or at short circuit conditions. Therefore, a current limitation
circuit has to be applied. Many existing limiter circuits have control paths that are
too long, so that these circuits tend to oscillate when they have to limit the output
current. In the next three circuits, this has been avoided. There are two ways to
detect over-currents in output transistors that do not make the circuit too compli-
cated or do not cost too much voltage loss in the output range. The first detection
method is to measure the collector current of a transistor connected with its base-
emitter contacts in parallel with those of the output transistor. The second detection
method is to insert a small resistor into the emitter lead of the output transistor and
to measure the voltage drop over that resistor. The latter is more accurate of course,
as we measure the real current through the output transistor.

The first limiter circuit is divided from the successful saturation limiter circuit
with a reversed connected detection transistor Q4 in combination with a model
transistor Q3 in parallel with the output transistor Q;. The circuit is given by
Fig. 5.5.4 [5.22].

The resistor R; together with the base-emitter voltage of Q3 set the threshold
current. A disadvantage of the resistor connection to the base of Q; is its damping
action on the current gain of Q,.

But this can be overcome by some extra elements. Another drawback of the
circuit is that the reverse connected transistor Q4 has a low reverse current gain in
modern processes. This slightly weakens the limitation action.
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limitation circuit with a
model transistor Q; in parallel
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A limiter circuit that alleviates the above mentioned disadvantages is shown in
Fig. 5.5.5. It uses a model transistor Q5 in parallel with the output transistor and
a separate threshold bias current Iz; in its collector circuit. The circuit further
incorporates diodes for clamping purposes. The limiting action is strong enough
so that a current limitation series resistor R; may be used in series with the emitter
of Q3. The limitation function may be sharpened by using a fixed voltage instead
of R 3.

One disadvantage still remains: if the output transistor tends to go into avallange
breakdown at high output voltages, the model Q3 does not detect this. Only the
current source Iz, can absorb some the avallange current.

If we really want to measure the output current through Q,, an emitter resistor R,
can be connected in series with the emitter of Q;.

The current can be measured by Q3 through a voltage level shifter Q, and biased
by a threshold current source /g3, as shown in Fig. 5.5.6 [5.22].

The diodes D, through D; perform clamping functions. The maximum voltage
across the measuring resistor R; need only to be of the order of 50 mV, so that not
much of the output current range is being sacrificed.

The limitation functions starts at a value of:

kT Igz A
Lot tim = —— In <B3 4) (5.5.2)
Riq Ips Az
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where A4/Aj is the ratio of the emitter areas of Q4 and Q3. Q5 has further been added
to increase the current by which the output transistor is being cut off. This may be
needed in case of avallange breakdown of Q.

As a conclusion the operation characteristics of the three limiter circuits as
discussed are shown in Fig. 5.5.7.

Further information can be found in [5.23].

5.6 Problems and Simulation Exercises

Problem 5.1

The voltage-follower output stage shown in Fig. 5.3.2a is biased with
Ig; = Ig; = 20 pA, with transistors sized W/L; = 175, W/L, = 50, W/L; = 35,
W/L, = 10. The MOS devices are modeled by Vyyy = 0.5, Vigp = —0.6,
Ky = 56 uA/VZ,KP =16 ],LA/VZ and the current sources are saturating at Vi, = 0.2 V.
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Calculate the maximum output current so no transistor operates at zero drain

current and the output voltage range which does not introduce distortion in the
signal. The supply voltages are Vpp = —Vgg = 1.5 V.

Solution

The quiescent current of the output stage is given by the all-V ¢ loop formed by the
four MOS devices. Noting that the size of these devices obey

v w
’*Wf - LW" (5.6.1)
L; L
the solution is
Ip; = Ip; = 5Ip; = 100 pA (5.6.2)

According to Eq. 5.3.2, the maximum output current which still allows the both
transistors to operate is

Tomax = 4[quiesl,2 =400 pA (5.6.3)

The limits for output voltage can be calculated considering the fact that both
pairs of NMOS and PMOS transistors operate at the same saturation voltages, but
the diode connected transistors are drastically limiting the input voltage range.
When approaching one voltage limit, the current through the limiting transistor is
also decreasing, a convenient limit being /, = 0 which corresponds to a Vg =V,

Vomax = Vimax = Vsp — Vpsar — Vas3
= Vsp — Vpsar = Vruy = 0.8V
Vomin = Vimin = Vsn + Vsar — Visa
=Vsy + Vpsar — Vyup = —0.7V 5.6.4)

Problem 5.2

Figure 5.3.7 shows the schematic of a bipolar IA/VF output stage. The diodes D,
through D, have an area A, and a saturation current Iy = 107'® A. The other
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transistors are upsized: Q; and Q; ten times, Q3 and Q4 two times. The resistor R,
and R, are 100 Q while R; = R; = 1 kQ. The biasing sources Iz; = I> = 10 yA and
the transistors have large current gain and a saturation voltage V,, = 0.2 V.
Calculate the minimum supply voltage which allows the output to reach 2Vpp
without distorting the signal. Consider kT/q = 25 mV.

Solution

In order to calculate the limits of the output voltage, the biasing currents must be
known for all transistors and diodes. The biasing of Q; and Q4 can be easily
calculated based on the translinear loop Q; — Oy — Dy — D3

I A
Ies=1Ics =B g =Ly, =20pA (5.6.5)
Isps3 Aps

The biasing of Q; and O, can be calculated by observing that in the
O; —R; — R; — D, loop, the ratio of sizes for both resistors and transistors is 10, so

IC[ = 10[01 =200 HA (566)
This value satisfies the equation

kT | Icil,
— lnﬂ:Rj’ID] _RIICJ (567)

q Ipilsgr

Alternatively a numerical solver can be used to find the solution of this equation.
The maximum output signal which is not saturating any transistor is

VOmax = VSP - maX(VBE3 + th]B]a VsatQS + VD] + R3]37 thQl + RII]) (568)
Obviously, the second term in the list above has the largest value, as it adds a Vg

to a saturation voltage and the voltage on a resistor. This makes the value of the
maximum output voltage to be

kT 1
Vomar = Vsp — Viaps — — In—25 — Ryl = Vp — 650.8 mV (5.6.9)
q Ispi

As the requested range of the output signal is 2 V peak-to-peak, the supply
voltage should be

Vsp = Vey =2V +2+650.8mV =33V (5.6.10)
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Problem 5.3

The class-AB output stage depicted in Fig. 5.3.14a operates at Vgp = Vgy = 1.5V
and the MOS devices are sized W/L; = W/Ls = 35, W/L, = W/Ls = 10 W/L,; = 100
and W/L, = 350. Resistor values are R; = R, = 50 kQ. Considering the MOS
parameters Vygy = 0.5 V, Vygp = —0.6 V, Kp = 16 pA/V?, and Ky = 56 uA/V?
calculate the maximum push and pull currents of the output such that no transistor
operates at zero drain current.

Solution
The biasing of the output stage is set by the current leg Ms — R, — Mg
Vsp — Vsv = Vgss + Ralpz + Viss (5.6.11)

Replacing the Vg expression as functions of drain currents, the following
second order equation results

21 21
— Vrwp + L;ZV + Rolpy + Vrun+ _szv —Vep +Vsy =0 (5.6.12)
Kp— Ky—
"L N

which has the only positive solution

Tsr = 5.6.13
B2 R, ( )
with
1 1

b= 4 (5.6.14)

Kw o KW

2 Ls 2 Ls

Numerically, these equations produce

Ipy =26 pA (5.6.15)

The quiescent current for output transistors M, M, is given by the equal voltage
on R; and R; and the W/L ratios of M; and M5 and for M, and M, respectively.
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W Ls

Ip; =1Ip; = Ips— — =260 pA 5.6.16

o1 =12 =1Ips = 4 u ( )

As explained with Fig. 5.3.2, the maximum push and pull output current at which
the transistor driving the lower current is still on is

Iputhax = *]pullmax = 4ID] = 1.04mA (5617)

Problem 5.4

Figure 5.3.21a shows a class-AB output stage with common-mode transistor
coupling which allows operation at lower supply voltages compared to the
common-mode resistor coupling version. Such an output stage operates at Vgp =
—Venv = 1.0 V, the NMOS devices are sized W/L; = 2.5, W/Ls = 5, W/Ls = 20,
and W/L, = 100 and all the PMOS counterparts are sized Ky/Kp larger. Considering
the MOS parameters Vyyy = 0.5 V, Viyp = —0.6 V, Kp = 16 uA/VZ, and
Ky = 56 pA/V?, calculate the output transistors quiescent current, the maximum
push and pull currents and the minimum currents which are kept flowing through
output devices. The biasing currents are Ig; = Ig, = I3 = Ip4 = 10 pA.

Solution

The quiescent current of transistors M; and M, results from the translinear loop
Vs + Viess = Vass + Vass (5.6.18)

All the threshold voltages being equal for all PMOS devices, the equation above
can be translated to a drain current and sizes equation

Ip; Ip; Ips Ips
= 5.6.19
\/W/Lz + \/W/L3 \/W/L5 + \/W/L@ ( )

Solution of the equation becomes

Ip Ip Ip
N A e )

Ip2 = 50 pA (5.6.20)
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The maximum push and pull currents are equal because of the complete symme-
try of the circuit related to NMOS and PMOS devices. The pull current reaches its
largest value when all of the Iz; current is flowing through M, thus operating M; at
Viss = Vryn. Starting again from the translinear loop Eq. 5.6.18, the drain currents
equation can be re-written for the maximum pull current

_ ID5 ID6
\/Ipullmax = \/W/L2 <V W/L5 + V W/L6> (5.6.21)

Ipu/lmax =450 HA

The minimum current, which is kept flowing through one of the output devices
while the other is driving the maximum push/pull current, will also be identical for
both PMOS and NMOS output transistors. For M5, this current is reached when
all of the I, current flows through Mj3, reducing the available Vg, to a minimum.
The value of this current is

- Ips Ipe _ Ip;
V Ip2min = V W/L2 ( W/L5 + \/W/L() \/W/L3> (5.6.22)

IDZmin =13 HA

Problem 5.5

For the class-AB output stage in Fig. 5.4.13, calculate the quiescent and the
minimum current through the output transistors M; and M, if the sizes of active
devices are W/L;;, = W/L;3 = 10, W/L;5s = W/L;s = 20, W/L;; = 0.2 W/L; = 70,
W/L;> = 0.1 W/L, = 10, and W/L,, = W/L,, = 70. The biasing currents are
Igia = Ip;s = Ipis = 20 pA, Ipzs = 40 pA.

Solution

Because of the comparator built with devices M;5 and M4 the feedback loop makes
the devices M;; and M, work at the same gate-source voltage, which in turn makes
the current through M;; to be

W L
Ip;3 = — —1Ipy =20 uA 5.6.23
i3 =y o u ( )

This current is also the drain current for M;,, as well as the drain current for M,
because the current mirror M;;: M, has a current gain equal to unity. The quiescent
current through the output transistor is then given by
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Ip, = — —1Ip;, =200 pA
D2 LW DI2 28

151

(5.6.24)

Identical drain current can be obtained for M; knowing the current through M/,
M, and the fact that at quiescent biasing the two transistors M, ;, M5, act like one

transistor with double channel length compared to M,;.

WLy

——Ipji

In = —
DI LW

The minimum current in the output devices is limited to

1
Ip2min = EIDZ =100 puA

Simulation Exercise 5.1

(5.6.25)

(5.6.26)

The feedforward-biased class-AB output stage shown in Fig. 5.6.1 uses Vg voltage
loops for AB-biasing of output transistors M, and Mg. A circuit shown in Fig. 5.6.2
can be used to put the signal currents at the input of such a stage while keeping the

output at a constant voltage.

Simulate this circuit and plot the drain currents of M, and Mg as a function of the
input current. /5 and I in the simulation circuit must supply equal current at all

& Vsp
M
5u @ lls Me :“ H[: *
L=2u L =2u
W=80u W=30u
- Me
Vim & Ilt
L=2u
W=300u
Mo :l E M3 Mz {: Mg
L=2u = L=2y L=2u :“ i L=2u Vou
W=10u W=10u W=30u W=30u
= M
v [
in2 @ 1 L=2u
W=100u
M
M4 :“_ ”: 10 54 ES ll“
L=2u L=2u
W=10u W=20u
& Van

Fig. 5.6.1 Class-AB output stage with feedforward biasing
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Fig. 5.6.2 Output stage
simulation circuit for
transient analysis
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Fig. 5.6.3 Class-AB output stage with feedback biasing

times. Note how the results are affected by a change in the W/L ratios of M5, Ms and
M, M, respectively, by doubling the widths of M, and M.

Simulation Exercise 5.2

For the class-AB feedback-biased output stage shown in Fig. 5.6.3 plot the
drain currents for the output transistors M; and M, as a function of the input

currents. Note the point where transistor M,, enters linear region by monitoring
its source-drain voltage.
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6. Overall Design

The previous chapters dealt with two important stages of OpAmps. With the design
of the input stage the aspects of bias, offset, drift, noise, common-mode rejection,
and rail-to-rail input range were covered. With the design of the output stage power
efficiency, classification of the fully VF, compound VF/GA, and rail-to-rail fully
GA output stages with feed forward and feedback class-AB biasing were presented.
The remaining attributes of gain, high-frequency response, slew rate, and linearity
have to be performed by the whole of the input, intermediate, and output stages.
That is the subject of this chapter.

This chapter discusses the overall design of Operational Amplifiers.

Firstly, we will investigate how a large gain can be achieved. Therefore, an
inventory will be made of nine main overall configurations in Sect. 6.1. Secondly, a
systematic overview of HF compensation techniques will be presented in Sect. 6.2.
Finally, aspects of slew rate and linear distortion are surveyed in Sects. 6.3 and 6.4
respectively.

6.1 Classification of Overall Topologies

One of the most important requirements of an Operational Amplifier is a large
voltage gain Ay and current gain A; (defined as Ay = -Y,/Y, and A; = Y,/Y; in
Chap. 2). The larger the voltage and current gain, the lower the errors which
are made in OpAmp applications by a non-zero input voltage and current, as
calculated in Chap. 3. For obtaining a large amount of voltage and current gain,
several amplifier stages can be connected in cascade. The choices of these stages
and the ways they are connected determines the main topology of the Opera-
tional Amplifier. Therefore, we will first make an inventory of possible configu-
rations. After that some gain-boosting and compensation techniques will be
reviewed.

J. Huijsing, Operational Amplifiers 2nd Edition, 155
DOI 10.1007/978-94-007-0596-8_6, © Springer Science+Business Media B.V. 2011
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Nine Overall Topologies

A general purpose OpAmp must have a common-mode (CM) input and output
voltage range which extends from nearly the negative supply-rail voltage Vgy to
nearly the positive supply-rail voltage Vp.

We have seen that good input stages must be connected in the GA mode, and
push-pull output stages can be chosen from the fully VF, compound VF/GA or fully
GA modes. These basic connections for input and output stages are shown in
Figs. 6.1.1 and 6.1.2.

In the input stage the NPN bipolar and P-channel CMOS versions are shown,
because these ones are generally the best of their kind. The NPN transistor has
the highest bandwidth and current gain. The P-channel transistor has a floating
back-gate, which can be bootstrapped by the source, so that the CMRR is high.
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Fig. 6.1.1 Basic GA connections of input stages in (a) bipolar and (b) CMOS technology
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Fig. 6.1.2 Basic connections of the push-pull output stages in bipolar and CMOS technology:
(a) Fully VF, (b) VF/GA and (c) GA connections
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Moreover, the P-channel transistor generally has a lower 1/f noise than the
N-channel one. But, of course, complementary versions in both technologies are
also possible.

In the output stage the full VF and GA versions are already complementary in
nature. The output voltage range of the full VF stage cannot reach the rail within
one diode voltage and one saturation voltage of the driver transistor, which all
together amounts to about 1 V at each side. The full GA stage is much better in
this respect. It only fails to reach the rails within one saturation voltage, which
amounts to some hundreds of mV at each side. We call it a rail-to-rail output
stage. The weakest spot in the full GA connection is the lateral PNP transistor Q,
if we cannot dispose of an IC process with vertical PNPs. This transistor has a
low current gain at higher current densities, so it has to be chosen very large in
regard to the NPN transistor Q, to preserve some gain. Also its bandwidth is very
low. For these reasons this transistor Q; may be replaced by a NPN transistor in
the compound VF/GA version. We then have to accept an asymmetrical output
voltage range. If the output swing must be rail-to-rail, Q; of the GA stage is
sometimes replaced by a P-channel CMOS transistor when a BiICMOS process is
at hand.

The question is now how to connect the input and output stages. A GA input
transistor can only be directly connected with an GA output transistor if the latter is
complementary to the former. No direct connection can be made with a VF or non-
complementary GA output transistor. So, we must conclude that a level-shift stage
or an intermediate stage is always necessary to connect input and output stages of a
general-purpose Operational Amplifier. Otherwise the output voltage cannot swing
from close to the negative rail to close to the positive rail voltage.

An inventory of level-shift stages is given in Figs. 6.1.3 and 6.1.4.

The folded-cascode current mirror (CM) level-shift stages in Fig. 6.1.3a can
also be regarded as folded-cascode current follower (CF) stages in the classifica-
tion. They are able to subtract the differential output currents of the input stage and
bring the result out at a single terminal. The bipolar version has emitter degenera-
tion resistors to lower the current offset and noise, and thus to lower the equivalent
input offset and noise voltage of the connected input stage. The bipolar folded-
cascode current follower (CF) stage in Fig. 6.1.3b is able to connect an NPN GA
input stage with any output stage at a large bandwidth. The all-pass current net-
works RzCr lead the low-frequency signal components through the PNP transis-
tors, and the high-frequency components through the NPN transistors [6.1]. If the
turnover frequencies fr of the RxCr networks are higher than the cut-off frequen-
cies fr of the PNP transistors, there is no loss in the PNP transistors, and all of the
input current is collected again at the output. This results in a flat frequency
response of the current transfer from DC up to the f; of the NPN transistors. The
CMOS CF stage of Fig. 6.1.3c may have a large voltage gain due to the full
cascoded structure.

The GA stages of Fig. 6.1.4 are useful as level-shift stages between an GA PNP
or P-channel input stage and any output stage, and provide voltage and current gain
at the same time.
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Fig. 6.1.3 Intermediate CF level-shift stages in bipolar and CMOS technology: (a) Folded-
cascode current mirror (CM), and (b/c) folded-cascode current follower (CF)



6.1 Classification of Overall Topologies 159

Vsp Vsp
] 2%}

Ra R4 Rs
V Vv
Q Q B M M B
o o - Moty -5
out out

Q; Q _>_| My M
in in

Q, Qs M-,-:] I—I—T[:MG
2x

Vsn Van
— 3]

Fig. 6.1.4 Intermediate GA level-shift stages or intermediate amplifier stages in bipolar and
CMOS technology

Table 6.1 Classification of Operational Amplifiers according to their main overall topology

Configuration number Input stage Level-shift or intermediate stage Output stage
1 GA CF -

2 GA GA -

3 GA CF VF

4 GA GA VF

5 GA CF VF/GA

6 GA GA VF/GA

7 GA CF GA

8 GA GA GA

9 GA GA + GA GA

It stands to reason that these stages may all be of their complementary counter-
parts also. Further, there is no need to mention a straight cascode CF stage after a
GA stage, because such a cascode stage does not change the overall topology.
Similarly, there is no need to mention a VF Darlington stage before a GA stage.

The conclusion may be drawn now, that we have only one type of input stage: the
GA type; three types of output stages: the VF, VF/GA, and the GA types; and, finally,
we have two types of level-shift stages: the folded-cascode current mirror (CM) or
the current follower CF (both denoted as CF in Table 6.1) type, and the GA types.

From all these possibilities we can make six three-stage combinations. We
may add two possible two-stage combinations without a push-pull output stage.
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Also, we may add a group of multistage GA combinations with more than three GA,
stages as the number of GA stages generally determines the complexity of the
frequency compensation structure. Then, we have divided all Operational Ampli-
fiers in nine main overall configurations. These are given in Table 6.1.

The design of these nine overall topologies together with their realization
examples are further elaborated in Sects. 7.1-7.9.

Voltage and Current Gain Boosting

An alternative to the cascading of more GA stages is to apply voltage or current
boosting to increase the gain.

Figure 6.1.5a shows a CF transistor M, used to increase the voltage gain of M; by
the voltage-gain factor i, of M ;. When we now artificially regulate the gate of M, with
an amplifier M, such that the potential at the drain of M; remains constant, the output
current is not dependent anymore on its output voltage and the output impedance at the
drain of M; is increased [6.2]. The voltage gain of M, is boosted by the voltage-gain
factor p, of M. The total unloaded voltage gain is now A, = ;1oU3.

Figure 6.1.5b shows a VF transistor Q; used as a Darlington combination with
Q3 to increase the current gain of Q3 by a factor ;. We now artificially regulate the
collector current of Q; at a constant value /3 by using Q> to boost the current gain of
Q; by a factor 5, of O, [6.3]. The total current gain is now A; = f;5,0;.

Input Voltage and Current Compensation

A third method to increase the gain, besides cascading more GA stages or boosting,
is compensation. Two examples are shown in Fig. 6.1.6a, b.

a b

V 7V
IB¢ é = [Bz|' @ PJQs >

ing—|| M

Fig. 6.1.5 (a) Voltage boosting of a CF transistor M; and (b) current boosting of a VF
transistor Q;

Vsn
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a b
Vsp

Fig. 6.1.6 (a) Compensation of the input voltage across of the source impedance //g,,; > of M; >
by the negative source impedance —1/g3 4 of M; 4. (b) Compensation of the input base current of
Q; > by the negative base currents of Q3 4

In the example of Fig. 6.1.6a, the relatively large source resistances 1/g,,;, of
the CMOS transistors are compensated by the equal but negative source resis-
tances —1/g,,34 in a positive feedback loop [6.4]. The result is an overall
transconductance g,, = 1/(1/g,,;2—1/gm34)- The transistors M3 and M, must be
taken slightly smaller in their W/L ratio than M; and M,, to make sure that the
positive conductances g,,;> dominate the negative ones g,,34 so that the circuit
remains stable. In the bipolar version, small degeneration resistors R3 and Ry
have to be inserted in the emitters of Q3 and Q, to keep the circuit stable. In the
example of Fig. 6.1.6b, the base current of transistors Q; and O, are compensated
by duplicating these currents in Q3 and Q, and mirroring them back into the bases
of Q; and Q.

It should be clear that the above compensation methods to increase the gain by
a positive feedback loop are limited by the matching accuracy of components. This
is in contrast to the methods of cascading or boosting, where there is no limit in
gain increase at low frequencies.

However, there are two fundamental limits to the overall gain: thermal feedback
and frequency compensation. Thermal feedback on the chip going from the output
stage into the input stage sets a limit to the maximum useful low-frequency voltage
gain Ay, which can be obtained. The maximum useful value depends on the
amount of dissipated power in the output stage and on the symmetry of the layout
of the input stage in regard to the output stage, as was discussed with Fig. 5.1.1.
A maximum useful value of the order of 10° or 10° can be obtained on a single
chip. The other gain limitation is given by the high-frequency characteristic. This
will be discussed in the next paragraph.
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6.2 Frequency Compensation

The phase lag of the signal when going through the several stages of an OpAmp
determines the limit to the useful gain at high frequencies. At the frequency where
the phase lag exceeds 180°, the open loop gain must be dropped below unity.
Otherwise, the feedback system will become self-oscillating [6.5]. Moreover, a
certain amplitude and phase margin must be adopted to obtain a response without
peaking in the frequency domain [6.6] or without overshoot in the time domain
[6.7]. In Fig. 6.2.1 the desired frequency characteristic of the open-loop amplifier is
presented. It contains the amplitude characteristic (amplitude |A,| versus frequency)
and the phase characteristic (phase v(A,) versus frequency), combined in a Bode
diagram. It represents an amplifier with one dominating pole P, = 2xnf; and a
limiting pole P; = 2= f;. Parasitic poles situated above P; are disregarded.

For a Butterworth pole position of the unity-gain feedback amplifier with
a flat frequency response and with an overshoot in the step response of 5%, the
two pole frequencies of the open loop must be separated at a distance of two
times the DC gain:

fi >2A,0 (6.2.1)

12

A larger separation of the poles is also allowed. In that case the phase margin
of the open loop gain is larger than 60°. But this may represent a waste of bandwidth
or current.
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Fig. 6.2.1 Frequency response of an Operational Amplifier
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From Eq. 6.2.1 it follows that the frequency f), = wy/2n where the amplitude
characteristic crosses zero must be a factor two below the limiting pole frequency
f] =P ]/27'[, SO

1
fo < Efz 6.2.2)

The frequency f, is called the O dB bandwidth of the open loop amplifier. The
dominating-pole frequency f> is situated a factor equal to the DC gain Ay lower
than the 0 dB frequency:

2 =fo/Av (6.2.3)

If the amplitude characteristic between f, and f5 is not straight, but curved by a
pole-zero doublet, the step response of the unity-gain feedback amplifier can be
expected to have a slow settling overshoot or undershoot component [6.7]. This is
undesirable in amplifiers which need a fast and accurate settling after a step signal.
Hence, a general-purpose OpAmp needs a straight 6 dB per octave slope between
the 0 dB frequency f, and the dominating frequency f>.

An overview of how to obtain the desired frequency response will be presented
now. The way this is done is called frequency compensation. The complexity of the
frequency compensation is mainly determined by the number of GA stages in the
loop. We start with a configuration of one GA stage and end with four GA stages.

One-GA-Stage Frequency Compensation

A one-GA-stage GA-CF Operational Amplifier is shown in Fig. 6.2.2b. A CF stage
has been used as a cascode, to increase the voltage gain of the input GA transistor
pair. The output is loaded by a capacitor C; and a resistor R;, including all parasitics
at this point. The tail current I7; has a value of twice the bias current /;.

The DC gainis A,y = g,,/R;, with g,,,; = 2/(1/gn11 + 1/gmi2) = gmi;- Hence, the
transconductance of the whole stage with mirror is equal to that of one of the input
transistors. If there is no resistive load besides those of the transistors, and if we
suppose that the current mirror M,z through My is ideal, the DC gain for a bipolar
circuit is maximally Avoys & repalTer = (TepalTee2)(TeeilTer) = Poit;, With average
values for transistors in the cascoded stages g,,; and g,,» and for a CMOS circuit
Avom = &miiTai8m2raz = Wilt2, which may be of the order of 10° and 10%, respec-
tively. In CMOS the input stage should be biased in weak inversion, as this gives the
highest ratio of g,,;/I5;.

The amplifier has a limiting frequency f; caused by the transit frequency fr» of
the cascode transistors M,; and M>;, so f; = fr»>. The dominating frequency f> is
caused by the load circuit, so f, = 1/(2nR;C)).

The 0 dB bandwidth is for bipolar input transistors:

8ml o IBI

f() - 271'C1 N 27‘CC1VT

(6.2.4)
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and for CMOS input transistors biased in weak inversion:
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in which
Vr =kT/q =25 mV
(VGS — VTH) ~ 60 mV

For a load capacitor of C; = 10 pF and a bias current /5, of 100 pA, the bipolar
circuit has a bandwidth of f, = 30 MHz, and the CMOS circuit f, = 12 MHz.

The maximum bandwidth f, must be kept half of that of the limiting pole
frequency fy = 2 f; = 2 f» by the choice of C;. For bipolar transistors the transit
frequency fr ranges from 300 MHz up to 60 GHz, and for CMOS from 100 MHz up
to 20 GHz. In fact, the load capacitance C; functions as well as an HF compensation
capacitor.

When we divide the bandwidth by the supply power needed fy/Py, with P; =V,
we obtain a figure of merit which is reverse to the well-known power delay product
used in digital circuits. For the bipolar circuit:

Is) 1 1

P, — _ - 6.2.6
fol 2nC, ViVl 2 21C,ViVs (6.2.6)

and for the CMOS circuit:

1
fo/Ps = 6.2.7)

1
o 5 27‘CC1 (VGS — VTH)VS

The bandwidth over power ratio is inverse proportional to the supply voltage Vg
with bipolar as well as with CMOS transistors, so the supply voltage should be as
small as possible. With CMOS in weak inversion the term (Vg — V7y) may be
replaced by some 20% more than two times the thermal voltage 2V, = 2kT/q ~
50 mV, which is about 60 mV. The optimum choice CMOS transistor has the
smallest possible length L, and a width W so that the transistor is on the verge of
weak inversion. In that case the ratio between g,, and C parasitic is the highest.

No Internal Poles Without Cascodes!

If we would eliminate the cascode transistors M,; and M, in Fig. 6.2.2, there would
be no limiting pole, supposing the mirror is ideal.

This would mean that we may use the circuit up to its transit frequency f7. In that
case the bandwidth over power ratio will be doubled. This is already an important
conclusion. Moreover, if the OpAmp would be used in filter applications, the non-
existence of internal limiting poles means that there is no extra phase shift involved.
The external poles at the input and output can be made part of the intentional filter
poles. This situation is highly desirable for wideband filters [6.8]. On the other



166 6. Overall Design

hand, omitting the cascode transistors M,; and M,, will reduce the maximum
voltage gain Ay, to that of a single CMOS or bipolar transistor. Parallel compen-
sation by an artificial negative resistance equal to the output resistance is an option
[6.8]. But such compensation is limited by the inequality of both parasitic resis-
tances and takes extra power again. Yet, it is worthwhile looking for system
architectures that allow low-gain amplifier stages. Then such simple stages as
mentioned with Figs. 3.5.7 and 3.5.8 of Chap. 3 could be used.

Two-GA-Stage Frequency Compensation

Next we look at the two-stage GA-GA Operational Amplifier of Fig. 6.2.4. Its
frequency response is given in Fig. 6.2.5.

The DC voltage gain is Ayy = gn2R28,;R;. When there is no external load
resistor the maximum gain is Ay, = pou;, which value is in the order of 10° for the
bipolar circuit and 10* for the CMOS version. The pole frequencies f; = 1/27R,C;
at the output, and f, = 1/2nR,C; at the output of the input stage probably do not
obey the rule f;/f> > 2A,,. Hence, frequency compensation has to be applied.

b
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Fig. 6.2.5 Uncompensated
frequency response of a two-
stage GA-GA Operational
Amplifier

b
Jo1

foz ’c\\\ f (Hz)(log) —»

The 0 dB bandwidth f of the non-compensated amplifier is the geometric mean
of the 0 dB bandwidths fj; and fj, of the two composing GA stages, which can be
understood from Fig. 6.2.5 with its log. scales:

8mi m2
= = [oMoms 6.2.8
fo = /foifo 32C,21C ( )

Note, that the 0 dB bandwidth is independent of the resistor values. Also note,
that we have drawn in Fig. 6.2.5 the output stage with a higher 0 dB frequency fj,
than that of the input stage fy,. This is often not the case. For this moment the
sequence does not change our reasoning. When it will with Miller compensation,
we come back to it. Two ways of frequency compensation can be used for a two
stage GA-GA amplifier: parallel compensation and Miller compensation.

Two-GA-Stage Parallel Compensation (PC)

The parallel compensated amplifier is shown in Fig. 6.2.6, and its frequency
characteristic in Fig. 6.2.7. The natural load elements of the input stage C; and R,
are usually parasitic elements. The parallel compensation network is composed of
the series connection of Cp and Rp.

The parallel compensation network CpRp can best be placed in between the two
stages. Going from lower to higher frequencies, the capacitor Cp in “parallel” with
the parasitic capacitor C», firstly, decreases the dominating-pole frequency f> to f”>.
Secondly, the reduction of gain is gradually terminated by Rp above f;. Rp must be
chosen equal to Rp = 1/2n f;Cp.
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Fig. 6.2.6 (a) Block diagram of parallel-compensated two-stage GA-GA amplifier (C, and R,
are usually parasitic elements). (b) Simplified parallel-compensated two-stage GA-GA amplifier
(C, and R, are usually parasitic transistor parameters)

When we choose the components such that:

Cp =Ri\/2C1C28m18mi
Rp = C]/(Zczgmlng)

we find the desired new straight 6 dB frequency roll-off from /', up to f';, with a
new 0 dB bandwidth f’, positioned a factor 2 below f”,:

(6.2.9)

fo=1/= (6.2.10)

The parallel compensation shows a remarkably good result. The new 0 dB
frequency f’y lies only a factor /2 lower than the theoretical maximum of .
Particularly at heavy capacitive loads, when the bandwidth f;, of the output stage is
much lower than the f7 of the transistors, the bandwidth f;, of the input stage helps
to broaden the bandwidth.

When we calculate the bandwidth over power ratio for a bipolar amplifier and
CMOS amplifier in weak inversion with (Vg5 — V) = 60 mV, we find respectively:
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Fig. 6.2.7 Frequency T
characteristic of a parallel
compensated two-stage GA- |Av|
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f() 1 1 IB] Ip>
N Vs 21 6.2.12
Py~ 2x(Ves — v V2 €1 G —/Vs(lp1 + 21p2) ( )

We find a broad optimum for equal currents in the output and input stage around
Ig; = 2lp,.

When we substitute /5; = 21, at the optimum, we obtain for bipolar and CMOS
transistors, respectively:

fo 1 1
— == 6.2.13
PS 4 Zn\/CICZVTVS ( )

/ 1 1
]l =- (6.1.14)

Ps  42n/C;C:(Vgs — Vru)Vs

Unfortunately, there are a number of serious disadvantages associated with
parallel compensation. The main problem is that the compensation cannot be made
anywhere close to the desired value because the transconductance g,,; changes
signal-dependently. When the output current changes from the quiescent value up
to 100 times larger, the g,, varies with a factor 100. A second problem is that the
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compensation depends on process parameters which are different from those to be
compensated. This means that the choices given by (6.2.9) are not accurately met and
that a pole-zero doublet will occur resulting in a slow settling component.

For class-A operation and for applications where a large slow settling signal
component is not a problem, parallel compensation can be considered. However,
the relative large parallel compensation capacitor C,, that is needed may take an
excessive large chip area. These are the reasons that other means of compensation
have to be explored.

Two-GA-Stage Miller Compensation (MC)

Miller compensation is the other possibility. Figure 6.2.8 shows a two-stage
GA-GA amplifier with Miller compensation [6.9]. And, Fig. 6.2.9 shows the fre-
quency response of it.
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Fig. 6.2.8 (a) Block diagram Miller-compensated two-stage GA-GA Operational Amplifier (C,
and R, are usually parasitic elements). (b) Simplified Miller-compensated two-stage GA-GA
Operational Amplifier (C;, and R, are usually parasitic transistor parameters)
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Fig. 6.2.9 Pole-splitting by T
Miller compensation of a two-
stage GA-GA amplifier [Av]
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The output stage with a Miller capacitor Cy,; around it behaves as an integrator
with a transimpedance 1/2n fCy,;. It integrates the output current /), of the input
stage and presents it as the output voltage V.

The transfer of the Miller-compensated output stage is:

Vour 1
loy  2mfCyy

(6.2.15)

The voltage gain of the whole amplifier, including the input stage with a
transconductance g,,,, becomes:

Vout _ 8ml
Vin  21fCumy

(6.2.16)

The new 0 dB bandwidth f%) of the amplifier is determined for V,,,/V;, = 1, as:

/ 8mi
= 6.2.17
fo 2nCuyy ( )

The Miller capacitor, on one hand, reduces the dominant pole frequency f> to %
by its integrator function, but, on the other hand, provides feedback by which the
bandwidth increases from f; to f';. It looks as if the pole frequencies f; and f> are
split apart, as is clearly shown in Fig. 6.2.9. The maximum obtainable bandwidth
for a 60°phase margin must lie a factor 2 below the new pole frequency f’;, or
a factor /2 below the uncompensated 0 dB frequency fj, just as with parallel
compensation.

So, the maximum 0 dB bandwidth f7 is:

1 1 1 gmi 8m
< fy = = forfor = 1|~ 2" 6.2.18
fo < N \/2f01f02 \/2 21C; 27C, ( )
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This implies a minimal choice for Cy;;:

Cur < [2C,C, 572 (6.2.19)

8ml

This result is as good as with parallel compensation.

Remark on the Order of Pole Positions

We have assumed that the 0 dB frequency f,; of the output stage lies above
the frequency fy, of the input stage in Fig. 6.2.5. This may not always be the
case, as the output may be loaded with a large capacitor C,, and is also loaded by the
Miller capacitor Cy;.

With parallel compensation the sequence of fj; and f;, did not matter, but now it
does. The Miller effect is based on feedback around one stage [6.9]. Feedback is
only effective if the loop gain around that stage is higher than unity. At frequencies
where the loop gain is unity or lower the Miller effect is not present anymore.
This is the case when we try to split the output pole frequency f; beyond the point
fo; where the gain of the output stage is lower than unity. The situation is drawn
in Fig. 6.2.10.

The splitting of the output pole frequency f; stops at the limiting pole frequency fp;.

8ml

277:C1

Fig. 6.2.10 Frequency
characteristics of a Miller-
compensated two-stage
GA-GA amplifier with a 0 dB
frequency of the output stage

f <
o1 lower than that of the \_/f‘ﬁv\\ \fo\ N f(Hz) —
input-stage pole frequency fj, fi
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Further lowering of /5 by further increasing C,,; must be carried on until the 0 dB
frequency is two times lower than f’; for a phase margin of 60°. Hence, the 0 dB
frequency f’) must be chosen:

1 1
N =—fl ~= 2.21
I 2f1 2f01 6 )

The lowering of f’, by increasing C,;; without increasing f’; beyond fy; is
inefficient. We could as well have started with a lower bandwidth fp, of the first
stage to save power. For the moment it can be concluded that the 0 dB bandwidth of
the whole amplifier is limited by half that of the output stage 2 fy,. This is the reason
why we are counting the stages from the output back to the input. For applications
where fj; is lower than fj, due to heavy capacitive output loads we can follow the
methods described with Figs. 6.2.24—6.2.30. This ends the remark.

The Egs. 6.2.17 and 6.2.21 determine the minimum choice of Cy;;:

8m2
Cyr = 6.2.22
M=o ( )

The Miller compensation capacitor C,,; must be calculated at the lowest current
through M; which is Ip; where g,,; has the lowest value and at the highest expected
value of the load capacitance C;.

The dominating pole frequency becomes:

/
fh= fo (6.2.23)
Av()

with Ayp = g,2R28miR;.

The cut-off frequency fr of the output transistor M; may pose a further restric-
tion on the bandwidth. The Miller feedback is attenuated by the voltage divider
Cu1/(Crpy + C2). By this value the limiting pole frequency f”; and the bandwidth
[y are lowered:

L g Cwr
22nC; Cy; + C>

1
foo= Ef'j = (6.2.24)
For bipolar transistors with Cy;; = C, = Cpg;, and for CMOS transistors with

the width W set so that Cy;; = C, = Cgs;, and the length L at the minimum,
the bandwidth is practically limited to:

1 1 8ml CMI 1
y Ly L gm  Cw 1 6.2.25
Fo=3/ 1 =550, Com 2 Gy = 4T (6225

Coming back to the case of Figs. 6.2.5 and 6.2.9 with f, < fy,;, the bandwidth
fo2 of the input stage need not be higher than fy, = % fy; = f’. The result is
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a bandwidth over power ratio of the whole amplifier for bipolar and CMOS
transistors of respectively:

& = 1 ! (6.2.26)
Py 2 27‘[(C1 + ZCZ)VTVS o
! 1 1
Fo _ (6.2.27)

Py ) 27‘5(C] + 2C2)(VG5 — VTH)VS

When we compare these results with those of parallel compensation we find
a somewhat lower bandwidth over power ratio. With C; = C; the ratio is 32 ~
2.1 lower, and with C; = 10C, the ratio is 12/N20 = 2.7 lower than that of parallel
compensation. Although, this is a disadvantage of Miller compensation, there are
many advantages.

The main advantage of the Miller-compensated amplifier over the parallel-
compensated version is the straight 6 dB/oct. roll-off of the frequency characteristic,
without pole-zero doublets from pole-zero cancellation techniques. This makes the
amplifier suitable for fast settling step responses without slow settling components.

Another important advantage of Miller compensation is that all gain which is
attenuated by the compensation capacitor Cy,; is used to lower the output imped-
ance and the linear distortion of the output stage. With parallel compensation the
attenuated gain is lost for any use!

A final advantage is that the compensation capacitor C,,; is much smaller com-
pared to that which is needed with parallel compensation. That means a much
smaller chip.

The obvious choice with Miller compensation for unity-gain feedback and
relatively heavy capacitive load is to utilize most of the supply power in the output
stage.

It should be kept in mind that if the amplifier need not be unity-gain feedback,
but has for instance a closed-loop gain of 10, the supply current of the output
transistor can be taken 10 times lower, and so the supply power will strongly be
reduced.

A disadvantage of Miller compensation is that a zero appears in the right-half
complex plane at a frequency f”.:

/ 8mi
, = 6.2.28
Fe=5me (6.2.28)

The additional zero frequency f. in the right half of the complex plane causes
a reduction of the phase margin for values of /', above but still close to f7;. If f/ is
below f’;, even nearly a reversal of the phase occurs. This effect can easily be
understood if we consider that the Miller capacitor Cy,; functions as a feed forward
path across the output transistor. At frequencies of f’. lower than the limiting pole
frequency f'; = g,.;,/2nC; the output transistor is no longer effective and the
transistor does not inverse anymore.
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Fig. 6.2.11 (a) Block diagram of resistive Miller-zero cancellation with a resistor Ry;; = 1/g,,,; in
series with Cyy; (C, and R, are usually parasitic elements). (b) Simplified circuit with resistive
Miller-zero cancellation with a resistor Ry, = 1/g,,; in series with C,;; (C, and R, are usually
parasitic transistor parameters)

Many techniques have been used to overcome this effect. The best ways are
shown in Figs. 6.2.11-6.2.13.

Resistive Miller Zero Cancellation with a resistor Ry;; = 1/g,, in series with Cy;;
is shown in Fig. 6.2.11. The resistor Rj,; must attenuate the feed forward path
through C,;; by the same amount as by which the g,,; of the output transistor
provides gain.

The value of R,;; must be matched with 1/g,,,. For large variations in output
current resistive Miller Zero Cancellation is poor. For a high current R;,; must be
small to match a high g,,;. This means that at low output current the cancellation is
not effective, just when it is most needed at a low g,,;. So, this solution functions
well when the output transistor is biased in class-A, but is less useful for class-AB
biasing.

Another popular solution is Active Miller Zero Cancellation using a cascode
transistor M3, in series with the Miller loop, as shown in Fig. 6.2.12 [6.10, 6.11].
The zero cancellation is most needed with CMOS, because of a relatively low g,,,;.
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Fig. 6.2.12 Active Miller-zero cancellation with a cascode in series with the Miller loop
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With CMOS a cascode is often already present in the input stage for increasing its
gain. In Fig. 6.2.12 the mirror in the input stage is cascoded. The cascode has two
advantages:

Firstly the Miller feedback circuit has more loop gain, viz. Cy;,/C>, instead of
that of the conventional configuration which amounts Cy;;/(Cys; + C2).
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This means that the limiting pole frequency f’; can be increased by roughly a
factor 2 from Yfy; to 1 fy;, with Cys; = C», or even more [6.10, 6.11]. Hence the
bandwidth of the whole amplifier can be a factor 2 larger at the same supply current
or even more.

Secondly, the Miller capacitor feeds back to a point at the emitter or source of
M3, with a much smaller voltage movement than at the base or gate of the output
transistor M;. This improves the linearity of the OpAmp in the frequency range
where C,,; is active.

However, at high output currents the loop gain can become so high, because of a
high g,,;, that the phase margin within the Miller loop, having a second pole at the
input of M3, with a value of f; = g,,,32/Cy;;, becomes too low. This is particularly the
case with CMOS transistors. In that case, C, can be intentionally enlarged. Alter-
natively, we can choose a nested combination of a part of C,;; through the cascode
transistor M3, and another part C,;,;; directly to the gate of M;. [6.11]. A ratio of
2 between C,,; and C,,y; is usually taken. Note that the cascode stage is capacitive
balanced by Cp; = Cy,; so that there is no pole-zero doublet in the cascode stage at
high frequencies.

Finally, the Miller zero can be cancelled by adding a feed forward path across
Cu1, as shown in Fig. 6.2.13. This precisely cancels the current at the right-hand
side of Cy,; which causes the zero of the feed forward path through C,,. The equal
but opposite currents are precisely available at the outputs of M,; and M5, of the
differential pair. This technique is called Multipath Miller Zero Cancellation
[6.12, 6.13].

A disadvantage of this technique is that this feed forward path is not always
available. Nor can its voltage always swing from rail-to-rail.

Three-GA-Stage Frequency Compensation

Figure 6.2.14 shows the basic circuit of a three-GA-stage Operational Amplifier.

The way of frequency compensation of a three-GA-stage Operational Amplifier
is to: firstly, compensate the two-stage output and intermediate stages as was done
in previous sections by parallel or Miller compensation; and secondly, compensate
the whole amplifier again with parallel or Miller compensation as if the intermedi-
ate and output stages were one new output stage.

Though parallel compensation may lead to a slightly higher bandwidth over
power ratio, its pole-zero cancellation is very dependent on parameter spreading of
the IC process and current variations.

Moreover, parallel compensation leads to large compensation capacitors. For
these reasons we will only choose the overall Miller compensated structure of an
already Miller compensated intermediate and output stage. This is called nested
Miller compensation [6.3, 6.14] (Fig. 6.2.14).
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Fig. 6.2.14 (a) Block diagram of three-GA-stage Operational Amplifier. (b) Simplified three-
GA-stage Operational Amplifier
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Three-GA-Stage Nested Miller Compensation (NMC)

A nested Miller compensated amplifier is drawn in its basic structure in Fig. 6.2.16
[6.3, 6.14].

We firstly split apart f; and f, by a regular Miller compensation capacitor C,,; to
new positions f’; and f’,. Next, we split again f’, and f; apart by a nested Miller
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Fig. 6.2.16 (a) Block diagram of nested Miller compensation of a three-GA-stage Operational
Amplifier. (b) Simplified nested Miller compensation of a three-GA-stage Operational Amplifier

compensation capacitor Cyy, to final positions f”; and f’;. The second splitting
by Cy; has been made possible by the choice of a non-inverting intermediate
stage g,.2.

The combination of a non-inverting intermediate stage g,,> and inverting output
stage g,,; results in an inverting two-stage amplifier combination, which can be
compensated by a nested Miller capacitor C,;, again. The frequency characteristic
is shown in Fig. 6.2.17.

The choices of Miller Capacitors Cy;; and Cyy, are determined by the limiting
pole frequency f’, which amounts again:

8mi

(—
f] _27'EC1

(6.2.29)

The 0 dB bandwidth f’, of the intermediate and output stage must be taken half
of f/; for a 60° phase margin:

1
fo= Ef/’ (6.2.30)



180 6. Overall Design

Fig. 6.2.17 Frequency Chz
characteristics of the nested T
Miller compensated three- i
GA-stage Operational Avo f3
Amplifier of Fig. 6.2.16
T C
| \sz
o \
(dB) \
Cwm1 |
\ /
\/
5 fofo\o /|
/
N/ f (Hz)—>
B\,
From this the value of Cy,; follows as:
Coy =222 (6.2.31)

2nf’y
Cys; must be calculated at the lowest value of the bias current /z; through M; at
which g,,; is minimal and at the highest value of the load capacitance C;. Next we

split again by the outer Miller capacitor Cy,. The 0 dB bandwidth /" of the whole
amplifier must be again taken half of f’, for a 60° phase margin:

1 1
"y = Ef/o = Zf/1 (6.2.32)
From this the value of Cy;, follows as:

8m3
= 6.2.33
Cm2 2mf ( )

The low-frequency gain Ay, and the dominating pole frequency f'; are:

Avo = gm3R38mR28miR; (6.2.34)

Is=1"/Aw (6.2.35)

Nested Miller compensation is a robust way to compensate a three-GA-stage
Operational Amplifier. The load capacitor C; may be chosen smaller than the upper
supposed value, but not larger.
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No pole-zero cancellation techniques are needed. An abundance of gain can be
obtained with three GA stages. The penalty is that the bandwidth is half that of the
version with two GA stages and that we need extra current for the input stage.

An optimal choice for the currents of the three stages is roughly determined
by:

1 1
Jos = Efoz = Zfoz, or (6.2.36)

8m3 :l Em2 :1 8ml
2nC; 2 2nC, 4 2nC;

(6.2.37)

So, the contribution to the total supply current of the current of the input stage is
relatively low. And the bandwidth over power ratio is about two times lower than
that of the two-GA-stage amplifier.

Three-GA-Stage Multipath Nested Miller Compensation (MNMC)

A way to regain the factor 2 again is to use the multipath nested Miller compensated
(MNMC) circuit of Fig. 6.2.18. [6.14, 6.15].

The circuit has a second input stage with a transconductance of g,,3, additional
to the first input stage with g,,3;,. The second input stage forms an independent
parallel path across the first input stage and intermediate stage. The output of the
second input stage is connected to the input of the output stage. In fact, we have an
additional two-stage amplifier in parallel to a three-stage amplifier. At low frequen-
cies the three-stage amplifier dominates by its large low-frequency gain. But at high
frequencies the two-stage amplifier dominates. In the middle range both paths have
equal transfer functions, without adding their transfers. Adding would have resulted
in a pole-zero doublet. Adding would have happened if we had a simple capacitive
parallel path across the intermediate stage, for example as in the NE5534 (see Sect.
7.6). The intermediate stage g,,» allows for a separation between the two paths if
its transconductance is relatively weak, as expressed by (6.2.44), or if we artificial
increase the parasitic ground capacitance C; at the input of G,,. The internal
feedback loop around G,,, through C,., suppresses the two-stage’s frequency
characteristic from the dominating pole frequency f’; up to f”>, where that loop
breaks down because of lack of gain, and the two-stage amplifier takes over
[6.26]. The separation of the two paths makes it possible that we obtain a straight
frequency characteristic under the condition that the mid-range gains of the three-
stage path g,,3,/Cys> and that of the two-stage path g,,3,/Cyy; are equal, as expressed
by (6.2.41).

The frequency characteristics of MNMC are drawn in Fig. 6.2.19. The
main requirement is that the two-stage and three-stage amplifier’s amplitude char-
acteristics touch each other at mid range so that one takes over from the other
without pole-zero doublet, independent from the load capacitor C;.
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Fig. 6.2.18 (a) Block diagram of multipath nested Miller compensation of a three-GA-stage
Operational Amplifier. (b) Simplified multipath nested Miller compensation of a three-GA-stage
Operational Amplifier

This leads to the following relations and choices:

1= 2%1
Fo=3f)
-5
f ”o =f ,0 = % ,

(6.2.38)

(6.2.39)

(6.2.40)

(6.2.41)

(6.2.42)
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Fig. 6.2.19 Frequency characteristics of a multipath nested Miller compensated (MNMC) three-
GA-stage Operational Amplifier

f/3 :fl/o/AvO (6.2.43)
1
gm < 3 8m32 (6.2.44)

The limiting pole frequency f’; is set again by the output stage according to
(6.2.38). The 0 dB bandwidth f) is chosen half of f/;. The additional input stage
with g,,32 and f is compensated as if it were the first stage of a two-stage amplifier
combination with Cy;; according to (6.2.40).

The original input stage with g,,3; is now compensated with C,;, according
to (6.2.42), at the same 0 dB frequency f as g,,3» with Cj;; has been done. This
implies that the compensated characteristics of the two and three-stage amplifiers
touch each other for a wide frequency range. At the high frequency end the two-
stage amplifier extends up to the limiting pole frequency f’;. At low frequencies
the three-stage amplifier goes down to f’; = f'y/A,p. The overall characteristic is
straight from f/; down to f’; with a 6 dB/oct roll-off. There is no summing of the
two characteristics in the middle range because of the independent nature of the
two characteristics separated by a weak g,,,. The two-stage amplifier must have
a 0 dB frequency [’ = g,u32/2n Cyy equal to that of the three-stage amplifier
f'o = gm31/21 Capa.

The matching of g,,3;/Cyz = gm32/Car; determines the pole-zero cancellation
in the overall characteristic. Accurate matching can be realized because C,,, and
C)y; can be made by the same type of integrated MOS capacitors, and g,,3; and g,,,3>
are the result of two equal stages, biased with equal current sources.
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The accurate controllable matching of the two characteristics in IC technology is
a major advantage of the multipath nested Miller compensation technique over
other pole-zero cancellation schemes.

The value of g,,, of the intermediate stage is still undetermined. We want the
frequency characteristic to be determined by the second input stage g,,3, at the
0 dB frequency f’ and not by the intermediate stage g,,. For this reason we take
8gmz < &ms32, as prescribed by (6.2.44). Later, at Fig. 6.2.24 we will see that a
quenching capacitor C3 at the input of g,, to ground can be used to solve this
issue.

The result is a three-stage OpAmp with a large amount of gain and nearly the
same bandwidth over power ratio as the two-stage Miller compensated Operational
Amplifier. The extra costs are the addition of the second input stage and its addition
to the supply power.

Four-GA-Stage Frequency Compensation

When we need more gain we can add a fourth stage or even more stages. The
question is how to compensate these stages reliably. Besides parallel compensation,
which becomes very impractical with four or more stages, the nested Miller
compensation method can be extended. However, without multipath, we loose
a factor 2 in bandwidth each time we nest. With many multipaths the circuit
becomes complex. For instance, with a four-stage amplifier, already three input
stages are needed in front of the circuit of Fig. 6.2.18. To simplify the nesting, and
not lose a factor 2 each nest, we can use hybrid nested Miller compensation.

Four-GA-Stage Hybrid Nested Miller Compensation (HNMC)

The circuit of a hybrid nested Miller compensated (HNMC) four-GA-GA-GA-GA
stage Operational Amplifier is shown in Fig. 6.2.20 [6.16, 6.13]. The circuit is
maximally simple for a four-stage amplifier because no differential stages are
needed for the second and third stage.

The driving of the output stage can nearly be done from rail-to-rail. No cascodes
are needed because there is an abundancy of gain. This means that this HNMC is
suitable for the lowest possible supply voltage with one Vg plus one Vg, [6.16].

Three invertors are connected in cascade: The first and second stages, counted
from the output, are compensated by the Miller capacitor C,;;. The new pole
positions f; and f> are split to f; and f",.

The third and fourth stages with f5 and /4 are split by the Miller capacitor C,;3
into the new pole positions f’; and f/;. The frequency characteristics are drawn in
Fig. 6.2.21. The two two-stage Miller-compensated amplifiers g,,; > and g,,3 4 are
cascaded into one amplifier with two dominating poles f*, and f”;. The phase of the
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Fig. 6.2.20 (a) Block diagram of hybrid nested Miller compensated four-GA-stage Opera-
tional Amplifier. (b) Simplified hybrid nested Miller compensated four-GA-stage Operational
Amplifier

three cascaded inverting amplifiers is just right so that the poles f/; and f’; can be
split by an overall Miller capacitor C,;; into the final pole positions /"> and f”;. The
following choices have been made:

The limiting-pole frequency f; is:

— 8mi
27‘EC1

Vil (6.2.45)

The 0 dB frequency f'y of the driver and output stage multiplied by the loop gain
C2/Cyy3 of the intermediate inverting stage M3 must be half f';, so:

Cuz 1
v—==f 6.2.46
foce=50" (6.2.46)
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Fig. 6.2.21 Frequency characteristics of hybrid nested Miller compensated four-GA-stage Oper-
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This leads to the choice of Cy,;:

8m2 CMZ 1 /
—— == 6.2.47
27ICM1 CM3 2fl ( )

This is only true if the limiting pole frequency f’; of the intermediate inverting
stage M is equal or larger than f’;, which means a choice for g,,,3:

Em3 /
> 6.2.48
S, (62.48)

The overall bandwidth f”, must be taken a quarter of f;, hence:

1
= Zf/I (6.2.49)
This leads to a choice for Cy,»:
gt _ 1 6.2.50
2nCM2_Zf] (6:2.50)

The hybrid nested Miller compensation is a robust way to handle the stability of
a four-GA-stage Operational Amplifier. The 0 dB bandwidth is four times lower
than that of the limiting-pole frequency f/; = g,,,;/2nC;, of the output stage and its
capacitive load. The load capacitor C; may be taken smaller, but not larger than
given by the above formulas.
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Four-GA-Stage Multipath Hybrid Nested Miller
Compensation (MHNMC)

We can improve the bandwidth of the HNMC amplifier with a factor 2 if we add a
multipath input stage according to the multipath hybrid nested Miller compensated
(MHNMC) amplifier of Fig. 6.2.22 [6.16, 6.13].

In that case, we do not have to take the 0 dB bandwidth /"y of the whole amplifier
a quarter of f’; but equal to half f’;. So the overall 0 dB bandwidth f”) becomes
equal to half f’;, without losing a factor 2:

1

Q

f”o = Ef'I (6.2.51)
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Fig. 6.2.22 (a) Block diagram of multipath hybrid nested Miller compensated four-GA-stage
Operational Amplifier. (b) Simplified multipath hybrid nested Miller compensated four-GA-stage
Operational Amplifier
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This leads to the choice for Cy;»:

8mal lf,

_ 6.2.52
2nCyy 21 ( )

Further, domination of the HF path by the gain path should be prevented at high
frequencies. This means that the gain through the driver stage must be lower than
that of the direct path. This leads to the choice:

Cuvz  8m2 <1 Ema2

— - 6.2.53
Cus 2nCyyy — 3 20nCyy; ( )

This also means that the limiting-pole frequency f’; of the intermediate stage
may be lower:

8m3 l /
2nCy — 371

(6.2.54)

The gain reduction of the driver and intermediate stage can be prevented by
using a quenching capacitor to ground, as we will see with Fig. 6.2.25.

Finally, we must match the 6 dB roll-off of the gain path with that of the HF path,
in order to avoid a pole-zero doublet. This leads to the important choice of:

Smdl_ 8md2
27ICM2 27‘ECM1

(6.2.55)

The frequency characteristics are shown in Fig. 6.2.23. The result is a robust
compensated four-stage amplifier with an abundance of gain and nearly the same

Cmz
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Fig. 6.2.23 Frequency characteristic of the multipath hybrid nested Miller compensated four-GA-
stage Operational Amplifier
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bandwidth over supply power ratio as the two-stage Miller compensated ampli-
fier. Only the currents of the third and fourth stages add to the supply power
consumption.

Four-GA-Stage Conditionally Stable MHNMC

An interesting simplification can be made of the MHNMC amplifier. If we elimi-
nate Cyy, a conditionally stable MHNMC amplifier arises [6.13]. This can be of
advantage in audio amplifiers to increase the loop gain of the feedback amplifier up
to 20 kHz for a lower distortion, while a slow settling component can be tolerated.
The gain is allowed to roll off above the 20 kHz at a higher rate than 6 dB/oct. In
this case it is 12 dB/oct. However, at the 0 dB frequency this must be slowed down
again to 6 dB/oct. The independent nature of the multipath makes that this can be
robustly realized, only depending on the multipath parameters. The frequency
characteristic of the conditionally stable MHNMC amplifier without C,;, can be
derived from Fig. 6.2.23.

Starting with the DC gain flat from the right until f’;, then with 6 dB/oct down
until /%5, following with 12 dB/oct down until it hits the curve of the compensated
two-stage amplifier g,,.2/2nCy;, which equals the overall characteristic of the
MHNMC amplifier. The overall characteristic is determined in this range by the
second input stage g,.,> and the output stage which take the frequency response
down by 6 dB/oct through the 0 dB line.

Multi-GA-Stage Compensations

Many variations and combinations can be made in the HF compensation of
Operational Amplifiers. With MNMC and MHNMC more than four stages
can reliably be compensated without too much loss in bandwidth over power
ratio [6.13].

Compensation for Low Power and High Capacitive Load

Low power consumption in combination with high capacitive load becomes more
important in many cases than a straight 6 dB per octave open-loop frequency
response with fast settling close-loop behaviour. Particularly in low-frequency appli-
cations, low-dropout power regulators and headphone amplifiers with unpredictable
high capacitive load a low quiescent current consumption is very important.
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In the previous Miller compensated amplifiers a phase margin of 60° was
required for fast settling. This implied an output stage with enough current to
allow a capacitive load C; at the limiting pole frequency f’;, according to:

r _ 8ml
fi=5, o (6.2.56)

A first relieve is that we may lower the limiting pole frequency of the output
transistor and thus its current consumption if there is a high closed-loop gain A . If
we know that the closed-loop gain is not unity but higher, the bandwidth is lower
and we can lower the limiting-pole frequency of the output stage in a two-stage
Miller compensated amplifier.

Active Miller Compensation

But what happens with the stability when we do not obey the rules at all? Let we
again look at the two-stage active Miller compensated amplifier of Fig. 6.2.24a.

Suppose we give the output stage of the OpAmp enough current for a phase
margin S of 60° at a capacitive load C; of 30 pF and a limiting pole frequency f’; of
2 MHz, so that the bandwidth f%) for unity gain stability is 1 MHz according to
(6.2.18). If we now increase the load capacitor C; the phase margin will decrease.
But, if we increase the load capacitor further the phase margin will increase again.
The situation is sketched in Fig. 6.2.24b.

According to [6.17] the minimum phase margin S,,;, obeys the following rule:

4 Cuy;
gmR2 C

SMin = (6257)

If the voltage gain A,, = g,,» R, of the input stage is 10 and if the ratio C,;,/C5 is
50, the phase margin will not get below about 20°. This result is even independent
of g,,; and hence independent of the current consumption of the output transistor
M. The bandwidth will reduce, though.

RC or Distributed RC Compensation Network

The reduction of the voltage gain of the input stage is a disadvantage, as this
reduces the loop gain and the accuracy. To allow more gain in the input stage a
resistor R;; can be inserted in series with C,;;, as shown in the Low-Drop-Out
amplifier [6.18] of Fig. 6.2.25a. The resulting phase margin with a resistor R,;; in
series with Cyy; is shown in Fig. 6.2.25b.

The best result is obtained when R, is chosen 0.5xR,. Still there are two points
where the phase margin is low, about 20°. The phase margin can be further
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Fig. 6.2.24 (a) Two-stage active Miller compensated OpAmp. (b) Phase Margin versus load
capacitance for an active Miller-compensated OpAmp with a voltage gain A, of 10 of the input stage

improved by using a distributed R,;;C,;; network. This result is also shown in
Fig. 6.2.25b. Theoretically, the phase margin does not sink below 45°. The main
idea is to obtain a frequency characteristic with 3 dB per octave roll-off over a wide
frequency range.

In our search for a combination of high gain and stability at high capacitive load
or to lower current consumption of the output stage we now look at the three-stage
OpAmp. By itself the nested Miller compensated OpAmp can not be made stable
for a wide range of load capacitances at a low bias current of the output transistors.
The reason is that, if the limiting pole frequency f'; = g,,;/2nC; falls within the
frequency band where the closed-loop gain of the amplifier is higher than one, the
nested Miller compensation around the output stage breaks down.
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Fig. 6.2.25 (a) Low-Drop-Out regulator with a resistor Ry, in series with C,;; or with a
purposefully distributed R,;;Cy;; network. (b) Phase margin as a function of the load capacitance
of a Low-Drop-Out regulator of Fig. 6.2.25a with a resistor Ry;; = 0.5xR; in series with Cy;; or
with a distributed R;;;Cy;; network

However, if we are able to reduce the three-stage amplifier into a two-stage
amplifier for high frequencies then the compensation can fall back on the two-stage
stability presented above. Two solutions will be presented in the following: one
with pole-zero damping of the intermediate stage and one with high-frequency
quenching of the intermediate stage in a multipath topology.

Damping Compensation Network

Several solutions with damping of the intermediate stage by pole-zero cancellation
schemes have been proposed to stabilize three-stage amplifiers with high capacitive
load at low quiescent currents. Important ones are described in [6.19, 6.20]. But
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Fig. 6.2.26 Three-stage nested Miller compensated OpAmp with damping network

they are designed for a certain range of the load capacitances and may become
instable when loaded by a small capacitance. In [6.21] a solution is presented where
the gain of the intermediate stage is reduced and made broadband by a pole-zero
damping network Rp, Cp, and g,,p. That solution is depicted in Fig. 6.2.26.

The inner-nested Miller capacitor C,,; is made inactive by the low impedance of
the damping network. The outer Miller capacitor Cy,; takes the place of a single
Miller compensation capacitor. Only for small capacitive loads, where the gain of
the output stage is high, the inner-nested Miller capacitor C,;; comes into function-
ing again. Hence the circuit largely mimics a two-stage amplifier at high frequen-
cies that can be made stable for all capacitive loads either by limiting the gain of
8m3» Or a resistor Ry, in series with Cy,,, or by the use of a distributed Ry;,Cy/2
network, as described before. The following choices have been made:

1 8m3 / m2 1, 1 gmi
— —f = f = 6.2.58
Fo 2nCys 20 2rCyy 2771 221G, ( )
1 1 Em2 1 "
- = = 6.2.59
2 27RpCy ~ 2mCyyy 2f ! ( )

Quenching Capacitor Network

The next solution is the multipath nested Miller compensated three-stage amplifier
that can be made stable by it self. The multipath two-stage path makes the three-
stage path stable when we quench the three-stage path by a quenching capacitor CQ
to ground in parallel with C; [6.22], so that the two-stage path is dominating at high
frequencies, see Fig. 6.2.27a, b.

For the two-stage path the same measures have to be taken as explained above.
These either pose a limitation on the voltage gain of G,,3,, or let us insert a resistor
Ry in series with Cyy;, or use a distributed Ry;;Cyy; network.

If the transconductance g,,3; is large the quenching capacitor Cp may also
become large for high capacitive loads. This disadvantage is not present in the
four-stage hybrid nested Miller compensated amplifier of Fig. 6.2.28.
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The most important result of the quenched multipath three-stage solution is that
we do not anymore have to lower the transconductance of the intermediate stage
&m2 as required earlier in formula (6.2.44). We just use a small quench capacitor Cy
in any multipath three-stage amplifier to allow a large g,,,» of the intermediate stage
and make it more stable at high load capacitances.

A circuit for a multipath nested three-stage OpAmp that has a minimum phase
margin of 20° for all capacitive loads with a relative small voltage gain of g,,3; is
shown in Fig. 6.2.27b.

In search for more gain the Multipath Hybrid Nested Miller compensation of
a four-stage OpAmp is a good candidate for stability at all capacitive loads if we use
a quenching capacitor Cy [6.22] across Cy3, as shown in Fig. 6.2.28.
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Fig. 6.2.28 Block diagram of a multipath hybrid nested four-stage OpAmp with a quenching
capacitor C across Cyy;z that is stable for all capacitive loads

The circuit has a minimum phase margin of 20° for all capacitive loads if the
voltage gain of g, is restricted. The phase margin can be improved by using a
resistor Ry;; in series with C,,; or a distributed R,;;Cys; network. The quenching
capacitor is now part of the Hybrid Nested Miller Compensation scheme across g,
which amplifies the influence of the quenching capacitor. Therefore it can be taken
smaller for the same task than the quenching capacitor to ground in the three-stage
amplifier. Stability requirement for normal capacitive loads was already indicated
by Eq. 6.2.53. But now Cy,;3 is further increased by Cy to obtain stability for all
capacitive loads and for a larger g,,,.

Reversed Nested Miller Compensation (RNMC) for Low Power
and High Capacitive Load

A most interesting way of compensation is the forward nested Miller compensation
(RNMC) in which high load capacitances can be facilitated at low quiescent current
and low power [6.13] under certain conditions. In the original patent of 1985 [6.23]
this method was called Forward Nested Miller Compensation (FNMC). With
reverse or forward nesting a stage close to the input stage is used as the centre of
nesting, while the nesting is extended in the direction to the output. An example is
RNMC around the inverting intermediate stage of a three-GA-stage amplifier. The
situation is sketched in Fig. 6.2.29a.

The strength of this architecture for heavy capacitive loads is based on two
attitudes: Firstly, to the capacitive load it looks like a two-stage amplifier with
one Miller capacitor Cy;;. As we have seen earlier this one can be made suitable for
a large capacitive load in regard to the quiescent current of the output stage. Secondly,
the intermediate stage makes extra loop gain around the output stage to boost its
limiting pole frequency if the ratio Cy;;/Cy, larger than 1. It can be easily seen that the
intermediate stage is connected in a feedback loop around the output stage as an
inverting amplifier with input impedance C,,; and feedback impedance C,.
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Fig. 6.2.29 Block diagram of a reverse or forward nested Miller compensated three-stage OpAmp

The limiting pole frequency > = g,,2/2nC> is now situated at the output of the
intermediate stage. This pole is not loaded by the output capacitance. Hence, the
limiting pole frequency can be high at a low current consumption of the intermedi-
ate stage. The limiting pole frequency is:

1 = gm2/27C; (6.2.60)

For 60° phase margin the outer Miller capacitor C,;; must be taken as given in
(6.2.61):

f/I = %legm] /CmZZTCC] (6261)

In [6.24] the topology of a three-stage RNMC is presented in which refinements
are introduced to facilitate high capacitive load at low current consumption. The
topology is shown in Fig. 6.2.30a, b.

A voltage buffer A, with a voltage gain of 1 is inserted in the inner Miller loop in
order not to load the intermediate stage by the capacitor C,,,. Therefore the HF gain
of the intermediate stage stays high. Further two resistors R,;; and R;;; have been
inserted to null right-hand-plane zeros and to improve phase margin. Potentially,
this topology is able to facilitate stability at all capacitive load.

A transistor circuit diagram of this topology [6.25] is shown in Fig. 6.2.30b.

The circuit has a bandwidth of 3 MHz with phase margin of 70° at a load
capacitor C; of 1 nF while it only consumes 33 pA. Thanks to the feed forward
path through M, the amplifier gets a pseudo class-AB biasing with a negative slew-
rate as large as the positive slew-rate of nearly 2 V/uV.

Conclusion

We have seen that frequency compensation is needed with amplifiers having more
than one stage. Parallel compensation leads to the highest bandwidth over supply-
power ratio. However, strong pole-zero doublets can be expected, because of
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Fig. 6.2.30 (a) Topology of a reverse nested Miller compensated three-stage OpAmp with
voltage buffer and nulling resistors Ryy; and Ryy,. (b) Circuit diagram of a reverse nested Miller
compensated three-stage OpAmp with voltage buffer and nulling resistors Ry and Ry,

unmatched IC process parameters. This makes parallel compensation unfit for
amplifiers used to obtain a fast step response without slow settling components.
Miller compensation is very robust and has by nature no pole-zero doublets.
However, with normal Miller compensation the bandwidth is limited by that of
the output stage and its capacitive load. Derivations of normal Miller compensation
(MC), such as NMC, MNMC, HNMC, and MHNMC for amplifiers with more than
two-GA-stages can successfully be compensated without loosing too much of the
bandwidth over power ratio. For a combination of high capacitive load and low
power consumption several techniques can be used, such as a distributed RC
network in combination MC of a two-stage amplifier, or damping control of the
intermediate stage of a three-stage MC amplifier, or quenching of the gain path of a
HNMC four-stage amplifier, or finally RNMC which relieves the amplifier of its
limiting pole frequency at the output.
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6.3 Slew Rate

The currents and voltages in an Operational Amplifier are limited. Each stage has
its own limitation. The two-stage amplifier of Fig. 6.3.1 has two current limitations:
one at the output of the output stage /;, and one at the output of the input stage /.
These currents limit the speed at which the output voltage V,,, can change. This
speed is called slew rate S, = dV,,,/dt.

When the limitation at the output dominates, the output voltage V,,,, cannot slew
faster than:

Sr = (%) =1p1/C1 = Vamaxgm1 /C1 = Vamax27for1 (6.3.1)
for linear or sinusoidal waveforms, with V5,,,, as the maximum linear approximated
voltage swing at the input of M;, which amounts to V,,,. = Vi = kT/q for bipolar,
or Vyax = Vgs — V) for CMOS, and fj); = g,,,/27C is the 0 dB frequency of the
output stage.

However, the above is seldom the case, because when the output is biased in
class-AB, it has basically no current limitation.

Moreover, when feedback is applied the voltage gain is strongly reduced. The
limitation will be almost certain in the input stage. Its output is attenuated by the
parallel or Miller compensation network, which is dotted in Fig. 6.3.1.

If the frequency of the input signal is raised above the dominating pole frequency
f. of the compensation network, the signal is attenuated proportionally to the fre-
quency, while the output voltage remains constant because of the feedback.
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Fig. 6.3.1 Two-stage Operational Amplifier with parallel or Miller compensation and feedback
resistor
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Fig. 6.3.2 Time responses of various signals in the circuit of Fig. 6.3.1 showing slewing with
B =R3/(R; + Ry) = 1, at unity gain

The increase of the output current of the input stage goes on until the maximum
current of Iz, = Iy, is reached. At higher frequencies, the returning part f =
R3/(R3; + R,) of the output voltage V,,, cannot follow the source voltage V¢ any
more. Figure 6.3.2 shows the various response voltages in Fig. 6.3.1 with f = 1, at
unity gain feedback. The input stage is blocking if the input voltage V;, = Vg —
PV o is larger than V,, .., Which is Vi, e & 2 Vi = 2 kT/q for a bipolar differential
input pair and V;;, e = 2(Vgs — V) for a CMOS differential input pair.

So, normally the slew rate S, is dominated by the input stage, and can then be
calculated for parallel and Miller compensation as:

dVout ITZ ITZ v
S, — 2, R =y o 6.3.2
( dr >max Cp 8miik] Cu 7 max 27 g ( )

for parallel compensation with %) = g,,28,,/R/2nC,, or for Miller compensation
with f) = g,2/27Cy;, respectively.

We can now compare the slewing of the output stage with that of the input stage.
Normally we choose f/, of the whole amplifier half of f;); of the output stage so that
the slewing of the input stage dominates. This is also valid for a well-designed
Operational Amplifier with more than two stages.

The relation between slew rate and bandwidth makes it possible to calculate
one from the other. For a bipolar input pair V,, ,,,.. = 2 kT/qg = 50 mV. For CMOS,
Vin max = 2(Vgs — Vry) may be from 100 mV up to 1 V.

(SI‘)bipolar ~ 0.3f) (6.3.3)
(Sr)emos = (0.6 to 6)f (6.3.4)

Apparently, CMOS transistors have a higher slew rate than bipolar transistors,
and more so when they are in stronger inversion. However, this is only seemingly
true. The same results as those with CMOS are obtained with bipolar transistors
if we use degeneration resistors in series with the emitters to lower the g,/ ratio.
A compromise must be chosen between slew rate and offset and noise.

A general approach to increase the slew rate is to make the bias currents
signal dependent with a class-AB input stage. This will be discussed in an example
in Sect. 7.1
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6.4 Non-Linear Distortion

We encounter two types of non-linear distortion when using Operational Ampli-
fiers: firstly, distortion caused by the input stage close to slewing, and secondly,
distortion caused by the output stage.

To investigate the distortion caused by the input stage close to slewing, we have
to have a closer look at the transconductance g,,» for large signals of the input stage
of Fig. 6.3.1. This is depicted in Fig. 6.4.1.

When we looked at slewing, we treated the input stage as if it had a straight
transconductance g,,> over the maximum useful input range from —V;, .4, Up to
~+ Vin max at which values the output current /; changed from —I7; up to +/7,. In
reality we find a lying “S” shaped function. For a bipolar and a CMOS pair we have,
respectively:

I = Ipstangh(Ving /2KT) (6.4.1)
12 ~ Irztangh(Vm/(VGS — VTH)) (642)

With Vg — Vg = 60 mV for CMOS input transistors in weak inversion.

It is interesting to note that by the balanced nature of the input pair all even order
distortion components have disappeared. Only odd harmonic distortion remains. At
plus and minus half V;, ..., which corresponds with half the slew rate, the third-
order distortion voltage component (V, 3,4),2 referred to the input voltage is about
10% of V;,, or 2.5 mV for bipolar, and 5% of V;, or 5-50 mV for CMOS transistors.
This distortion component can be seen as an additional voltage source V;, p in series
with the differential input voltage V.

Though the input distortion voltage is larger with CMOS than with bipolar
transistors, the relative frequency at which half the slew rate occurs is much larger
with CMOS than with bipolar transistors. This over-compensates the larger distor-
tion with CMOS, as we will see in the following calculation.

Fig. 6.4.1 Transconductance
gm2 of the input stage for large
signals
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The signal-to-distortion ratio is:

VS o Vout
Vi AVip

S
— 6.4.3
D (6.4.3)
For an output voltage of V, = 1 V, and a closed loop gain A = 1, the S/D ratio is
in the order of 400 for bipolar transistors and between 200 and 20 for CMOS at

the frequency where the amplifier is excursed at half the slew rate.
The bandwidth f;,,» at half the slew rate is:

1 1
fvr/2 = Esr/znvout = Ef/()vin max/vom (644)

For an output voltage of 1 V, the bandwidth f;,,» is f’ (/40 for bipolar transistors,
and f"5/20 to fy/2 for CMOS. Above this frequency the distortion rises sharply, but
below fi,,> the third-order distortion V;, 3, reduces with about the square of the
ratio (fvaut/z//()vin max) [613]

1 2
VeSrd ~ (Vin3rd)s,-/2 (ﬂ/o/ zflovinmax> (645)

We can now take this in consideration for the signal-to-distortion ratio S/D,
and obtain:

2
E _ Vs _ Vou l Vizn max (%ﬂ)) (6.4.6)
D VinD AVinD A V()u[(vfﬂ 3I‘d)xr/2 f

For bipolar and CMOS transistors this can be roughly estimated when slewing
below half the slew rate:

S 11 Y
(5) ~oT (M) (6.4.7)
bipolar out f
S 121020 (AN
<5> ~ V" (Zf—‘)) (6.4.8)
CMOS out f

The result is that for a signal-to-distortion ratio of better than 0.1%, atV,, =1V,
and A = 1, we have a bandwidth of about f”,/60 for bipolar transistors, and between
f'0/40 and /13 for CMOS transistors.

The slack characteristic of CMOS transistors in strong inversion is in favour of
the steep one of bipolar transistors for distortion. The more the CMOS transistors
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Vo=Vgg—™

Fig. 6.4.2 Transconductance of (a. fo the left) CMOS transistors and (b. to the right) bipolar
transistors

are in strong inversion, the better. But again, with emitter degeneration of bipolar
transistors we can obtain the same results as with CMOS (Fig. 6.4.2).

Unequal slew rate for up and down CM input voltage movements is caused by
the parasitic capacitance at the tail of the input stage. This can generate excessive
distortion in unity-gain feedback amplifiers.

The distortion caused by the output stage can be modeled by the transconduc-
tance of the output transistor g,,;. The output current /, is distorted as a function of
the drive voltage V, at the output of the second stage.

The distortion to signal ratio D/S cannot generally be expressed by a function of
the ratio of the output current to the maximum output current /p;:

D
5 =flo/Ip:) (6.4.9)

because this function may have several types of non-linearity.

For CMOS with I, = 5(Vgs — Vry)® the distortion at a maximum sinusoidal
output current can be estimated at 10%, and is of the second order. For bipolar
transistors with I, = I exp(Vgg/V7) the distortion can be estimated at 20% totally,
including even and odd order components. For a complementary transistor pair in
a push-pull class-AB configuration with a high ratio between the maximum output
current /oy, and the quiescent output current /o, the second order harmonic
distortion disappears but the odd harmonics increase. This is depicted in Fig. 6.4.3.

The distortion with CMOS transistors is estimated at 10%, when we have adapted
the W/L ratios of both transistors so that their Ks are equal for the P channel and N
channel transistor. For bipolar transistors the distortion is estimated at 30%.

Until now we have assumed that the transistors are voltage driven. But if we
drive with a current, which is the case at low frequencies, or if there is no parallel
compensation, a bipolar transistor determines the value of R, and C; at its input.
If we replace R, for 3;r,;, and I.; = 3,15, the bipolar transistor becomes fairly linear
with a distortion of 1% for a single transistor.

For a class-AB push-pull complementary pair, the distortion may be 20%
because of a large difference between the current gain f3; and /3, of the PNP and
NPN transistors. The situation is drawn in Fig. 6.4.4.
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The main advantage of feedback with an Operational Amplifier is that the
distortion of the output stage is strongly reduced by the return difference or loop
gain Ay f3y, in which Ay is the open loop gain of the amplifier and 3 the attenuation

of the feedback network in the loop.

The closed-loop gain Ay is determined by the feedback network

Ayc

Avcpy 1

Ay

With!ﬁ\/ = R3/(R3 + R4)

T 1+AveBy By L+AveBy By

(6.4.10)

The sensitivity S47, of the closed-loop gain Ay to changes in the open loop gain
Ay is reduced by the loop gain Ay Sy, as is calculated in Eq. 6.4.11.

SA \4

0Ay Ayc

1 1

AVC T SAve Ay L+ Avefy AveBy

(6.4.11)
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With the same value as that of the loop gain the distortion is reduced. Figure 6.4.5
shows the loop gain Ayc Sy of the compensated and Ayyc of the non-compensated
amplifier.

At low frequencies the loop-gain is Ay iy = €,2R28miR; Sv. This is normally
a large value and the distortion is mostly reduced by it. At low frequencies bipolar
transistors can be regarded as current driven along with their specific distortion. The
reduction of the distortion at high frequencies depends on the way the amplifier is
compensated.

With parallel compensation using Cp and Rp the return difference is unity
Avyc By = 1 at the bandwidth of the feedback amplifier fz = f7y Sy.

Hence, at this frequency the full distortion of the output transistor appears
at the output. The shaded area of the loop gain in Fig. 6.4.5 is lost and cannot be
used for reducing the distortion. At a frequency 10 times lower than /5 the distortion
is only reduced with a factor 10.

With Miller compensation using C,, the linearity is much better than with
parallel compensation. The reason is that the Miller capacitor internally provides
feedback across the output transistor reducing its distortion. It can be regarded as
if the gain of the non-compensated amplifier is still available to reduce the distor-
tion. At the bandwidth fz = f’y Sy of the feedback amplifier, the return difference is
still Ayye By = folf’ 2, which might easily be of the order of 100. At a frequency 10
times lower than f the distortion is reduced by a factor 1,000. With a closed-loop
bandwidth near f’ at unity gain, the advantage of the Miller compensation over
parallel compensation is lower.

With nested Miller compensation around the output stage of a three- stage
amplifier, the advantage is even more pronounced as the uncompensated gain is
larger than that of a two-stage amplifier.

There is one distortion component which is added with Miller compensation.
The Miller capacitor is connected to the diode voltage at the input of the output
transistor as a virtual ground. The non-linear voltage characteristic of this diode
appears in series with the output. The non-linearity of this diode voltage is only
reduced by the return difference Ay f3y of the compensated amplifier. To eliminate
this effect, the Miller capacitor can be connected to the input of a cascode transistor
inserted between the input and output stage, as shown in Fig. 6.2.12.

Fig. 6.4.5 Frequency
characteristics of the
closed-loop gain (Ay¢) and
open-loop gain (Ayy)
two-stage amplifier of

Fig. 6.3.1

f(Hz) —=
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Conclusion

We have seen that the distortion of the Operational Amplifier originates from the
input stage and the output stage. The distortion of the input stage is lower than
1 percent in regard to a signal voltage of 1 V. It is reduced by the ratio of the signal
frequency f and the frequency f;, at which the amplifier slews. The distortion of
the output stage is in the order of 10%. It is reduced by the compensated loop gain
with parallel compensation and with the uncompensated open loop with Miller
compensation. Miller compensation and particularly nested Miller compensation
strongly reduces the distortion of the output stage.

6.5 Problems and Simulation Exercises

Problem 6.1

Using NMOS devices for the one-stage amplifier in Fig. 6.2.2, sized W/L;; ;, =
200u/2u, WL, = 50u/1u, draw the Bode amplitude characteristic if the devices
have Vyy = 0.5 V, Ky = 56 pA/V?, Jy = 0.1 V™', and fr» = 30 MHz. Biasing
currents are I;; = 100 pA, Iz; = 50 pA and the load capacitor is C; = 10 pF.
How does the Bode characteristic change if a load resistor R; = 500 kQ is added
in the circuit?

Solution

The DC gain of the amplifier can be calculated for no external resistive load as the
product of input stage g,, and the output impedance of the cascoded transistor M,

1
Apc = 5 8miiTdst18m2Tds2 = 7 My (6.5.1)

For saturated MOS transistors, the voltage gain p can be calculated

1

My = =175
NN 2Up1 KyW /Ly,

1

= =53
N 2l KnW Ly

The DC voltage gain of a one-stage NMOS amplifier becomes

(6.5.2)

1 1
Apc = Egmlﬂ'dsngmzrdsz = E.Uuﬂz = 2000 (6.5.3)
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The second non-dominant pole of the amplifier is given by the transit frequency
of M 2

f1 = fr> =30MHz (6.5.4)

The unity gain bandwidth is set by the ratio of the input stage g,, and the load
capacitor C;

. 1 8mil

fo=3 21C,

=11.9MHz (6.5.5)

at g,,;; = 750 pS. Note that the second pole frequency is more than two times larger

compared to the unity gain bandwidth, so the phase margin will be higher than 60°.
The dominant pole frequency is obtained as the division of unity gain bandwidth to
DC voltage gain value

fr= Jo _ s 6xma (6.5.6)

DC

The changes produced by the presence of a load resistor are related to a reduced
output impedance, which in turn reduces to voltage gain and the unity gain band-
width. If the load resistance is much smaller than the amplifier output impedance

R, = 500kQ > rys18meras = 10.25 MQ 6.5.7)

then the two equations above, which are dependent on DC voltage gain, are affected
by the load resistance alone

1
Apc = Eng]RJ =187

f=d" 6361

~ Apc

(6.5.8)

The decrease in voltage gain is dramatic because a single stage MOS amplifier
obtains the biggest part of its voltage gain by using a high output impedance

Problem 6.2

A two-stage amplifier using parallel compensation is depicted in Fig. 6.2.6.
Considering an all-NMOS circuit, with transistors sized W/L;; ;, = 100p/2u and
W/L; = 200u/2u, and loaded with C; = 20 pF, R; = 50 kQ, compensate the circuit
by calculating the values of Cp, Rp. Also calculate the unity gain bandwidth of
the compensated amplifier and the bandwidth over dissipated power ratio if the
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circuit is biased at Vgp — Vgy = 2 V. The transistors have Vyyy = 0.5 V and Ky =
56 uA/V2 and are biased with I, = 50 pA, Iz; = Iz, = 25 pA. The internal
components are C, = 1 pF and R, = 1 MQ.

Solution

According to Eq. 6.2.9, the parallel compensation network should be designed with

Cp :R[ ZC]Cng]ng

w 1 w
=Rj\[2C;Cr4 | 2Kn—1p; = 1/ 2KNy—2Ip> = 118 pF
1\/ 1 2\/ NLI 312\/ NL2 B2 P (6.5.9)

Ro = |— 1 _gax
C28mi18m22

With this compensation the unity gain bandwidth of the amplifier is, according to

Eq. 6.2.10,
’ 8ml  8m22
— ./ — 18.8 MH 6.5.10
50 =1\20C; 2nC, g ( )

Noting that Igz; = I, and all transistors operate at the same Vg — Vg,
Eq. 6.1.14 can be used to find the bandwidth over power ratio
I 1 10
— = =4.7x 10 (6.5.11)
Ps  8ny2C,C2(Vgs — Viun)(Vsp — Viy)

Problem 6.3

Using the same device parameters and resistor and capacitor values as in problem 6.2,
calculate the Miller capacitor C,,; and the Miller zero cancellation resistor R,,; for
maximum unity gain bandwidth of the amplifier shown in Fig. 6.2.11. What is the
frequency of the dominant pole?

Solution

Since the relationship between the uncompensated amplifier’s poles is important,
with the Miller cancellation techniques the values of these poles should be calcu-
lated first
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fo] = Sml = 6 MHz
277.'C]
i (6.5.12)
=" — 30MH
f()Z 27‘CC2 z
Noting that fj; < fy,, the attainable unity gain bandwidth will be
1
fo=5for = 3MHz (6.5.13)
and the corresponding Miller capacitor value becomes
8m2 8m22
Cyi = = = 10pF 6.5.14
M1 = S = dmfry p ( )

according to Eq. 6.2.22. The Miller zero cancellation resistor results from
Eq. 6.2.24 which states the value of the Miller zero frequency

Rys = — = 1.3kQ (6.5.15)

8ml

The dominating pole frequency produced by Miller compensation becomes

f/2 _ f/O — fIO
Ay gm2RogmiR;

= 426Hz (6.5.16)

The bandwidth over power ratio for this amplifier is

fo 1
Ps  8n(C; +2C2)(Vys — Vi) (Vsp — Vsn)

=17 x 10" 6.5.17)

Problem 6.4

The three-GA-stage amplifier in Fig. 6.2.16 is designed with NMOS transistors
sized W/L3; 30 = 100u/2u, W/L;; 2> = 10p/1u, and W/L; = 100u/1p biased at [5,3 =
2Ig; = 50 pA, I, = 2, = 20 pA, and Iz; = 50 pA. The internal nodes are loaded
with C3 = 0.5 pF, R; = 300 kQ, C, = 1 pF, R, = 200 kQ while the output is loaded
with C; = 10 pF, R; = 100 kQ. Calculate the nested Miller compensation network,
the unity gain bandwidth frequency and the dominant pole frequency. The NMOS
devices have Vyyy = 0.5 V and Ky = 56 uA/Vz.

Solution

The 0 dB bandwidth f”, of the Miller compensated intermediate and output stages
should be, according to Eq. 6.2.30,
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w
1 g, 1 1/ 2Kn7 1
Eml L 6MHz (6.5.18)

1
/ = — / = — = —
Fo 2f I'=292rC, — 2 2nC,

which takes a Miller capacitor Cy,; sized

CM[ _ Em2 _ 8m22

=i ™ 1.3pF (6.5.19)

The unity gain bandwidth of the nested Miller compensated amplifier will be
half /7.

1
f'o=5f'0 = 3MHz (6.5.20)

which needs a nested Miller capacitor Cy,»

Cuor — Em3  _ 8m32
M2 = 7 11
2nf",  4nf’,

= 10pF (6.5.21)

The dominant pole frequency is obtained by combining Eqs. 6.2.34 and 6.2.35

:f//O _ 4f//0
Ay 8m32R38m22R28mIR

i =70Hz (6.5.22)

Problem 6.5

A multipath nested Miller compensated amplifier designed with the schematic shown
in Fig. 6.2.18 and using NMOS transistors sized W/L3; 3o = W/L3334 = 100u/2p,
W/L;; 22 = 10u/1p and W/L; = 100p/1p is driving a load capacitor C; = 10 pF
with an output impedance of R; = 100 kQ. The biasing currents are /y;3, = Iy;3; =
2lg3> = 2Ip3; = 50 YA, Ip = 2l = 20 pA and Ip; = 50 pA. The internal nodes
are loaded with C; = 0.5 pF, R; = 300 kQ, C, = 1 pF, R, = 200 kQ. Calculate
the nested Miller compensation network C,;; and Cys. The NMOS devices have
Viun = 0.5V and Ky = 56 pA/V>.

Solution

w
1 1 g, 1 +/2Kn 1 1B
Fo=aip, =L g 1 L 6 MHz (6.5.23)

2 227C,; 2 2nC,

The 0 dB bandwidth f ', after first compensation with Cy;
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which in turn makes the Miller capacitor Cy,; to be
_ 8m32 _ 8mT34
2nf'y  4nfly

Because of the existing multipath, the overall unity gain bandwidth

Cui

= 1.3pF (6.5.24)

" =f', = 6MHz (6.5.25)

Cuz = 25’;”;;0 = i;% = 10pF (6.6.26)
will be equal to f, after the second compensation by C,z,» which according to
Eq. 6.2.42 needs a Miller capacitor Cy,;,

The dominant pole frequency is given by Eq. 6.2.43

In order to obtain a phase margin larger than 55°, the condition in Eq. 6.2.44
should be checked

I 4"
=120 = 140Hz (6.5.27)
T Avw 8mr34R38m22R28mIR;
1 1 1
8m2 = 5 8ma2 =51 HA/V< 38ms2 = ¢ 8mr3s = 62.5 HA/N (6.5.28)

Simulation Exercise 6.1

The three-GA-stage operational amplifier in Fig. 6.5.1 is shown in a setup for AC
differential gain simulation. The amplifier is Miller compensated by Cg and Co.
Remove the Miller capacitors and simulate the circuit to calculate the phase margin,
unity gain bandwidth and dominant pole frequency, then repeat the previous step

2 Vsp

[ |1
50u 4 S0 L7
' "
M
=
I'_ L=1.6u
Wn300u
I Ms ;1ce
Ths Lz a2y "Ip
Wia 1000 =100u
& Vout
HCg Ay J_CL
100K
_C.s ip _Cz 10p
[ osp | s I 0.5 |
100 g |15
g ?r M[ﬂ m,?r
@ Van
Lp
1l Ca TR
il W00 1000

Fig. 6.5.1 Three-stage Miller compensated amplifier
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Fig. 6.5.2 Multipath nested Miller compensated amplifier

with the Miller capacitors in the circuit. Considering the fact that some transistor
models do not model accurately the moderate inversion region of a MOS device,
resize the transistors to place them in strong inversion by checking the Vg — Vg
to be at least 0.2 V. Considering a threshold voltage variation of 40 mV (the actual
Vry variation can be calculated dividing this value by transistor width) for
all devices, compensate the amplifier for 60° phase margin in the worst case
combination of the mismatch mentioned above.

Simulation Exercise 6.2

The operational amplifier shown in Fig. 6.5.2 can provide a large DC gain due to the
dual input stage. Compare the gain and phase characteristics of this amplifier with the
ones from the previous exercise, after removing the Miller capacitors in both circuits
and after making the output stage transistors M, of equal size W/L, = 300/1.6. The
three-stage gain characteristic is now shown by the results from the previous circuit
and can be compared with the results for the multipath version. Add the Miller
capacitors and compare the two results again. Note the bandwidth increase for the
multipath circuit.
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7. Design Examples

We have made a classification of Operational Amplifiers in Chap. 6. Nine main
topologies have been listed as in a periodic system.

Nine Overall Topologies

For a good input stage only the GA type is suited, as shown in Chap. 4. For level-shift
or intermediate stages there are two possible types, the CM or CF (both denoted as
CF), and the GA stage, as shown in Chap. 6. Three push-pull output stages exist, the
fully VF, VF/GA, and fully GA stages, as shown in Chap. 5. The combination of
these possibilities create two two-stage configurations without a push-pull output
stage, six three-stage configurations, and one multistage configuration with four GA
stages or more. These nine main topologies are inventoried again in Table 7.1.

We will give practical examples of each of these nine overall topologies in the
following nine paragraphs and end with conclusions. We will see that the first
configuration is mainly useful for capacitive loads. Configurations 3—6 are mostly
useful in bipolar technology. While the configurations 7-9 with rail-to-rail output
stage are particularly useful for low-voltage CMOS technology, but may also be
used in some low-voltage bipolar and BiCMOS applications.

7.1 GA-CF Configuration

The most simple topology for an Operational Amplifier is the GA-CF configuration.

Operational Transconductance Amplifier

The simple class-A complete general OpAmp is called operational transconduc-
tance amplifier (OTA). The OTA has besides the GA-input stage, a current-mirror
(CM) or a folded-cascode current-follower (CF) stage for providing an output-voltage

J. Huijsing, Operational Amplifiers 2nd Edition, 213
DOI 10.1007/978-94-007-0596-8_7, © Springer Science+Business Media B.V. 2011
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Table 7.1 Classification of nine main overall topologies for operational amplifiers

Configuration number Input stage Level-shift or intermediate stage Output stage
1 GA CF —
2 GA GA -
3 GA CF VF
4 GA GA VF
5 GA CF VF/GA
6 GA GA VF/GA
7 GA CF GA
8 GA GA GA
9 GA GA + GA GA
2 Vsp b

Vout AVO
C
A, T
I 1Ayl
(dB)

BV 0
SN \\f1 f(Hz) —»

Fig. 7.1.1 (a) Class-A operational transconductance amplifier (OTA) with GA-CM configuration
and (b) frequency characteristic of the GA-CF configuration

swing independent of the CM input voltage. This type of amplifier is mainly used to
drive capacitive loads C;. The transconductance, which is provided by the GA input
stage, is too low to provide a large DC gain with a resistive load R;. A typical
structure in bipolar technology is shown in Fig. 7.1.1a.

The OTA of Fig. 7.1.1a has a transconductance G,, equal to the transconduc-
tance of the input stage g,,; which is proportional to the bias current /,;. The series
connection of the two emitters of the input stage halves the transconductance of the
input transistors g,,; ». The current mirror Q;;, Q,, doubles the transconductance
again, so that G,, of the whole OTA equals that of one of the input transistors g,,; -.
The emitter-area ratios have been chosen such that all transistors have a quiescent
current of Iz;. With V; = kT/q the total G,, becomes:

1
G = gmi = 812 = =~ (7.1.1)
Vr

Formula (7.1.1) shows that the transconductance G,, is constant over tempera-
ture if the bias current I, is proportional to the absolute temperature T (PTAT).
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The limiting pole frequency f; results from the mirrors. Their transit frequency f; is
half that of a single transistor f; because of the double base-emitter capacitor 2cp,
parallel to one diode resistor r, = 1/g,,. The PNP transistors usually limit the
bandwidth by their low f7p. So the limiting pole frequency f; is:

1
fir~5 frr (7.1.2)

The load capacitor C; must be so large that the zero-dB frequency f, lies a factor
2 below f; for a 60° phase margin:

Jo

G, 1 . 1
= < — ~ — 713
27ICszfl 4fTP ( )

The dominating pole frequency f; is:

1
= 7.14
fZ 27‘ERLCL ( )
The DC voltage gain is:
Avo =GRy (7.1.5)

The GA-CM configuration is often used without load resistor R; to drive a
capacitive load.

The maximum obtainable gain without R; is limited by the parallel (]|) output
resistance 7 of the PNP and NPN current mirrors /2 reep and 1/2 reep:

1 1 1 1
Avom = GuR, = Gy (E Teep H Ercen> ~ szrce ~ Zu (716)

The value of u = g,,7c. = re./rr may be of the order of 10° or 60 dB. When we
would have cascoded the output stage with bipolar transistors, the output imped-
ance r,, will be limited by the collector-base resistance r.;, = ffr.., and the maximum
obtainable gain would become:

1 1
AV()M - Gm (rcbp || rc'bn) ~ Gm Tep = Eﬁu (717)

2
Folded-Cascode Operational Amplifier

To obtain a high output impedance in CMOS, a cascode stage can be placed straight
on the output of the input pair, as will later be discussed with the telescopic cascode
of Fig. 7.1.3, or a folded cascode can be placed in cascade, as shown in the circuit of
Fig. 7.1.2a, b.
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Fig. 7.1.2 (a) Class-A a
folded-cascode operational 2lg 21, L uQIB 2 Vsp
amplifier with GA-CF N
configuration Msji Mi7 ! Mig | \I_[:_M“’ (D Ve
Misla, M16E
I —

Vins Im1 Vin- Vout
My Mz ] Miq CL

| i Medb I

M”j I'_”:Mm = CjVBZ

Ip1
3gy 1315
AN
b
ZVsp
21 Isy s
"
Msj} \L[Mw @¢ C)_Vm
Ig1
M7 F% M1g
Mis || *I
Vin+ Gm Vin- Mior Vout
P wm, w2 — -
L

RL

§
Is} LI e T

M11:]| | jl |T[:M21 CjVBZ
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Fig. 7.1.2 (b) Class-A folded-cascode operational amplifier (OpAmp) with GA-CF configuration
and the current-mirror connection at the P-channel side

The CMOS folded-cascode amplifier of Fig. 7.1.2a has a transconductance
G, = gmi12 equal to that of one input transistor g,,; .. The series connection of
the two input transistors halves the transconductance. But, the mirror-connected
transistors M, ;, M ;> sum the differential currents of the input transistors, so that the
transconductance is doubled again. We have chosen relative wide input transistors,
so that these become biased in weak inversion at Iz;. That provides the highest G,,
at the given tail current of 2/g;. This means that all offset and noise sources of the
input stage and the following stage are minimally reflected in the input offset
voltage Vi, In weak inversion the CMOS transistors function like bipolar tran-
sistors in an exponential way. But the transconductance is n times smaller. The
transconductance of the whole amplifier is:
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Ip;

— 7.1.8
v (7.1.8)

Gm =8mi2 =

with Vi = kT/q, and nV7 is chosen about 60 mV at room temperature, which is in
moderate inversion close to weak inversion.

The W/L ratios of all current-source transistors M3, M ;> and M ;g are chosen such
that their ouput currents are all equal to 2/g;. This provides a maximum symmetrical
output current at a minimal supply power. The current sources need to have low noise,
low offset, and a high output resistance. Therefore, relatively long CMOS transistors
have been chosen for these current sources such that they become biased in strong
inversion at an effective gate-source voltage Vg5 —Vry of about 300 mV. The G, is:

2lp;

G, = 8mi2 = K(VGS - VTH) =V 2Klp; = W
GS — VTH

(7.1.8a)

with: K = uC,,W/L.

Some times the mirror connection is chosen at the bottom at the gates of the
lower N-channel transistors M;; and M, as in Fig. 7.1.2a. This gives the highest
frequency response because the gate capacitors of the N-channels are smaller than
that of the P-channels. The P-channel transistors are usually chosen three times
larger to compensate the g,, for a three times lower mobility. With the current
mirror connection at the lower side, the current sources M;; and Mg at the upper
side must provide two times the bias current of one input transistor, to fully excurse
the output. As a consequence, the mirror-connected transistors M;; and M, must
carry three times the bias current of one input transistor. Only then the maximum
positive and negative output current, equal to two times that of one input transistor,
can be provided at the output to the load.

The bottom mirror transistors M;;, M;, carry three times more current than
the input transistors do. Their noise and offset would be reflected three times
stronger at the input if these transistors would be biased in weak inversion like
the input transistors are. To avoid this large amount of noise and offset, the bottom
mirror transistors have to be biased in very strong inversion. But there is a limit.
If the input CM range need to include ground, the maximum effective gate-source
voltage can not be much larger than 300 mV.

The additional noise and offset caused by the mirror connection in the bottom of
the folded cascode CF stage can be reduced, as well as its supply power, by making the
mirror connection at the top instead of in the bottom, as shown in Fig. 7.1.2b. This can
be allowed for OpAmps where high frequency behavior is not the most critical issue.

If we choose the mirror connection at the upper side as drawn in Fig. 7.1.2b, the
current sources M;; and M, have only to provide two times the bias current of one
input transistor. Then, the current mirror transistors carry only one times the bias
current of an input transistor. Still, the current mirror at the top allows the output to
provide the maximum positive and negative current of two times the bias current of
one input transistor. The lower currents in the bottom current-source transistors and
upper mirror transistors allow to choose these transistors with a lower W/L ratio in
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strong inversion at the same saturation voltages as in the previous case. The lower
bias currents and the lower W/L ratios result in a substantially lower g,, of the
transistors M;;, M;>, M;> and M ;5. Hence, their noise and offset currents are lower,
which results in lower input noise and offset voltages.

An alternative to strong inversion is the use of resistive degenerated transistors
in weak inversion. That might take more area in the layout. But the degereration
resistors can be accurately matched and their G,, is two times smaller than that of
transistors in strong inversion at the same bias current and voltage loss. This results
in a lower noise and offset. This alternative can also be applied to the lower current
sources M;; and M, and upper current mirror M;, and M,g. The alternatives are is
shown in Fig. 7.1.2c.

The limiting pole frequency f; in the folded cascode of Fig. 4.1.2a results from
the folded current follower M;, and mirror M;;, M;,. The transit frequency of the
N-channel mirror f; = !/ fry roughly limits the bandwidth:

1
fi= 3 fin (7.1.9)

The load capacitance C; must be large enough so that the zero-dB frequency f
lies a factor 2 below f;:

1
<z fi =me (7.1.10)

=— 7.1.11
fZ 27'ERLCL ( )
C
Strong Inv.
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Fig. 7.1.2 (c) Comparison of the G,, of a CMOS transistor in weak inversion, strong inversion,
and degenerated weak inversion
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The maximum DC voltage gain (without load resistance R;) is limited by the
parallel (||) output resistance R, of the cascodes M;, and M ;4 and can be estimated

at R, = Wyyrasi2||ystasis = 12 Wras:

1

1
Avou = GuR, = gmil-lrdx ~ EHPHN (7.1.12)

The maximum value of of the voltage gain pp or uy for P-channel or N-channel
CMOS transistors, respectively, may vary from 30 to 300, depending on the chosen
W/L ratio and on the current level.

Telescopic-Cascode Operational Amplifier

In cases where the common-mode input voltage range need not be large, for
instance in an inverting integrator (see Fig. 3.5.5), a telescopic cascode may be
used instead of a folded cascode output stage. This OpAmp is shown in Fig. 7.1.3.

A very important feature is that the telescopic OpAmp only needs half the supply
current of the folded version for the same maximum output current and G,,.
Moreover, the extra noise and offset of the extra currents sources in the folded
cascode stage are not present here. A disadvantage, though, is that the minimum
supply voltage is one saturation voltage higher than that of the folded version. For
the folded version of Fig. 7.1.2a the minimum supply voltage is: Vg = Vgp — Voy =
Vaiodger1 + Vsarrs + Va7, while the minimum supply voltage for the telescopic
version is Vs = Voo + Viur 2 + Viaza + Vaiodes-

Y%
3, ZVsp

') Vout
| Mg Li

vs ]| Lwe Oy Qe
sy @¢B2 |is e,

Fig. 7.1.3 Telescopic cascoded class-A operational amplifier with GA-CF configuration
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A disadvantage of the telescopic OpAmp is that the common-mode input voltage
range of the telescopic version can not include the negative rail voltage at all. Nor
can the common-mode input voltage cover much of the output voltage range. The
output CM voltage can not come higher than a threshold voltage minus two
saturation voltages above the input CM voltage.

Feedforward HF Compensation

The main advantage of the preceding simple GA-CM or CF circuits is that the zero-
dB bandwidth lies only a factor 4 below the f; of the transistors. Ways to improve
the bandwidth are based on bypassing the mirrors or cascodes by an Ry Cr all pass
network [7.1, 7.2]. This eliminates the PNPs from the HF path in the OTA in
Fig. 7.1.4 so that the limiting pole frequency f; is equal to //2 fry of an NPN mirror.
Note that the HF feedforward network has been crosscoupled to match the negative
transfer of the mirrors.

Moreover, the HF feedforward network provides a direct HF path from the
collector of Q; to the output without a limiting-pole frequency.

This same HF path, but not crosscoupled, is provided in the CMOS folded
cascode amplifier of Fig. 7.1.5. The partly elimination of the dominating pole
makes that the zero-dB bandwidth f, may approach !/ fr, or even fr, by the
HF-bypassing of the internal connection. Note that the elimination is only at one
half and that the output load also influences the existence of a pole-zero doublet in
the frequency characteristic.

A disadvantage of the simple circuits of Figs. 7.1.1 and 7.1.2 is the relatively low
transconductance G,, and DC gain Ayy. Many approaches have been made to increase
the G,, or Ayy. Some of these approaches will be discussed in the following
sections.

2 Vsp

Fig. 7.1.4 OTA with
GA-CM configuration and a
crosscoupled HF feedforward
network RFICFZ and RF2C1:1
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Fig. 7.1.5 Folded-cascode Vsp
amplifier with GA-CF MmL“ | \
configuration and a straight | Mie <> Ve
HF feedforward network Miglo, '\:lzo
Rp;iCry and RpzCr )| ||

Vin+ ] B Vout

M4

—
pull

¢ O+Vsz
e T T

Input Voltage Compensation

The most important attribute of an input stage is its transconductance g,,. Bipolar
transistors provide the largest g,, at a certain quiescent current in nature. Their g,, =
I/Vy with Vi = kT/q is determined by the Boltzmann statistics for distribution of
charge carriers in a semiconductor. There is no motive for charge carriers in a
junction to react more sensitively to a voltage than according to the Bolzmann
statistics law. Tunneling or other quantum effects may break this law. Yet, there is a
demand to improve the g,, without enlarging the quiescent current. A network
approach to do something is to compensate one source or emitter resistance with
another of the same value but with a negative sign by positive feedback. A basic
circuit is drawn for a bipolar and CMOS circuit in Figs. 7.1.6 and 7.1.7 [7.3].

The cross-coupled transistors Q3 and Q, create a positive feedback loop. The
currents of Q; and Qj are equal to I, and those of O, and Q, equal to I, if we
disregard the base currents. This means that the base emitter voltages of Q; and Q;
are equal: Vgg; = Vg3, and even so those of O, and Q4 Vggr = Vgpy. The sum of
the base-emitter voltages of Q; and Q, are equal to the sum of those of O, and Q3.
Hence the input voltage appears unattenuated across R; and R,. If R; and R, are
chosen zero, the circuit may oscillate uncontrollably due to parasitic capacitances.
The value of 1/R; 4, may not be chosen larger than 30 times g,,; » = 1/r,; ;> to insure
stability. With non-zero R; and R, the transconductance G, is:

Ay g —Ie2 -2 -1

G - S
"V Vin R3;+Rs Rsyu

(7.1.13)

Note that the input stage does not inverse the signal like it does in a conventional
input stage. This effect appears as a negative value of g,,. The positive feedback in
Q3.4 does not work above the transit frequency fr of the transistors, so the band-
width cannot be increased by this method. But the g, at lower frequencies can be
enlarged by a factor 30, and so can the voltage gain A,,,.
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Fig. 7.1.6 Bipolar input stage with enlarged Fig. 7.1.7 CMOS input stage with enlarged g,
gm by compensation by compensation and W/L; , < W/L, ,

The CMOS circuit in weak inversion can also be kept stable by series resistors.
But by choosing the W/L;, ratio of M3, M, smaller than W/L,, of M;, M, the
stability may also be assured in strong inversion

-1

A]()ll 1 W L
G = M :gm,72<1_ /’72> (7.1.14)

Vi B l/gan,Z - l/gn13,4 W/L3‘4

When W/L; 4 equals W/L, , the circuit is uncontrolled. We may not choose W/
L; 4 less than 5% smaller than W/L; , to assure stability over variations in transistor
parameters. This means an increase of g, of 20 times.

Input Class-AB Boosting

Many approaches have been made to improve the slew rate and settling time of
the GA-CM configuration by using a class-AB input stage. Its output current
may be much larger than the quiescent current. A first approach is shown in
Fig. 7.1.8a [7.4].

The input pair M; M, is cross-coupled with the complementary pair M; M,.
Transistors Ms and M serve as level shifters. The translinear loop through M,—M
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Fig. 7.1.8 (a) Class-AB cascode current-mirrored (CCM) amplifier and (b) transconductance of
the class-AB input stage
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2 Vs

biases the transistors in class-AB as shown in Fig. 7.1.8b. A slew rate has been
reported of 80 V/us at a supply-power consumption of 1 mW.

A disadvantage of the above circuit is that it needs a supply voltage larger than
three diodes and two saturation voltages. A circuit that can function at one diode
and two saturation voltages is shown in Fig. 7.1.9 [7.5].
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The first input stage M;; M, drives its own tail current through M ;s M ;s M ;7 and
also drives the output transistor M. The second stage M,; M, does the same and
drives the output transistor M,. When the first stage has a negative input voltage the
tail current boosts itself with the output current.

The current in M;; increases strongly, while the current in M, stays nearly
constant. In this way much larger signals can be processed than the quiescent
current. The class-AB boost has a stable loop gain independent of the device
dimensions and bias currents [7.5]. The P-channel transistors have a W/L ratio
three times larger than that of the N-channel transistors to compensate the g,, for a
lower mobility p. The output transistors M; and M, are scaled Bx to provide
a large output current. The ratio between maximum output current /o, and
quiescent current / is limited by the supply voltage available to M;; and M5,
according to

v, 1 Vgp — V. 2
ﬂ——(l M) (7.1.15)

Vo 4 Vesiizr — Vu

The circuit was used to drive a large capacitive load at a reasonable slew rate and
settling time.

Many other approaches to class-AB input stages have been made to combine a
low quiescent power consumption with a high current drive capability, slew rate,
and settling time.

Voltage-Gain Boosting

The open-loop low-frequency voltage gain of the GA-CF Operational Amplifier of
Fig. 7.1.2a, b can be increased by voltage gain boosting [7.6, 7.7]. The idea is to
boost the voltage gain of the cascode transistors M;, and M;s by measuring their
source voltages and regulating them at a constant value by actively controlling their
gate voltages. The circuit is drawn in Fig. 7.1.10.

The amplifier without gain boosting had a voltage gain according to (7.1.12):
Avom = 1/ttt This gain is now boosted with the voltage gain of the differential
amplifiers M5;, M, and M3;, M3;,, which is 15g,rqs = 1opp or 1ouy multiplied by
the voltage gain of the folded cascodes M,s, M35, which is u,, or up. The total DC
gain then becomes:

1
Avow = 7 1y (7.1.16)

A voltage gain has been reported of 90 dB in combination with a zero-dB
frequency of 116 MHz at a load capacitor of 16 pF and a power consumption of
52 mW [7.6].
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Fig. 7.1.10 Voltage-gain boosting in a class-A GA-CF operational amplifier

Conclusion

The GA-CF configuration has a high bandwidth f;, with a value in the order of a
factor 4 lower than the transit frequency fr of the transistors. The limited g,, and
the class-A biasing makes that no significant resistive loads can be driven at a
reasonable gain. The main application of this type of Operational Amplifier is to
drive capacitive loads, as in integrator filters, switched capacitor filters, and
sample and hold circuits. A capacitive load does not endanger HF stability, but
improves it.

We have seen that the GA-CF configuration can be improved in various ways.
Feedforward compensation can improve the bandwidth by a factor 2. Class-AB
biasing of the input stage results in a high slew rate and fast settling. Transconduc-
tance compensation with an equal but negative value results in a higher low-
frequency g,, but no larger bandwidth. Voltage boosting may greatly enlarge the
DC voltage gain with pure capacitive loads.
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The GA-(CM or) CF configuration will further be used as a basis for the GA-CF-
VF configuration in Sect. 7.3.

7.2 GA-GA Configuration

The GA-GA configuration is the first step to profit from a second transconductance
gain factor after the input stage. As a result, resistive loads R; can be driven at a
reasonable voltage gain, besides capacitive loads C;. A direct consequence of two
cascaded GA stages is that we have two poles and that one pole has to be
compensated by an HF compensation network, which is often a Miller capacitor.

Basic Bipolar R-R-Out Class-A Operational Amplifier

A basic GA-GA bipolar operational amplifier is shown in Fig. 7.2.1.

The frequency characteristic of the basic GA-GA bipolar operational amplifier
of Fig. 7.2.1 is given in Fig. 7.2.3.

The limiting pole frequency with the highest specified load capacitor C; and the
tranconductance g,,; at Q;; is roughly:

/ 8ml
= 7.2.1
fl 27ICL ( )

The zero-dB bandwidth f; must be chosen half f; for a 60° phase margin by
choosing the right value for C,,;:

;. Em2 _l /_l Eml
fo T 2nCyy _2f1 e

(7.2.2)

Im1

Fig. 7.2.1 Basic bipolar
R-R-out class-A GA-GA i'e
configuration in bipolar

technology technology
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The value for Cy;; must be chosen at a value:

C I
Cur = 28m ——=Crom (7.2.3)
8mi Ig;
The voltage gain of the amplifier is:
Avo = 8m2 B RL (7.2.4)

The maximum voltage gain obtained without R; is:

1
Avom = gmz P11 (Teett||Fcer2) = 1 Bu (7.2.5)

The dominating pole frequency without R; is:

. o

Hh=— (7.2.6)
Avom

We have now roughly dimensioned the Operational Amplifier of Fig. 7.2.1. We
are better to choose the current /g; through Q;; equal to the tail current I, of the
input stage. In that case, the base current of Q,,;, which loads Q,,, compensates the
offset of the base currents of 0,3 and Q,4, which loads Q,;. This choice is also close
to the optimum for a maximum bandwidth over power ratio as expressed in

(6.2.27). Because of this choice the value for Cy;; must be equal to C;, as follows
from (7.2.3).

Improved Basic Bipolar R-R-Out Class-A Operational Amplifier

Now we will try to improve the basic amplifier of Fig. 7.2.1 as shown in Fig. 7.2.2.
The main improvement is to use a Darlington second stage. This enlarges the gain
by roughly a factor f3;; to:

Avo ~ gm2 B12B1RL (7.2.7)

The extra Darlington transistor Q;, also requires some extra measures. An
important consequence is that there is the extra pole frequency f;, in the Miller
loop at the emitter of Q;,, which is loaded by the base-emitter capacitor Cp,;; of
Q;;. Its frequency is f2 = 1(1pp11 + 7e12)27Ches;. In 1975 James Solomon touched
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this problem in his famous OpAmp tutorial [7.10]. To place this pole frequency f;,
at least at f] the current through Q,, must at least be Ig;> = Ip;f] /fri = Ig1Che2/CL,
and the bulk base resistance r,;,;; of Q;; must be made small by a fingered structure
of the emitter of Q;;.

To eliminate the extra phase shift by the right-half-plane zero f! = g,u/2nCyy
(6.2.24), a resistor R, is placed in series with Cy;;. Its value is chosen such that the
feedforward path through C,,; is canceled by the g, of Q;;:

Ryt =rerr = 1/8mi (7.2.8)

To balance the asymmetrical load current iz, at one side of the input stage, an
equal load ig,7 of the Wilson mirror transistor Q7 is used at the other side. The bias
currents through Q;, and Q,, must be equal to prevent an induced input voltage
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offset. To further prevent the full offset and noise of Q-3 and Q», being added to the
input offset and noise voltage, the emitter resistors r,,3 and r,,4 of these transistors
have to be degenerated by R,; and Ry,.

Basic CMOS R-R-Out Class-A Operational Amplifier

In CMOS the situation is different. The voltage gain of the basic circuit of
Fig. 7.2.4 is:

Avom = gm2 (2ras22||Tas24) gmiRL = Wo8m, Ri (7.2.9)

The maximum voltage gain without R; is ;.

Improved Basic CMOS R-R-Out Class-A Operational Amplifier

The current gain can not be improved by a Darlington, but the voltage gain can be
enlarged by cascoding the output transistors.

This is shown by the circuit of Fig. 7.2.5.

Inserting the cascodes M, and M ; improves the maximum voltage gain without
R; with a factor u;:

Avom = ol 1y (7.2.10)
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Fig. 7.2.5 Improved class-A R-R-out GA-GA configuration in CMOS

With CMOS low-capacitive loads are often applied. This increases the influence
of Cy and its corresponding right-half plane zero /., as discussed with Fig. 6.2.12.

To solve this problem we have connected the left-hand side of C,; to the
cascode transistor M5, of the mirror. This cuts the feedforward path through C,,
so that f! is eliminated. However, the limited g,,,4 of M5, causes another zero at f,
= gu24/27C)y; in the Miller loop as the current through C,, is hindered to flow
through M, in order to counteract the driving current from M,;. Several measures
can be taken to repair this zero. One of them is to split C,; into two parts of which
one is used as a regular Miller capacitor. One other is to use a parallel capacitor
Cp = Cy, from the gate of M4 to ground to help reducing the driving of the output
transistor M;;.

The connection of Cy, to the cascode transistor M, introduces a voltage gain
Cy/C5 in the Miller loop, with C, as the parasitic capacitance at the gate of M;;.
This loop consists of three poles, one at each output of M54, M;;, and M;,. The pole
at the gate-source capacitance C, of M;; dominates. If the HF stability of the loop is
insufficient, C, can artificially be enlarged.

If we had not used the cascoded current mirror to connect the left-hand side of
C,, but rather a separate folded cascode chain in parallel to the input stage as in
Fig. 7.1.2b (which has often been done to lower the minimum supply voltage from
3Vgar + Vg to 2Vear + 1V [7.8]), all offset and noise of this chain would be
added to the input voltage. To lower the additional noise and offset of M,s5, M54
these transistors must have a low g,, at a low W/L ratio in relation to those of the
input pair.



7.3 GA-CF-VF Configuration 231

Conclusion

The bandwidth fj of the GA-GA configuration with Miller compensation lies
roughly a factor 2 below f; of the GA-CF configuration at the same bias current.
This is caused by the fact that we have to stay away by a factor 2 from the zero-dB
frequency of the Miller loop gain for a 60° phase margin. The main advantage of the
GA-GA configuration over the GA-CF one is a f§ or B increased transconductance
of the bipolar or Darlington bipolar circuit, and a u improved transconductance of
the CMOS circuit. This helps keeping the voltage gain high with resistive loads.

The GA-GA configuration will further be used as a basis for the description of
the GA-GA-VF configuration in Sect. 7.4.

7.3 GA-CF-VF Configuration

The lack of a reasonable transconductance of the GA-CF configuration of Sect. 7.1
and the reduction of bandwidth of the GA-GA configuration of Sect. 7.2 makes us
look to the combination of the GA-CF configuration with an output VF buffer for a
larger current gain, while maintaining as much of the high bandwidth of the GA-CF
topology as possible.

High-Speed Bipolar Class-AB Operational Amplifier

An example of a high-speed bipolar circuit is shown in Fig. 7.3.1. It has a class-AB
VF output stage with folded Darlington transistors [7.9].

The current gain f3,f3, of this VF stage is linear and fairly symmetric because
each push and pull path has an NPN and a substrate PNP transistor in cascade, the
total transconductance is:

Emtor = 8m3 ﬁn ﬁp = &m3 ﬁz (731)

The limiting pole frequency f; lies at the output, and has a value of:

8ml 2131 q [Bl
— — — 732
fi 2nC;,  2nC kT nCLVy (7.3.2)

With: g = &mi1 + gmiz-

The two transconductances of the output transistors g,,;; and g,,;»> are in parallel
to each other. This helps to keep the quiescent current Iz, a factor 2 lower for a
certain bandwidth than with a single VF transistor.

Moreover, the phase shift of the VF output stage is reduced by the feedforward
path of its base-emitter capacitances. This means a zero in the left-hand plane at the
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Fig. 7.3.1 High-speed GA-CF-VF configuration with a class-AB folded Darlington output stage

fr of these transistors. We do have to keep the bulk base resistors r,, low by a
fingered layout of the emitter. The zero-dB bandwidth f; of the whole amplifier
must be chosen again at half of f; by the choice of Cp.

; 8&mz 1 &mi Ip;
= =—f; = = 7.3.3
f() chp 2 ! 4nCy, 2nCLVr ( )
28m
C,=Cp == (7.3.4)
8ml

The quiescent currents through the Darlington transistors Q;3; and Q;, should be
at least Ig;3 > Ip;; Cbell/CL, and Ig;4 > Ig)> CheIZ/CL, to avoid a second limiting
pole in the Darlington output stage, with Ig;; and I;, the bias currents of the output
transistors Q;; and Q,,, respectively.

A disadvantage of the class-AB VF output buffer is that its non-linear diode
voltage characteristic is outside the grip of the compensation capacitor Cp. There-
fore, at high frequencies below f’,), where the external loop gain is low, the
distortion will be relatively high.

Another disadvantage of the Darlington VF output buffer is that it might peak or
even oscillate at high frequencies when the amplifier is heavily capacitively loaded.
Solomon calls this the output bump [7.10]. The situation is depicted in Fig. 7.3.2.
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The PNP output emitter follower O, shows a negative input conductance
—Gr = 2nf?C,. /fr2. While the Darlington emitter follower O, shows an inductive
output L = Rg4/2nf74. Together with the interstage capacitor C,, the circuit gives rise
to a resonance LC circuit at a resonance frequency of f,, = (1/2n) VLC » with a poor
damping. The effect is shown in the amplitude characteristic of Fig. 7.3.3. The
design parameters must be chosen such that the top of the peak remains sufficiently
below 0 dB, by choosing a fingered layout for the emitter of Q4 to lower Rp,.

The input and folded-cascode stages have been sufficiently described in
Sect. 7.1. It will be noted that into the all-pass current network RzCr behind the
input stage a parallel resistor Ry, has been inserted. This is used to compensate at
low frequencies the attenuation caused by the parasitic substrate capacitors Cg,; and
Cp2 at the left-hand side of Cp; and Cp, which take away about 20% of the HF
current. The resulting pole-zero doublet has a value of one or two percent. It is
important that the remaining pole-zero doublet is small as this appears in the overall
frequency characteristic of the whole amplifier and results in a slow settling
component in the step response of the OpAmp.

The turn-over frequency of RzCr must be made more than three times lower than
the fr of the PNP cascode. The bandwidth of the level shift stage is equal to that of
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the fr of the NPN transistors, loaded with the parasitic parallel capacitors Cy,; and
Cyp,2 of the capacitors Cr; and Cp,, respectively.

The all-pass network and its pole-zero doublet can be completely eliminated
when the bipolar process allows for vertical PNPs with high f7. This is of advantage
for a short settling time. A settling time to 0.1% of 100 pis was reported [7.9] with a
slew rate of 375 V/us, and a GBW of 60 MHz. CMOS versions of the GA-CF-VF
configuration have been made in early years, but the relatively low g, of the VF
output buffer results in a low limiting pole frequency. Moreover, the large voltage
loss across the diodes of the VF buffer makes the CMOS variant less attractive.

High-Slew-Rate Bipolar Class-AB Voltage-Follower Buffer

A very special simplification of the GA-CF-VF configuration is the high slew-rate
voltage follower of Fig. 7.3.4 with an GA-VF configuration. Because the input is
always connected to the output, there is no need for a level shift stage. When we
replace the compensation capacitor Cp with Cc between the collector and emitter of
0>, the compensation still functions, but the slew rate is not reduced by C¢ because
it is bootstrapped with the CM signal voltage. The slew rate is limited by the
parasitic capacitance Cp.

An asymmetric slew-rate can be observed in all OpAmps connected as voltage
followers by the effect of the parasitic tail capacitor Cy of the input stage. If the
input voltage goes down, the capacitor decreases the tail current /;; and the slew
rate decreases. But if the input voltage goes up, the slew rate increases. The
downwards slew rate of the voltage follower is limited to:

Srdown = IBZ/(Cp + CT) (7.3.5)
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Conclusion

The high bandwidth of the GA-CF configuration combined with a high bipolar
transconductance VF output buffer raises an excellent bipolar amplifier with an
GA-CF-VF configuration. The bandwidth and slew rate can be chosen high. The
settling time is particularly high when the bipolar process allows for complementary
vertical PNPs with high f7, so that the all-pass network and its pole-zero doublet can
be eliminated. But still a high bandwidth can be obtained. CMOS versions of the GA-
CF-VF configuration are less attractive because of the high voltage loss and relative
low transconductance of the VF buffers at high output currents.

7.4 GA-GA-VF Configuration

Most of the favourite classic bipolar Operational Amplifiers have been made in the
GA-GA-VF configuration. These include the pA741 [7.11], and many others.

It was about this configuration that James E. Solomon wrote his famous tutorial
study in 1974 [7.10]. It is still a good overview paper about this type of OpAmp in
bipolar technology.

General Bipolar Class-AB Operational Amplifier
with Miller Compensation

The general topology is shown in Fig. 7.4.1. It is composed of the GA-GA circuit of
Fig. 7.2.2 and the basic VF output stage of Fig. 5.3.1a. Most of the HF behaviour is
already described with the GA-GA stage, except for the addition of the limiting pole
frequency of the output stage, which is described with the GA-CF-VF circuit of
Fig. 7.3.1.

In overviewing the HF behavior we have two limiting pole frequencies. One at
the capacitive loaded VF stage:

8ml o ]B]

f] - 27‘ECL N TECLVT

(7.4.1)

with: g1 = &mir + &miz-
And the other limiting frequency at the Miller compensated output of the
intermediate stage:

gm2 Ip>
~ = 7.4.2
f2 27I(Cp2+CM]) 2H(CPQ+CM])VT ( )

with 8m2 = 8m21-
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Fig. 7.4.1 General class-AB GA-GA-VF configuration in bipolar technology with Miller com-
pensation (MC)

When we choose to let the load capacitance set the limiting frequency, f;, the
other one f, must be made at least twice f:

2 =2 (7.4.3)

The zero-dB frequency must be chosen half of f;:

1, Ip;
=—f = 7.4.4
o 2f1 37C,Vy (74.4)
And the value of C,;; becomes:
Coy = B3 _I3/2 ¢ (7.4.5)
M 27‘Cf(5 131 L o

The parasitic pole in the Darlington pair Q,;, O,> must be coped with, as described
with the GA-GA stage. The value of R,;; must be chosen closely to 1/g,,; to
eliminate the zero in the right half complex plane along with its extra phase shift.

An important drawback of the connection of the Miller capacitor to the input of
the VF output stage is that the non-linearity of the output-stage’s voltage transfer is
not suppressed by the Miller loop. For that reason a relatively high non-linear signal
component can be found at high frequencies where the external loop gain is low.
This was also the case with the GA-CF-VF configuration. However, now we can try
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to incorporate the output buffer into the active Miller loop, by connecting C,,; to the
final output V,,,, (see dotted line in Fig. 7.4.1). Stability of the Miller loop must now
be ensured while the limiting pole frequency f; is incorporated into the Miller loop.
The Miller loop becomes an GA-VF stage in itself, which must be compensated to:

1
foo = 3 f1 (7.4.6)
For this purpose the parasitic capacitor C,, must be artificially enlarged to:

_ 2gm2 _IB;Z

C.h — -
P 2nf; Ip;

(7.4.7)

The bandwidth of the whole amplifier must now again be reduced a factor 2 for a
phase margin of 60° to:

1 1
fo=5 10 =3/ (7.4.8)
This leads to a choice of C,,;:
Cypy = S8 113 (7.4.9)
27'[]% IB]

Though the external loop gain is reduced by a factor of 2, the loop gain around
the output buffer is roughly increased by a factor Cy,/C,,, at high frequencies. This
may improve the HF linearity by factor 2 to 10. It must be noted, however, that the
slew-rate is reduced by a factor 2, according to the reduction of the bandwidth. So,
the non-linearity due to the input stage increases at high frequencies (see also
Sect. 6.4, and [7.33]).

An alternative solution to enlarging the parasitic capacitor C,,; is to split C,,; at
it’s right hand, for instance, partly 2/3 to the final output, and partly 1/3 to the input
of the output stage, like in forward nested Miller compensation (see Fig. 6.2.29).
This solution does not reduce the bandwidth by a factor 2.

MA741 Operational Amplifier with Miller Compensation

An equivalent circuit of the pA741 Operational Amplifier of Fairchild [7.10, 7.11]
is shown in Fig. 7.4.2.

The VF-CF connected input pair functions like an GA stage, only it is non
inverting (NIGA). The NPN VF pair Q;, O, reduces the input bias current by its
large current gain B to 80 nA at a collector bias current of 10 pA. The g,, is half that
of a regular pair because we have four emitters in series, instead of two emitters.
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Fig. 7.4.2 Equivalent circuit of the pA741 GA-GA-VF operational amplifier with Miller com-
pensation (MC)

A common-mode feedback loop senses the sum of the collector currents of the NPN
pair and compares it through a current mirror Qg, Q9 with the current of a current
source ;. By this loop the common-base point of the PNP CF pair Q3, Q4 is
controlled. In this way the voltage of the common base point follows the CM input
voltage at the right bias.

The resistors R; and R; degenerate the current mirror load in order to lower its
offset and noise contribution. The DC load current of the input stage is balanced by
equal base currents through O, and Q4 in order to avoid offset.

The biasing of the output transistors is performed by a current source Q;; and a
transistor Qs connected with R, and R as a diode with about two Vg voltages. The
biasing current of the whole amplifier of 70 pA is derived from Rs.

A short-circuit current limiting transistor Q;s compares its Vgy with the voltage
across a resistor Rg which measures the upper output current. If the output current is
larger than 25 mA, the driving of the upper output transistor Q;, is taken away.

The drive current of the lower output transistor Q,, is limited by transistor Q5.
which similarly measures the current through R;;. The limited current gain f3,, of
the lower substrate output PNP Q5 further limits its current to 25 mA.

The intermediate Darlington stage Q,¢, Q;7 is Miller compensated by C,,; of 30
pF. The bandwidth f, is slightly less than 1 MHz. The double voltage compliance
Vin max Of the VF-CF input stage allows a two times larger slew rate S, of 0.5 V/us
than Eq. 6.3.3 indicates. The double voltage compliance, on the other hand,
increases any input offset voltage with a factor 2.

The two GA stages in cascade provide an abundance of DC gain A, which is in
the order of 2.10°.
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A well-elaborated realization with a class-AB input stage that provides a large
slew rate is described by Widlar [7.12].

Conclusion

The GA-GA-VF configuration has been made in many variations and yealds high
gain, medium bandwidth, medium output current, in applications where no rail-to-
rail output range is necessary. The topology combines well with bipolar transistors
and it is a favourite classic OpAmp solution. The popular pA741 is based on this
configuration.

7.5 GA-CF-VF/GA Configuration

When we would like to avoid PNP transistors in the output stage in order to obtain a
high output current drive capability and good HF behavior, we can apply an all-
NPN compound VF/GA output stage and combine it with an GA-CF configuration.

An in-between approach towards the GA-CF-VF/GA configuration would be to
use the GA-CF-VF configuration of Fig. 7.3.1 in combination with one of the many
semi-complementary compound output stages with feedforward biasing of
Figs. 5.3.8, 5.3.9, and 5.3.10, or with feedback biasing of Figs. 5.4.4 and 5.4.5.

However, the signal path through the PNP transistor, which is still present in
these semi-complementary compound output stages, impairs the HF behavior of the
lower output transistor and lowers its limiting pole frequency.

High-Frequency All-NPN Operational Amplifier
with Mixed PC and MC

A better approach is to optimally utilize the large current and HF capability of the
NPN transistors in an “all-NPN” GA-CF-VF/GA as shown in Fig. 7.5.1.

Figure 7.5.1 shows the combination of the GA-CF-VF configuration of Fig. 7.3.1
combined with the VF/GA output stage of Fig. 5.4.6. The high-frequency path is
made up of only NPN transistors [7.1].

It is interesting to see how similarly the upper VF output Darlington pair Q,,,
0,3 functions in regard to the lower GA output Darlington pair Q;», Q;4 when both
these pairs are driven by current sources from the outputs of the CF intermediate
stages. Their HF transadmittances are 2nCp; and 2nC,,,, respectively, are equal if
Cp; = Cyy;. Their HF output impedances are 1/g,,,;; and 1/g,,;>, which are equal if
I;; = I, in the quiescent situation.
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Fig. 7.5.1 High-frequency “All-NPN” GA-CF-VF/GA configuration with parallel compensation
(PC) and Miller compensation (MC)

The sum of the Vgg of Q;; and D;, is measured by Q;5 D;5 and Q;4 D;s and
regulated in a common-mode feedback loop. By this loop the product of the push
and pull output currents is regulated at a constant value, as explained with
Fig. 5.4.6.

The limiting pole frequency f; is set by:

£ = gmi_ _ Ip;
! 27‘CCL TCCLVT

(7.5.1)

with 8mi = 8mi1 + 8mi2-
At a bias current of the output transistors of /z = 0.5 mA and a load capacitance

of C, = 100 pF, the limiting pole frequency is f; ~ 60 MHz. The zero-dB
bandwidth must be chosen:

1
fy =5 fi ~30MHz (75.2)

When we choose a tail current of the input pair of I3 = 100 pA, the g,,; of the
input stage is 1/1,000 S. The value of Cp; and C,;; must then be chosen:

8m3
2nf's

Cpr =Cy1 =

= 6pF

(7.5.3)
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Fig. 7.5.2 HF bypassing of the first transistor of a Darlington pair to cure the HF peaking

The currents must be chosen slightly higher than calculated. At the output, there
is the extra series diode impedance of D, which lowers the limiting pole frequency
of the lower Miller-compensated output transistor. So, the output bias current must
be chosen about 30% larger to obtain the right g,,;.

The input tail current must be chosen 20% larger to overcome the leakage into
the parasitic capacitors Cg,; and C,». These are partly caused by the substrate sides
of the feedforward capacitors Cr; and Cr;. At low frequencies the gain is equally
reduced by a shunt resistor Rzp.

One of the problems of Darlington output transistors is their peaking, as we have
shown with Fig. 7.3.2. This is particularly the case when we wish to deliver large
output currents, i.e., 100 mA or higher. At high output currents, the output Darling-
tons have a parasitic pole in between the two stages, caused by the emitter
impedance of the first transistor and the diffusion capacitor Czg, which becomes
large at high currents.

To cope with this the bias current I, ; of the first transistors must be high, and the
bulk base resistance of the first transistor low by a fingered layout.

A general cure is to bypass the first transistor of the Darlington pair for high
frequencies, as is shown in Fig. 7.5.2.

The value of the upper turnover frequency fy; = 1/2n R;Cp, and of the lower on

The offset and noise of the Operational Amplifier is somewhat degraded by the
offset and noise of the current source resistors R,; through R,, and the class-AB
regular transistors Qs and Q;4, which add with their current offset and noise to the
equivalent input voltage offset and noise.

Conclusion

The “all-NPN” GA-CF-VF/GA configuration of Fig. 7.5.1 is an efficient circuit in
regard to bandwidth/power ratio, disregarding the diode voltage losses at the
output. It has a large programmable quiescent current range.

The amplifier works perfectly at very low quiescent currents in the order of
10 pA, while the bandwidth depends on the load capacitor. Even at high quiescent
currents of the order of 10 mA, without Darlingtons in the output stage, the
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amplifier has been used up to 1 GHz in a 50 Q source and load environment [7.13].
However, at a 50 Q load and no Darlington transistors, the voltage gain is restricted
to 40-50 dB. To provide a larger gain we have to insert an GA intermediate stage, as
we will describe in the next chapter.

The input voltage noise of the amplifier is somewhat degraded by the extra noise
of the current source resistors in the intermediate stage and the class-AB control
transistors.

7.6 GA-GA-VF/GA Configuration

When we want more gain, lower voltage noise and a lower offset voltage than with
the previous GA-VF-VF/GA configuration, it is better to shield the noise and offset
sources of the output stage from the input stage by an GA intermediate gain stage.
We then obtain the GA-GA-VF/GA configuration.

LM101 Class-AB All-NPN Operational Amplifier with MC

The design of the famous LM101 was described by Widlar in 1967 as a monolithic
OpAmp with simplified frequency compensation [7.14]. Before that time the
architecture of Operational Amplifiers resembled some of the limitations of the
early tube versions. Widlar reduced the high-frequency compensation scheme to a
simple Miller compensation. Though the output stage principally has a compound
VF/GA configuration with all-NPN output transistors Q4 and Q,,, the stage has the
overall function of a semi-complementary full voltage-follower VF stage. At the
lower output side the voltage-follower VF function of Q;, dominates, while being
boosted by the GA slave-connected transistor Q;;. At the upper output side we have
the folded-Darlington VF pair Q,3, Q6. The total compound stage has earlier been
described with Fig. 5.3.10. The frequency compensation could be reduced to one
Miller capacitor C,; which has been connected across the intermediate GA Dar-
lington pair Q¢ and Q. Its frequency compensation has already been described
with Figs. 6.2.8. and 7.4.1.

The input stage consists of a non-inverting general amplifier (NIGA). It uses NPN
input transistors Q; and Q, with good f for a low input bias current. These input
transistors are connected as voltage followers. The complementary PNP transistors
QO; and Q, function as cascodes to the emitters of the input transistors. The whole
functions like a differential PNP input pair with an input bias current of that of an
NPN pair. Only, the offset voltage is larger than that of a single differential pair
because the offset of the NPN and PNP transistor pairs are summed. The input stage
is biased by the diode-connected secondary collectors of Q3 and O, in combination
with a current source Q,;. These diode-connected secondary collectors and the
primary collectors of O3 and Q, can be seen as a pair of current mirrors.
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These mirrors are biased at the “tail” of the diode connected secondary collectors
by the collector current source of Q,;. The three-transistor mirror Qs through Q;
provides for a single-ended output of the input stage. This structure provides for
equal early voltages for the output of the input transistors at Q3 and Q, and the
mirror load current sources Qs and Qs. Also, the base current load of Qg is
compensated by the base current load of Q.

The other transistors provide bias and protection functions. The junction FET
Qs functions as a biasing resistor to the bias generators Q;9059, 0>;02, and the
multiple-collector transistor Q;,. The input transistors are protected against reverse
base-emitter voltages by the reverse-connected diodes Q>3 and Q»,.

Output current limitation is provided by the resistors R;y and R;; in combina-
tion with the translinear loop of Q;;0;,0,40; for positive output currents and
with the base-emitter voltage of Q;s for negative going output currents. The
voltage divider R, Rg in combination with Qg limits the drive current of Q;;.
This would otherwise become too large in regard to the drive current of the upper
output transistor Q4. The latter is limited by the bias current source provided by a
collector of Q;.

The LM101 has a bandwidth of about 1 MHz, and a straight 6 dB/oct roll-off
from a DC gain of 100 dB (see Fig. 7.6.1).
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Fig. 7.6.1 Equivalent circuit of the LM101 Class-AB all-NPN operational amplifier with
GA-GA-VF/GA configuration and Miller compensation (MC)
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NE5534 Class-AB Operational Amplifier with Bypassed NMC

The classic NE5534 audio OpAmp with GA-GA-VF/GA configuration is depicted
in Fig. 7.6.2a [7.15]. The input stage consists of Q; and Q,. The intermediate stage
has emitter-resistor degenerated transistors Qg and Q;; loaded with a mirror Qg;,
Os2, and Q¢ at E,. The output stage at the GA side consists of the Darlington pair
0,3, Q,7, while at the VF side Q,, is driven by Q, through the class-AB biasing
network Dy, Q;s and Ds, as explained with Fig. 5.4.3. A direct HF path for driving
0, is provided by the collector connection of Q;; to the base of Q,;. Transistors
0,9 and Q5 limit the positive and negative output currents respectively. The limits
are set by the resistor values of R;s and R;¢ respectively. Q;y at E; and Q4 are
clipping diodes, preventing the saturation of Q;, when overdriven.

Principally, the NE5534 is a GA-GA-GA configurated OpAmp with a VF upper
output transistor functioning as a slave. So we can regard this circuit as a special
case of the GA-GA-GA configuration.

The HF compensation scheme can best be denoted by a capacitive feed-forward
coupled nested Miller compensation. The latter has been described with Fig. 6.2.16.
The inner nest is compensated by C,. The outer nest is compensated by Cj.
Capacitor C; is a balancing capacitor for providing virtual ground to the reference
input side of the differential intermediate stage to prevent a zero in the transfer of
the Miller compensated intermediate stage far below its regular zero f, = g,,,2/2nCs3.

The nested Miller compensation would have been adequate in itself if the
bandwidth of the intermediate stage with the lateral PNP transistors Qg and Qy,
was not so low.

To overcome this problem a multipath according to Fig. 6.2.18 should have been
used. But instead an HF feedforward capacitor C, has been inserted between the
input and output of the intermediate stage so that this stage is overbridged at higher
frequencies. The amplifier can now be compensated for a zero-dB bandwidth of

C3=30pF

T
10° 108 f(Hz) —=

Fig. 7.6.2 (a) The GA-GA-VF/GA configuration of the classic NE5534 OpAmp and (b) Frequency
characteristic of the classic NE5534 OpAmp with pole-zero doublet
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10 MHz. However, the overbridging of the intermediate stage changes the nested
Miller compensation network at high frequencies into a single Miller compensated
output stage, as C; and C, effectively become connected in parallel by C,. This
evokes a pole-zero doubled at 300 kHz where the gain is 30 dB in the frequency
characteristic of the NE5534, as shown in Fig. 7.6.2b. This means that the amplifier
has a low phase margin, if utilized at a feedback gain of about 30 dB where the roll-
off of the amplitude characteristic is larger than 20 dB/dec. This makes the stability
tricky in a tone-control circuit, where the feedback around the OpAmp is variable.
Moreover, a slow settling component will distort the step response if used at a
bandwidth above 300 kHz.

Precision AlI-NPN Class-AB Operational Amplifier with NMC

A better approach is to insert an NPN GA intermediate stage into the “all-NPN”
GA-CF-VF/GA configuration of Fig. 7.5.1 and to use a pure Nested Miller Com-
pensation scheme, as explained with Fig. 6.2.16. The result is presented in the
circuit of Fig. 7.6.3 [7.16].

The input stage consists of Q;p9 and Q; ;. The intermediate stage has O,y and
0570 The “all-NPN” level-shift stage consists of Q399—Q340, and was explained
with Fig. 7.3.1. The all-NPN Darlington VF/GA output stage consists of Qp9, Q40
and Qsop, Os;0. The feedback-biasing class-AB regulating circuit consists of Qgp;,
Os02, Os11, Os21 and Qgso, Osso together with the diode-connected transistors Q7;o,
0750, O760, and has been described with Fig. 5.4.7.
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The Nested Miller Compensation has Cy,; as an inner Miller capacitor on the GA
output side, while Cp; balances C),; for the VF output side. The outer nest consists
of capacitor C,,, while Cp, balances Cy,, at the reference input of the intermediate
stage. Without the capacitor Cp; a bypath for high frequency would exist, and a zero
appears in the frequency characteristic. Starting out with a quiescent current of
2 mA through the output transistors Q. and Osgy, both emitters have a resistance
of r, = 1/g,, = Vi/lg = 12.5 Q. As both push and pull stages are in parallel regarding
the load capacitor C; = 100 pF, we obtain a limiting pole frequency at the output of:

8mi
TCCL

fi= ~ 250 MHz (7.6.1)

with g7 = gma00 + &msoo-

The zero-dB frequency f; of the intermediate and Miller compensated output
stage must be half f; to obtain 60° phase margin when the loop is closed by the
second nest. So, with g,,> = 1/(r.200 + Te210) and Cy; = Cp;, We obtain:

8m2 1 .
=—f; ~ 125 MH 7.6.2
3nCor 2 Ji z (7.6.2)

fo=

We choose Cy;; = Cp; = 6 pF at a transconductance g,,> =~ 5 mS, corresponding

with a tail current of the intermediate stage of I, = 4g,,,Vr ~ 0,5 mA. The overall

zero-dB frequency f; must again be taken half of f; to ensure an overall phase
margin of 60°. So, with g,,3 = 1/(¥e;00 + Te110) and Cy» = Cp, we obtain:

/" 8m3 1, 1
= =—f=-— f; ~ 60MH 7.6.3
0 27ECM2 2 0 4 fj z ( )

In this case we choose a relative large capacitor value of C,;, = Cp, = 20 pF for
obtaining a low input noise voltage, at a relatively large transconductance of the
input stage g,,3 =~ 8 mS, corresponding with a tail current of the input stage of I; =
4g,,Vr = 0.8 mA. The balancing capacitor Cp; is needed to block the HF path
through Q. The result is a straight frequency response without pole-zero doublet
with a zero-dB frequency of 60 MHz, when loaded with a capacitor C; < 100 pF, as
shown in Fig. 7.6.4, and an input noise voltage of 2 nV/VHz.

Precision HF All-NPN Class-AB Operational Amplifier
with MNMC

Comparing the Nested Miller Compensated GA-GA-VF/GA configuration of
Fig. 7.6.3 with the simpler Miller compensated GA-CF-VF/GA configuration of
Fig. 7.5.1, we see an increased low-frequency gain, a lower offset and noise, but
half the maximum obtainable bandwidth under the condition that the quiescent
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Fig. 7.6.4 Frequency response of the GA-GA-VF/GA configuration with nested Miller compen-
sation of Fig. 7.6.3

Qrs0 Q70
Rsoom mﬁam RBSSU gZQ 57 JZ Rssem Ramm
550 550 | 4950 710 { b 4950L] 300k
R3o1 1k
L |
1
Raq1
1k
Qato | Qgss Qs01 oo Qg21
Qapo 8 33X | 602 | L611 I/Q
3x A
L L Caot
10p
Qgso
Qg3o
Qos1
Q350 N
3x Q Q
e Qgso |Qg00 Qoto e10
10x
Raso Raso Roso [|Rgo0 Rg10 Rs10 Raoo
2300 2300 6900 /4680 690 756 340

Fig. 7.6.5 Precision HF all-NPN class-AB operational amplifier with GA-GA-VF/GA configura-
tion and Multipath nested Miller compensation (MNMC)

output currents were chosen equal. The question arises: is it possible to have the
high gain and low noise of the three-stage amplifier, while maintaining the high
bandwidth of the two-stage amplifier at an equal quiescent current? A feedforward
capacitor which bridges the intermediate stage, as in the NE 5534, results in a strong
pole-zero doublet, as shown with Fig. 7.6.2. So, then the Multi-path Nested
Miller compensation technique (MNMC), as explained with Fig. 6.2.18, presents
an adequate solution. The idea is to have a two-stage amplifier independently
in parallel with a three stage amplifier. With this topology one can have the best
of the two and three-stage amplifier without strong pole-zero doublets. The
resulting circuit is shown in Fig. 7.6.5, together with its frequency characteristic
in Fig. 7.6.6. [7.16].



248 7. Design Examples

Fig. 7.6.6 Amplitude characteristic of the GA-GA-VF/GA configuration with a multipath nested
Miller compensation

As with the circuit of Fig. 7.6.3, starting with a quiescent current of 2 mA in the
output transistors, resulting in r, = 1/g,, = V/I, = 12.5 Q and a load capacitance of
100 pF, we obtain a limiting pole frequency of:

£ ="~ 250 MHz (7.6.4)

o 27'CCL

with g,,/=8m400 + &mso0-
The zero-dB frequency fj of the two-stage amplifier through the second input

stage Q0s, Q5 must be half f;, so, with g,,30 = 1/(r,195 + 7¢;;5) and Cpgy = Cp, we
obtain:

, 8m32 1
fo=30c,, =27 “ (7.6.5)

We have chosen Cy;; = Cp; = 6 pF, and I3, = 48,32V ~ 0.6 mA.

The overall amplitude characteristic of the three-stage amplifier must run along
with that of the two-stage amplifier. So, with g,,3; = 1/(ro100 + Te110) and Cypr =
Cp,, we obtain likewise for the first input stage:

= Zi’g;z - % fi ~ 125MHz (7.6.6)

We have chosen Cy;; = Cp, = 11 pF, and I73; = 4g,,3:Vr ~ 0.9 mA.

Next we have to choose the g,,» of the intermediate stage with O,y and Q5.
According to the reasoning with (6.2.44), by which we argued that with a unity
overall feedback the second input stage becomes connected in parallel with the
unity gain Miller feedback intermediate stage, which could endanger the
phase margin of the inner loop, we have to choose g, much smaller than g,,3.
This leads to:

gm2 < 1/3 gms2 (7.6.7)
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For this reason we degenerated the intermediate stage with emitter resistor
R0 and R,y of 500 Q each, making g,, =~ 1 mS, which is much lower than
8m32 = 6 mS.

1 GHz, All-NPN Class-AB Operational Amplifier with MNMC

One of the disadvantages of the Darlington all-NPN output stage is that the upper
output voltage range is limited to at least the voltage of two diodes plus a saturation
voltage plus a current-source resistor voltage.

The three-stage GA-GA-VF/GA configuration has enough gain to leave out the
Darlington VF driver transistors in the output stage. An example is shown in
Fig. 7.6.7. It is a 1 GHz OpAmp powered at 5 Volt single supply and loaded with
a 50 Q resistive load at a voltage gain of 76 dB. The circuit is almost equal to that of
Fig. 7.6.5, except for the single output transistors instead of Darlington ones.
Importantly the class-AB feedback is now connected in front of the all-pass
feedforward network RzCr to acommodate class-AB control up to 1 GHz. The
circuit is fully described in [7.13].

The 1 GHz amplifier has a supply-current consumption of 20 mA. But the
bandwidth and supply current can easily be scaled down, while the resistor values
are scaled up. At a bandwidth of 1 MHz, the supply current need only be 20 pA.

2 V Power-Efficient AlI-NPN Class-AB Operational Amplifier
with MDNMC

When we do need more gain without losing the extra diode voltage of a Darlington
transistor in the output stage of Fig. 7.6.3, we can take another GA driver while
adding another nest to the nested HF compensation structure. This is shown in the
power-efficient “all-NPN” OpAmp of Fig. 7.6.8.

In the circuit of Fig. 7.6.8 we easily distinguish, going from left to right, an GA
input stage, an GA intermediate stage, an GA-VF/GA output stage, and a feedback
biasing class-AB regulator. The GA-VF/GA output stage includes a Multipath
Nested Miller compensation scheme. This multipath scheme allows the Darlington
VF transistor to be replaced by an GA boost transistor with a current mirror, Q;;,
Q106> Q105 in the upper VF half, and Q;04, Q;0s, Q07 in the lower half to drive the
output transistors Q;o; and Q,¢3, respectively. The primary Miller compensation
capacitors are Cy,; and Cp;. The secondary nested capacitors are Cy;, and Cp,. The
tertiary nested capacitors are Cy,3 and Cp;. Strictly, the topology is not a three-stage
amplifier but a four-stage one GA-GA-(GA-VF)/(GA-GA). However, the resem-
blance with a three-stage amplifier is so strong that we like to place it in this chapter.
Only the output transistors and the drivers have a multipath topology generated in
the intermediate stage. The quiescent current of the whole OpAmp is 0.35 mA. The
peak load current is 100 mA. The bandwidth is 1 MHz. The output-voltage range
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Fig. 7.6.8 2V power-efficient “all-NPN” class-AB OpAmp with GA-GA-VF/GA configuration
and a multipath double nested Miller compensation (MDNMC)

reaches from 0.2 V above the negative supply rail up to 1.0 V below the positive
supply rail. The supply voltage must be larger than 2 V.

Conclusion

We have shown that the GA-GA-VF/GA configuration is ideally suited to high-
quality bipolar OpAmps with an all-NPN topology.

The classic NE5534 with a capacitive feedforward bridged intermediate stage
has a pole-zero doublet in the frequency characteristic.

The Nested Miller compensation provides a straight frequency characteristic
combined with a large voltage gain. The Multipath Nested Miller compensation
allows a two-times larger bandwidth-over-power ratio with a frequency character-
istic having a straight 20 dB/dec roll-off.

The bandwidth can be taken up to the GHz range when we take out the
Darlington VF driver transistors. Taking out the Darlington transistors also
increases the effective usable output voltage range. When we cannot miss the
current gain of the Darlington transistors, nor allow a reduction of the output
voltage range, the Darlington VF transistor can be replaced by another nested GA
transistor driver stage. This results in a power-efficient “all-NPN” output stage.

7.7 GA-CF-GA Configuration

The demand for lower supply voltages such as 3.0, 2.0 and eventually 1.0 V by very
dense VLSI processes with sub-micron gate lengths necessitates an efficient use of
the supply voltage range by the output voltage range. This can only be accomplished
if we use a rail-to-rail.
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(R-R) GA-output stage, because only then we avoid the loss of one or more
diode voltages. The GA-CF-GA configuration is the simplest way to obtain this.

Compact 1.2 V R-R-Out CMOS Class-A OpAmp with MC

When we do not care about a current-efficient class-AB output stage but instead can
live with a class-A version, the simple class-A compact 1.2 V CMOS OpAmp with
an GA-CF-GA configuration of Fig. 7.7.1 results. Its behavior is comparable with
the GA-GA circuit of Fig. 7.2.5, except that now we are using a folded cascode
stage in between the two GA stages.

This enables the input CM voltage to include the negative rail. Further, we can
choose between a direct (with Cy,;) or active (through the cascode, explained with
Fig. 6.2.12) (with Cy;;4 dotted) connection of the Miller capacitor, depending on
circumstances, or a combination of both.

P-channel transistors have been chosen for the differential input pair because
the back-gate can be bootstrapped with the common-source voltage. This has
the advantage that the input transistors are purely driven by the differential input
voltage and not that much by a common-mode input voltage through the back-gates
as would be the case with N-channel transistors. This results in the highest obtain-
able CMRR (see Sect. 4.3).
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Fig. 7.7.1 Compact 1.2 V R-R-out CMOS class-A OpAmp with GA-CF-GA configuration and
Miller compensation. Compact 1.0 V. OpAmp without the upper cascodes M,7, Mg
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The folded-cascode intermediate stage functions in addition to a current mirror
as a summing circuit for the differential signals from the input stage.

N-channel transistors are chosen for the folded cascode mirror connection
because they have the highest fr.

To keep the offset and noise contribution of the folded cascodes low, in regard
to those of the input stage, the g, or W/L ratio of the current-determining
transistors in the folded cascodes must be lower than the g,, or W/L ratio of the
input-stage transistors. Moreover, the input transistors as well as the current-
determining transistors in the folded cascodes may have a cross-coupled quad
layout to further reduce the offset. The upper bias current sources M»s, M54 of the
folded cascode branches must be chosen equal to the tail current of the differential
input pair to ensure that the full differential output current of the input pair is
available to drive the Miller capacitors Cy;; and Cyz4. This is needed for a
maximal slew-rate.

In respect to noise and offset the GA-CF-GA configuration of Fig. 7.7.1 has a
disadvantage over the GA-GA configuration of Fig. 7.2.5. The intermediate sum-
ming and mirror CF stage adds its noise and offset to that of the input stage. This
addition is more than the noise and offset of the “telescopic” current mirror load of
the input stage of Fig. 7.2.5.

We may alternatively choose for a lower noise and offset as well as a lower
power consumption instead of choosing a high-frequency behavior for the interme-
diate cascode and summing circuit. This can be realized by taking the mirror
connection at the upper P-channel side instead of at the lower N-channel side. In
that case, the lower current-source transistors M,; and M, need to provide a current
equal to the tail current of the differential input pair.

As a result, the two branches of the summing circuit would carry only a
quiescent current equal to half of the tail current. Yet the output of the summing
circuit would symmetrically deliver the maximum of plus or minus the full tail
current of the input pair into the compensation capacitor. Thus proving full slew
rate. This has been further explained with Fig. 7.1.2b.

The limiting pole frequency, if loaded with a load capacitance C, is roughly:

/ 8mi
= 7.7.1
f] 27ICL ( )

with 8mi = Bmil-
The zero-dB bandwidth must be chosen half of f;:

y 8m3 71 / 1 gmi

= =— == 7.7.2
0 2nCyy 270 2270, (7.7.2)

Hence the Miller capacitor has to be chosen roughly:
Cur = 2C, 37 (7.13)

8ml
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The bandwidth can be increased by roughly a factor 2 if we make use of the
active-Miller connection (dotted) with Cyy;4, as explained with Fig. 6.2.12. The
maximum low-frequency voltage gain obtained without R; is roughly:

Avom = gm3lds22Mo4lh (7.7.4)

with Wy = @oalas24s L1171 = &miiTasii1, and disregarding the output resistance of the
upper cascoded current source.

A practical value is 80 dB.

If loaded with a a load resistor R, the gain Ay, is lowered by a load factor
Ri/(Rp + Tasi1)-

The dominating pole frequency without R is:

1> =13/Avom (7.7.5)

The OpAmp of Fig. 7.7.1 has a minimum supply voltage of about 1.2 V as a
result of the addition: Vg i, = Vaiode 11 + Vsar 28 + Viar 26-

When we further simplify the circuit and leave out the upper cascode transistors
M7, Mg, a very simple GA-CF-GA OpAmp remains that may be powered at the
absolute minimum supply voltage of 1 V, made up by one diode voltage of M;; and
one saturation voltage of M,s. However, the maximum voltage gain will drop to:

Avom = gm3Tasa6l1y (7.7.6)

A practical value then is in the order of 60 dB.

Compact 2 'V R-R-Out CMOS Class-AB OpAmp with MC

When we need a higher output current and still want a low quiescent current we
need to incorporate a current efficient class-AB biasing of the output stage.
A compact and robust OpAmp in an GA-CF-GA configuration [7.17] is shown in
Fig. 7.7.2.

The GA output stage M;;, M, is feedforward biased in class-AB by a mesh of
head-to-tail connected transistors M;3;, M,,. The output stage has been described
with Fig. 5.3.21. At first sight, the bias connections to the sources of M;; and M4
seem to lower the impedance at the gates of the output transistors M;; and M;, and
thus lower the gain. However, the drain connections of M, ; and M, cancel the low
source impedances by a positive feedback loop for CM driving voltages. Mean-
while, the bias impedances for DM driving voltages are strongly fixed to accurately
bias the output transistors an a class-AB characteristic, as has been described by
Eq. 5.3.7.
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Fig.7.7.2 Compact 2 V R-R-out CMOS class-AB OpAmp with GA-CF-GA configuration having
a R-R output stage with Miller compensation

The class-AB mesh with M;; and M;, has been incorporated into the folded
cascode with M;; through M,,. This has the important advantage that no additional
bias currents have to be used for class-AB biasing. The offset and noise of these
extra bias currents would otherwise have been added to the offset and noise of the
input stage. To further reduce the noise and offset contribution of the folded-
cascode stage, one could have chosen for the mirror connection at the upper side
instead as of at the lower side. By so doing, the currents in the folded cascodes can
be reduced by a factor two. This has been extensively explained with Figs. 7.1.2b
and 7.7.1.

The limiting pole frequency, if loaded with a load capacitance C;, is roughly:

8mi

= 7.7.7
f1 27ICL ( )
with 8mi = 8mi1 + 8mi2-
The zero-dB bandwidth must be chosen half of f;:
m 1 L gm
fr=Sm o S (1.7.8)

T onCyy 271 22mC)

with Cy; = Cuyir + Cuiz
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Hence, the Miller capacitors have to be chosen roughly:

Cus =2C, 8m3 ~C, 8m3

8ml 8mil 12

(7.7.9)

with g,,,3 = g,u3; = gm32 due to the mirror in the folded cascode and g,,,77.72 = g1 =

8mi2-
The bandwidth can increase by roughly a factor 2, if we make use of the active-

Miller connection (dotted) with Cy;;;4 and Cyyy24, as explained with Fig. 6.2.12.
The maximum low-frequency voltage gain obtained without R; is:

Avom = gmsTas22la4khig 12 (7.7.10)

with: toy = Gpoal'aszas Hir,12 = i1 = [z
If loaded with a load resistor R;, the gain is lowered by a load factor R;/(R; +

Tasi1 \ | Tdsi2)-

Compact 2 'V R-R-In/Out CMOS Class-AB OpAmp with MC

The minimum supply voltage of the circuit of Fig. 7.7.2 is set by two-diode
voltages and a saturation voltage through the class-AB mesh M;;, M,,, which is
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P iy P P,

1
“h

Vsp

Ig34

IltMﬁ
M1 Vout
T ”:Mm
Mas I :“ ’_T[:Mﬂ

IBSJ Msej }aj- Mmﬁ A HMzz C)TVst @‘IBH E[:'V|18
VBs2

Vsn
z

Fig.7.7.3 Compact 2 V R-R-in/out CMOS class-AB OpAmp with GA-CF-GA configuration and
Miller compensation (first approach)
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Fig. 7.7.4 Compact 2 V R-R-in/out CMOS class-AB OpAmp with GA-CF-GA configuration and
Miller compensation (second approach)

of the order of 2 V. This allows for the addition of a rail-to-rail (R-R) input
stage. As a first approach, we could extend the circuit of Fig. 7.7.2 with a R-R
input stage as shown in Fig. 7.7.3. When the commode-mode (CM) input voltage
is at the negative supply rail voltage Vsy, the circuit behaves exact like the
circuit of Fig. 7.7.2, because the N-channel pair transistors M33, M3, do not have
enough gate-source voltage to conduct, and hence the current source M3 is
being cut off.

When the input CM voltages rise above the threshhold voltage V7, of M33, M3y,
these transistors start conducting a current, and so does the tail-current source
transistor M3;s. When M ;4 conducts the full tail current, both input pairs function
normally, as explained with Figs. 4.4.2 and 4.4.3 in Chap. 4. Now the total g, of the
R-R input stage is twice that of a single rail input stage. We suppose that /g3, = Ip3;,
and that the W/L ratios of both input pairs have been chosen such that they
compensate the ratio of about three in the mobilities between the N and P-channel
type, so that both input pairs have the same g,,,.

Now two problems arise: firstly, the g, of the input stage changes a factor
2 when the input CM voltage swings from rail-to-rail, and we cannot optimize
the frequency compensation. We will address this problem later. Secondly, the
changing of the currents through the N-channel input pair from O to half the tail
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Fig. 7.7.5 Compact 2 V R-R-in/out CMOS class-AB OpAmp with GA-CF-GA configuration and
Miller compensation (third approach)

current /3, also changes the currents through the upper folded cascodes M,; and
M>g. And this changes the quiescent current of the class-AB output stage, which is
undesirable.

The changing of the quiescent current as a function of the CM input voltage
can be stopped by using current mirror connections both in the upper and
lower folded cascodes. This is depicted in the second approach of Fig. 7.7.4.
Both current mirrors are driven by an equal current source Ip;; and Ip,y,
respectively. This means that each mirror has a constant output current,
independent of whether there is a common-mode output current of one of the
input stages or not.

However, there is a disadvantage with the circuit of Fig. 7.7.4, in that the two
current sources Ig,; and Ip,4 are physically different sources, which means that
offset and noise of these current sources add to the offset and noise of the input
stage. It would be much nicer if Iz; and I, were the two ends of one physical
floating current source. In that case the offset and noise of one end cancels through
one mirror the equal offset and noise of the other end through the other mirror. So
the question arises of how to build a low-voltage floating current source. One
solution at a higher supply voltage is given in [7.18]. The solution we prefer is
given in [7.19] and is shown in Fig. 7.7.5.
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Fig. 7.7.6 Compact 2 V R-R-in/out CMOS class-AB OpAmp with GA-CF-GA configuration and
Miller compensation (final approach)

The floating-current source is composed of a similar mesh as is used for the
class-AB biasing of the output transistors, and consists of the head-to-tail connected
transistors M»o and M3,.

The bias current through this mesh is determined by the two translinear loops
Mss, Mg, M5, M6 and M5;, M39, M;,, M;s. This current only slightly depends
on changes of the CM current of the input pairs. It is interesting to see that the
influence of supply voltage variations through the Early effect is limited. Early
effect in both meshes cancel each other in their influence on the biasing of the
output transistors [7.19].

For the final circuit, we have still to solve the problem of the changing g,, of the
R-R input stage. For this purpose we choose one of the solutions of Sect. 4.4. For
example we choose the solution with the current switches of Fig. 4.4.8, because of
its simplicity [7.20, 7.21].

The final approach is shown in Fig. 7.7.6. The result is a compact circuit with
excellent specifications and which is robust against device parameter variations. An
example of specifications is a bandwidth of 2 MHz at a load capacitance of 20 pF
and a quiescent current of 200 pA. The DC gain is 85 dB at a resistive load of
10 kQ, and the CMRR is 80 dB at a CM input voltage around the negative supply
rail voltage, but 43 dB when just crossing the CM voltage level of Vg;;. Most
specifications can easily be programed by a factor 1/10 or a factor 10 by choosing
other W/L ratios and other voltages and currents.

The bandwidth may be enlarged by roughly a factor 2 without changing the bias
currents nor the load capacitor by connecting the Miller capacitors, not directly to
the gates of the output transistors, but indirectly through a connection at the sources
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Fig. 7.7.7 Compact 1.2 V R-R-out CMOS class-AB OpAmp with GA-CF-GA configuration and
Miller compensation

of the folded cascode transistors M,g and M>,. This has been described in Sect. 6.2
with Fig. 6.2.12 [7.19]. At very low bias currents the transistors function in weak
inversion. For a constant g,, the spill-over switches must be chosen two times wider
than the inpt stages.

Compact 1.2 V R-R-Out CMOS Class-AB OpAmp with MC

When we want to further reduce the supply voltage while maintaining a class-AB
bias for the output stage, the feedforward class-AB biasing mesh cannot be used
anymore, because its two stacked diode voltages can no longer be provided.

To avoid this problem the mesh has been folded, as shown in the compact 1.2 V
CMOS OpAmp of Fig. 7.7.7 [7.22].

The folded mesh consists of M>p,, M>p2;, M>p3, M>p3;. Somewhat similar to the
non-folded mesh, at first it does not seem that it has such a high output impedance
because the folded mesh does not consist of two folded cascodes, but of two
differential pairs. Their output impedance is only 2rpg. However, for CM signals
that drive the output transistors, the folded mesh may be considered as a folded
cascode. Even when the class-AB feedback control at the gates of M3, M5p3;
keeps the gate voltage of one output transistor constant at its minimum current, the
regulation is such that the gate voltage of the other output transistor is fully driven at
a high impedance. The class-AB control acts like a cascode 2-times boost circuit for
CM driving voltages.
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The DM driving is strongly controlled by the feedback class-AB measuring
circuit. In this example, the minimum selector of Sect. 5.4 is used and is explained
with Fig. 5.4.13 [7.23, 7.22].

The circuit needs one diode voltage and two collector-source saturation
voltages, which allows a minimum supply voltage of about 1.2 V over tempera-
ture variations.

The circuit can be extended with a rail-to-rail input stage at 2 V supply voltage.
The easiest way is with an input stage having constant g,, using spilling-over
switches and adding the currents from the switches to obtain a constant output
current [7.22]. A quiescent current of 200 pA was needed for bandwidth of 4 MHz
at a capacitive load of 5 pF, and a DC gain of 85 dB at a resistive load of 10 kQ.

Conclusion

Robust and high-quality compact low-voltage CMOS VLSI OpAmp cells can be
designed with the GA-CF-GA configuration. If the simple GA-CF configuration of
Sect. 7.1 does not provide adequate LF gain, the GA-CF-GA configuration is the
next best choice. The output may nearly swing from rail-to-rail at a minimum
supply voltage as low as one diode and two saturation voltages, which is in the order
of 1.2 V, or even 1V. The CM input voltage may include the negative supply
voltage rail, and at a supply voltage of 2 V even from rail-to-rail. The bandwidth
can roughly be designed up to f7/4. The circuits stay relatively simple.

7.8 GA-GA-GA Configuration

The previous GA-CF-GA configuration may not always deliver enough LF gain.
This may particularly be the case when the supply voltage has to go down to the
absolute minimum value of 1 V of one diode voltage plus one saturation voltage, or
if we want to have a bipolar output stage. At such low voltages we can no longer use
CMOS cascode or bipolar Darlington transistors. In those cases we have to take
resource to another GA general amplifying stage instead of a CF intermediate stage,
resulting in the GA-GA-GA configuration. In this section we will discuss a CMOS,
a BiCMOS and a full bipolar design.

1V R-R-Out CMOS Class-AB OpAmp with MNMC

When we have to drive relatively heavy output loads in CMOS at a low supply
voltage, the GA-CF-GA configuration with a folded cascode intermediate stage no
longer meets the needs. The folded cascode with its two saturation voltages in series
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with a higher gate-source voltage at high currents may require a too high supply
voltage. Moreover, we may need more power gain. To solve these two problems, a
third GA stage may be needed instead of the CF intermediate stage. A design
example is given in Fig. 7.8.1 [7.24].

The 1.0 VCMOS OpAmp with GA-GA-GA configuration of Fig. 7.8.1 has an
input stage M3y;, M3, and a folded-cascode mirror circuit M,;; through M5 ,s. The
second stage Msp;, M5, drives through mirrors M3, M>ps and Mspy, M>ps the
output push-pull stage M;y;, M;p,. The driver mirrors are needed to provide an
equal phase to the intermediate and output stage in order to allow a nested Miller
frequency compensation. The driver mirrors also separate the direct class-AB
control amplifier M5,;, M55, from the gates of the output transistors in order to
allow these gates to be driven from rail-to-rail. For the same purpose we avoided
folded cascodes to drive the output transistors. This whole architecture does not
have any branch between the supply lines that contain more than one gate-source
diode voltage plus one-drain-source saturation voltage. This makes the architecture
of Fig. 7.8.1 suitable for operation at a supply voltage of 1.0 V, or over wide tempera-
ture and process variations 1.2 V.

The high-frequency compensation scheme has been multipath nested. The first
nest across the output transistors is shaped by Cj;;4 and Cy;;5. The second nest runs
from the output to the input of the intermediate stage M»,;, M5, through C,;»4 and
Ch2p- The gain path goes through the intermediate stage. The feedforward path has
been tapped single-sidedly from the folded-cascode mirror connection and dupli-
cated directly into the gates of the output transistors by M,3; and M>3,, by passing
the intermediate stage.

The limiting-pole frequency is set by the output stage at its quiescent current by:

/ 8mi
~ 8.1
fi 2nCy, (7.8.1)

with 8,1 = &mior + &mioz-
The zero-dB frequency of the two-stage direct amplifier path must be half of the

limiting-pole frequency, so:

1 1 8Eml
=— fl~ = 7.8.2
fo=311%3 2nCy, (7:8.2)
The Miller capacitors of the first nest must be chosen:
8m3 8m3
Cur = ==—C 7.8.3
ML= e = oy O (7.8.3)

with Cpr; = Cpyr1a + Crr2p.

under the assumption that the W/L ratios of M5;s5, M>,;6, M>3;, M3 are equal. On
one hand we have half the g,,; of the input stage because the mirror only senses one
input half, but on the other hand we double the current in two transistors M>3;, M>35.
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The zero-dB frequency of the whole three-stage amplifier may be equal to that of
the two-stage one because of the multipath nested Miller compensation structure,
hence:

1
v =fo=51 (7.8.4)
which leads to the choice of the Miller capacitors of the second nest:

8m3 8m3
Cyp=—7~=""-C 7.8.5
M2 2717 g L ( )

with Cy = Cproa + Crpzp.

The two-stage amplifier must dominate the high-frequency behavior at the
amplifier’s bandwidth, therefore the transconductance through the intermediate
stage must be smaller than the transconductance through the feedforward path.
This causes the requirement:

11

5 8m3 (7.8.6)

m<_
§m2 =737

with .2 = gm201 + 8m202-
The factor 1/3 stems from the explanation with Fig. 6.2.19. The factor 1/2 comes

from the fact that only half of the input stage contributes through its mirror
connection to the transconductance of the feedforward path through M»3;, M>3».

For measuring the class-AB relation between the push and pull currents we have
chosen a variation to the Seevinck version, described with Fig. 5.4.13. Note that the
functions of M;;; and M,,;, have been interchanged in regard to Fig. 5.4.13.

The direct class-AB control loop is realized by the control amplifier M55;, M52
which differentially controls the biasing of the output transistors via the mirrors
M5p3, M>os and M54, M>gs. The control amplifier has been referenced on the left
side by M,,s. The bandwidth of this first or direct class-AB loop is determined by
the product of the g,, of the control amplifier and the impedance of a parallel
compensation capacitor, which consists of the series connection of Cy;;4 and Cyy;p
in between the output of the mirrors. The bandwidth of the class-AB control loop
must be stable and of the same order as the bandwidth of the whole amplifier.

The intermediate stage with the grounded transistors M>,;, M, may provide
such large driving currents that the direct class-AB control may be overruled. To
avoid this, the class-AB control has been given a second, or gain path, through the
intermediate stage in a multipath compensation topology. To this end, the folded
cascode circuit between the input and intermediate stage has also been given a
differential amplifier function by splitting the cascode transistors. In this way the
intermediate stage is driven in parallel for input signals, and differentially for class-
AB control signals. The transconductance of this extra gain path for class-AB control
signals is determined by the product of the g,, of the differential amplifier M5, 3, M54,
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the impedance of a parallel compensation capacitor, which consists of the series
connection of Cy;z4 and Cyyop, and the g, of the intermediate stage M5y;, M5¢,. This
transconductance must be smaller than that of the direct path at the bandwidth of the
direct path, otherwise the direct path does not dominate the stability of the class-AB
loop at high frequencies.

A realized example of such a three-stage CMOS 1.0-voltage OpAmp has a
bandwidth of 5 MHz at a load of 5 pF and 10 k€, at a quiescent current of only
200 pA. The voltage gain is 80 dB. Over wide temperature and process variations
the minimum supply voltage is 1.2 V [7.24, 7.26].

Compact 1.2 V R-R-Out BiCMOS Class-AB OpAmp with MNMC

At low supply voltages we can no longer use Darlington transistors to drive bipolar
output transistors. An excellent solution for driving bipolar output transistors at low
supply voltages is to use the low-voltage GA-CF-GA configuration of Fig. 7.7.6 as a
class-AB driver. The result is shown in the 1.2 V BiCMOS OpAmp of Fig. 7.8.2
with an GA-GA-GA configuration [7.25].

The nested Miller compensation requires an equal phase across the first and
second nested Miller capacitors. This forces us to place mirrors Myp3, M>p4,
and Q»ps, Q06 between the CMOS driver intermediate transistors M»,; and M5,
and the output transistors Q;4; and Q.. These mirrors allow the transfer of class-
AB driving currents. This was not needed in the CMOS OpAmp of Fig. 7.8.1, in
which case we could choose an all N-channel intermediate stage and N-channel
mirror driver for best HF performance.

The complementary CMOS intermediate stage and mirror drivers may generate
such large class-AB dominating currents, that a local class-AB control differential
amplifier M5(;, M55 is not sufficient. Therefore the class-AB regulation is extended
with a multipath control amplifier M5;3, M5,;, as to also control the intermediate
stage. The control amplifier is made by splitting the cascode transistors of the folded
cascode and mirror following the input stage.

The push and pull currents are sensed by the bipolar transistors Q;,;; and Q.
To limit their currents, emitter resistors may be inserted. The minimum selector
M6, M;;5 senses the lowest of one of the two push or pull output currents across
the measurement resistors R;;s and R;;s. The class-AB control amplifiers M5,
M5ps and M5, 3, M5, are referenced at the left hand by the diode M3; and resistor
R>3;. The result is a robust class-AB regulation that keeps the lowest of the push or
pull output currents above the minimum value.

The driving of the complementary intermediate stage by a folded cascode mesh
Ms;3, M54, Mg, Moo, as explained with Fig. 7.7.6, allows a minimum supply
voltage of one diode voltage and two saturation voltages. The result is a minimum
supply voltage of about 1.2 V, or over a wide range of temperature and process
variations 1.4 V. The three transistor combination M,, Mg, M9 can be regarded
as a third folded cascode, to directly drive the output transistors. This allows the
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combination of the direct class-AB control path through M,,, M;ps and the
feedforward path through M,y9 from the input stage to the bases of the output
transistors.

The multipath nested Miller frequency compensation is similar to that of
Fig. 7.8.1 and has been described by the Eqs. 7.8.1-7.8.6. In the last formula
8m231 + &mz32 must be replaced for g,,500. The main differences to the circuit of
Fig. 7.8.1 are that the output and input transistors are bipolar and that the second
stage is driven by cascodes at the bottom as well as at the upper side. This means
that a larger bandwidth can be obtained, and that the DC gain is larger than those of
the circuit of Fig. Fig. 7.8.1. Moreover, the input offset voltage is lower.

By example, a 30 MHz bandwidth was obtained at a supply current of 800 pA at
a load of 5 pF and a supply voltage of 1.2 V, or 1.4 V over wide temperature
and process variations. The DC gain is in the order of 100 dB at a load resistor of
10 kQ [7.25].

Bipolar Input and Output Protection

When the amplifier is used at the input or output of a VLSI chip, the bipolar input
or output must be protected. Firstly, ESD diodes must be used from each input and
output to both power rails. Secondly, two antiparallel diodes across the input
terminals are needed to protect the input transistors against large reverse bias
voltages. Thirdly, to avoid HF ringing when the output transistors are drivers
into saturation, saturation detection transistors must be connected across the output
transistors, as was explained earlier with Fig. 5.5.2. These transistors must be of
the same type as the concerned output transistors and with a base-to-base and
collector-to-collector connection with the output transistors. The emitter in reverse
mode is used as a collector and can be connected to the related gate of the CMOS
driver transistor of the intermediate stage. This limits the drive current and keeps
the output transistors from saturation. Fourthly, the output current must be limited
to protect the output transistors from being destroyed. To this end the current-
limiting topology of Fig. 5.5.5 can be used with a direct path to the base of the
output transistor and a multipath to the gate of the related driver transistor of the
intermediate stage [7.26]. These protection issues must be dealt with in all
described circuits.

1.8 V R-R-In/Out Bipolar Class-AB OpAmp (NE5234) with NMC

If we want to obtain a high output current capability in pure bipolar technology,
Darlington output transistors offer the most simple solution. However, a Darlington
output stage needs a supply voltage of minimally two diode voltages and one
saturation voltage, which is 1.8 V over a wide range of temperature and process
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variations. An example circuit of a fully bipolar OpAmp with an GA-GA-GA
configuration and Darlington output transistors, the NE5234, is shown in
Fig. 7.8.3. [7.27, 7.28]

The output stage consists of the complementary Darlington transistors Q;;, Q;>
on the NPN side and the folded Darlington transistors Q;3, Q4 Q;5 on the PNP side.
The PNP side is current-boosted (see Sect. 6.1) by Q;.40, Q41> O130-

The class-AB control amplifier consists of a differential pair Q,s, Q;7 with a
reference voltage across 05, Q»; at the left-hand side and a minimum selector Oy,
0>0; at the right-hand side, which gets its push and pull current information directly
from the NPN output transistor Q;; and indirectly from the PNP output transistor
Q3 through Qs and Q¢ (see Sect. 5.4.3).

The differential pair senses the differential voltage between the voltage refer-
ence and the minimum selector and regulates the difference in the ideal case at zero.
When driving the current of one output transistor high, the current of the other
output transistor will be regulated at half its quiescent current (see Sect. 5.4.3). If
this happens, the driving current for the transistor with the lowest output current is
channeled away from this transistor and fed to the other output transistor through
the differential pair, thus doubling the drive current of the output transistor with the
highest current. The result is that both currents from the intermediate stage are
either used to drive both output transistors in parallel in the quiescent situation, or to
jointly drive the output transistor that needs to drive the largest current, while the
other is idle at half the quiescent current.

Bipolar output transistors must be protected against excess current, otherwise
they can be destroyed, and against saturation, otherwise the bandwidth may
drastically decrease and the circuit may start oscillating. Moreover, saturation of
NPNs creates large amounts of charge carriers in the substrate, which may
create unwanted signal paths. Current limiting is provided by the sense transis-
tors Qgz, Qs for the NPN output side, and Qgs, Qg for the PNP output side.
Saturation protection is provided by the sense transistors Q4; and Qg4, for the
NPN and PNP sides, respectively. These transistors are used in reverse mode.
They match their base-collector diodes with those of the output transistors over
process variations.

The R-R input stage has the two complementary differential input stages Qs,,
Qs and Qs3, Osy. The current switch Qss and mirror QOs;, Osg keeps the sum of the
tail currents constant at the collector current of Qss. The folded cascodes Q4;, O,
Q.43, Q44 feed the output currents of the input long-tail-pairs to the second stage
while these currents are being summed.

Bipolar input stages have the nasty property that their signal transfer is reversed
when the transistors are driven into saturation. This is caused by conductance of the
reverse base-collector diodes. Particularly for low-voltage amplifiers, input vol-
tages can easily surpass the supply voltage. To protect the input stage from signal
reversion each input transistor is paralleled with a two-times larger transistor, which
is connected as a collector-base diode, while its collector is cross-coupled to the
other transistor of the belonging input pair (see Sect. 4.4).
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The intermediate stage consists of a folded Darlington differential structure with
double output currents of the same signal polarity to drive the output stage push-
pull in common-mode. The intermediate stage provides common-mode feedback to
the input stage at its common-emitter connection to the bases of Q4; and Q.

The high-frequency behavior of the OpAmp is well determined by a nested
Miller compensation structure (see Sect. 6.2.3). The capacitors of the first nest are
Cyinv and Cyy;p. To lower the loop gain at the PNP side a parallel capacitor Cp; is
used. The capacitors of the second nest are Cy;, and Cp,. Ground has been chosen as
the virtual reference for the second Miller loop through Cp,.

Note that the stabilizing of the other internal loops must also be separately
secured, as there are: the class-AB loop through both the positive and negative
output transistors; the current booster loop of the positive output transistor; both
output-current limiter loops; and finally the CM feedback loop through the input
stage and intermediate stage.

The limiting-pole frequency at the PNP side is:

y 8ml
fi= (7.8.7)
1 2rCL(1 + Cpi /Chip)
with load capacitor C;, and transconductance of the output stage g,,,;.
The zero-dB frequency of output and intermediate stages is:
y f 1/ 8m2
S 7.8.8
fO 2 2nC Ml ( )

with g,,» as the transconductance of half the second stage, and C,,; the average of
Cyrnv and Cyygp.
The zero-dB bandwidth of the whole amplifier becomes:

0727 4 2nCue

/ /
11 _fO :& __8ms3 (7.8.9)

with g,,; as the transconductance of the second stage, and Cy;» = Cp, the second
Miller-loop capacitors.

In the example of the NE5234, the overall bandwidth is 2 MHz at a total supply
current of 700 pA.

It is interesting to see how the intermediate stage functions like a mirror in
adding the voltage across Cp; (in series) with the voltage across Cy,,. This provides
the factor 2 in gain comparable to that of a mirror in the output of an input stage in
subtracting the two differential output currents, thus adding the absolute values into
a single output.

The overall low-frequency gain is:

Ag = gmlRLngrngmj’rp_? (7.8.10)
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in which r,,, is the parasitic parallel resistance at the output of the intermediate
stage, and 7,3 that at the output of the input stage. In the example of the NE5234, the
DC gain is in the order of 3 x 10° at a 10 kQ load resistance.

The minimum supply voltage is set by the Darlington output transistors and the
minimum selector, which take at least two diodes and a saturation voltage. Over the
full temperature range the minimum single supply voltage is 1.8 V.

When we have to work at supply voltages down to 1 V, we can fold the
Darlington output transistors and boost the bias currents as in the LM10 [7.29].

However, these stages have a poor HF behavior. Therefore, it is better to replace
the VF-GA Darlington output stage for an GA-GA multipath nested output stage
[7.30]. In fact, we then obtain a four-stage GA-GA-GA-GA configuration, which
will be discussed in Sect. 7.9.

Conclusion

We have seen that the GA-GA-GA configuration may provide an abundance of gain.
Therefore, it may be used for the design of precision low-voltage operational ampli-
fiers and for heavy loads. Three important design examples have been evaluated.

7.9 GA-GA-GA-GA Configuration

It is a general rule that if we cannot improve the gain of a single GA stage by a
bipolar Darlington or a CMOS cascode connection because of lack of supply-
voltage room, we have to cascade more GA stages. In this paragraph we will
present two four-stage GA-GA-GA-GA OpAmps, the first in full bipolar techno-
logy and the second in CMOS technology.

1V R-R-In/Out Bipolar Class-AB OpAmp with MNMC

If we need to work at supply voltages as low as 1 V, we can no longer use bipolar
Darlington output transistor combinations with stacked diode voltages. Nor would
we like to use the folded Darlington output stage with a current boost [7.29] because
of its poor HF behavior. Hence, the way out is to replace the VF-GA Darlington
output stage by an GA-GA output stage. This leads to a bipolar OpAmp design with
the GA-GA-GA-GA configuration of Fig. 7.9.1 [7.31] with a simplified schematic,
and Fig. 7.9.1a, b with a full schematic.

Starting at the output, we have the complementary output transistors O, and
QO120- They have first inner-nested Miller capacitors Cy;;; and Cyy;,, respectively.
The output transistors are driven by complementary driver transistors and mirrors,
respectively: Q,;¢ through mirror Q539, Q240 and Q25 through mirror Qzs9, Q260
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Fig. 7.9.1 Simplified schematic of a 1 V bipolar class-AB OpAmp with R-R (in)/out, GA-GA-
GA-GA configuration, and multi-path nested Miller compensation

These drivers and Cascaded mirrors may provide the output transistors with an
abundance of current, particularly because we can give the mirrors an extra gain.

The drivers combined with the mirrors have an non-inverting gain, so we may
simply connect a second nest of Miller capacitors Cy,,; and Cy,,, to the inputs of the
two drivers respectively.

We decided to apply a multipath to the nest so in order to regain a factor 2 in
bandwidth. To this effect, we designed an intermediate stage that provides two
output currents for each of the N and P output sides. The intermediate stage for the
N output side Q3;9, O320, Q360 has been terminated by two folded N-type mirrors
03s0, O3s1, O3s2. The folding has been done to give the mirror input side the same
voltage level as the mirror output sides to balance out the effect of variations in the
supply voltage through the Early effect. The intermediate stage for the P output
side Q330, Oz40, O360 has been terminated by two P-type mirrors. This gives the
mirror-input side the same voltage-level as the mirror-output side, which also
balances the effect of supply voltage changes through the Early effect at the
P-side. The current gain of the intermediate stage is further enhanced by folded
Darlington transistors Q4g9, Q49s5. The differential intermediate stage is HF com-
pensated by a third nest Cys3 and Cpsz. The capacitor Cp; is needed to provide the
intermediate stage with an HF ground terminal. Without Cp; the left input of the
intermediate stage will not be a virtual ground, but terminated by Rsg. This would
provide an HF sneaky path, that keeps the frequency compensation from roll-off at
6 dB/oct above f, = 1/2nRs99Cps3. Cp; must be equal to Cy; for balancing
purposes. The level-shift resistor Rsgs has been inserted to make it possible for
the whole amplifier to function at a supply voltage of 1 V between the positive and
negative supply rails.

The input stage Q4;0, O420, Q430, Q140 has been connected as a rail-to-rail input
stage (see Sect. 4.4). The CM range is from rail to rail at a supply voltage of 1.8 V or
higher, but at 1 V the circuit already functions with CM ranges around both rails.
The switching between the PNP side and NPN side occurs at a voltage Vg;.
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The summing circuit Q4s;, Q462 Os63, Q464 functions as a folded cascode and has a
differential output. The summing circuit receives its common-mode feedback at the
bottom by the intermediate stages through the level shift resistor R ;os.

The class-AB regulator amplifier Qs;o through Qssp has been connected in
parallel to the intermediate stage. The class-AB amplifier also provides a multipath
output to directly drive the output transistors. The output currents are measured in
parallel with the output transistors by Q;so and Q49 Which have series emitter
resistors. The lowest of the output current is sensed by the minimum selector Qs,
QOssp and transferred to the class-AB regulator amplifier on its right-hand side.
A reference voltage is offered on the left-hand side.

The limiting frequency f, is at the output transistors:

/ 8ml
= 7.9.1
fi 2nCy, (7.9.1)

with g1 = gmi10 + &mizo-
The g,, is taken at its quiescent current level. The zero-dB frequency of the
feedforward path of the intermediate stage and output stage is:

1 1 8mi
(. R
fo_zf’ 2 2nC;

(7.9.2)

So, the choice of the first nest of Miller capacitors of the feedforward path
should be:

= Sm_p8mic, (7.9.3)

Cui =
Mo T g

with Cpr; = Cprz1 + Cpz2 and g3 = gmsso-
The zero-dB frequency of the gain path of the intermediate stage, driver stage,
and output stage is:

1
0 =fo=50 (7.9.4)

This results in a choice for the second nest of Miller capacitors:

— B _ o 8mic (7.9.5)

- 27'Ef($/ B 8mi

Cuz

with Cpp = Cap21 + Cagzz and g3 = gm340-
The zero-dB frequency of the whole amplifier is:

1 1 1
1 :Efo" Zifo/ sz; (7.9.6)

The factor 1/, results from the third nest, in which we have not used a second
multipath to make the amplifier less complicated. The bandwidth of the four-stage
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amplifier with multipath output stage and driver stage is thus comparable with a
three-stage amplifier without a multipath. The third nest of Miller capacitors is:

Cos = S _ 48m o) (7.9.7)

B 27Tf 0”/ 8ml

with g,y = gmas0-

The transconductance g, is that of the R-R input stage with mirrored (through
tail of intermediate stage) output of the summing circuit.

Care must be taken that the transconductance of the driver stage and current
mirror is lower (see explanation with Fig. 6.2.19) than the transconductance of the
feedforward path from the intermediate stage. Because at high frequencies the
direct HF path must dominate the LF gain path. This results in:

4gmz < gm3 (7.9.8)

with 8,2 = &m210 + §m220 and &3 = Zm340-

At high output currents, this can become difficult to comply with. A solution can
be to degenerate the emitters of the driver transistors Q»;o and Q»p.

Bipolar output transistors have to be protected against saturation, otherwise their
HF behavior drastically reduces and ringing may occur. They must also be pro-
tected against overdriving, otherwise these transistors can easily be destroyed. For
this purpose, the saturation detectors Q;;; and Q;>; have been placed in parallel
with the output transistors with their collectors and bases. If the output transistors
saturate then the saturation detectors also saturate and feed the saturation current in
reverse mode through their emitters to the bases of the regarding drivers. Current
limitation is effected by a combination of small emitter-resistors in the output
transistors, and sense transistors Q;;3 and Q;,; with emitter resistors R;;; and
R ;>3 with their bases in parallel with the output transistors. The collectors of the
sense transistors have been connected through collector resistors R;;, and R4
respectively, to the concerning bases. If the currents of these sense transistors
become so large that they saturate, this saturation current is sensed by additional
sense detectors Q;;» and Q5,. Their emitter currents limit the current at the base of
the driver transistors.

The result is a 1 V Bipolar OpAmp with a bandwidth of 3 MHz at a load of
100 pF and a total quiescent supply current of 700 pA, a DC gain of 100 dB at a load
of 10 kQ, and a maximum current of 10 mA. These values can be scaled up or down
easily by a factor 10 [7.31].

1.2 'V R-R-Out CMOS Class-AB OpAmp with MHNMC

As a last example of the use of more than three GA-stages in cascade, a 1.2 V
CMOS OpAmp with an GA-GA-GA-GA configuration will be given. It has
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a multipath hybrid nested Miller compensation. The circuit has an abundance of
gain and can drive low-impedance loads. Nowhere are more than one diode and two
saturation voltages stacked. The output transistors are driven by transistors which
need only one saturation voltage. This results in a supply voltage as low as 1.2 V
over temperature and process variations. The circuit is shown in Fig. 7.9.2a [7.32]
with a simplified schematic, and Fig. 7.9.2b with a full schematic.

The output stage M, ;o and M, has a first Miller nest of capacitors Cy;;; and
Cyr12- The output stage is driven by a driver stage M5;9, M>>9. The intermediate
stage M3;o and M3, has a second Miller nest of capacitors Cys3; and Cyy3,. Across
the intermediate, driver, and output stages the outer nest is made up by C,,,. The
input stage My, and M, is followed by a folded cascode M,3;, M43, and loaded
with a mirror M 33, M434. The mirror also produces two feedforward paths through
M35 and M 434, which directly drive the output transistors in a mulitpath way. The
mirror and intermediate stage-transistors are chosen of equal type, so that the mirror
transistors have about equal drain-source voltages and do not contribute to supply-
voltage dependent offset.

The class-AB regulator has output current sensors Ms4p with mirror Ms,y, Msgg
and Ms¢y. The sense currents are first subtracted from current sources Ms,; and
Msg;, and then fed into the measuring diodes Ms,y and M5, respectively. By this
action a minimum current in one of the output transistors is translated into a
maximum current in one of the measuring diodes. A class-AB control amplifier
M through Ms,; has been connected to the measuring diodes as an and-gate or
“maximum selector” at its right-hand side. The four outputs of the control amplifier
bias the driver-stage and output transistors in a multipath nested manner. This
ensures a robust and stable class-AB biasing of the output transistors [7.32]. It
has further been explained with Fig. 5.4.12.

The frequency compensation has been explained with Fig. 6.2.22 [7.33].

The limiting-pole frequency is:

8ml
27ICL

fi= (7.9.9)

in which Cy is the output load capacitor, and g,,; = g,n170-
The zero-dB frequency f; of the driver and output stage combination must be
half that of the limiting-pole frequency, so:

f==f (7.9.10)

The gain around the driver and output stage is determined by the inverting
intermediate stage M3, M350 with a gain of C,,,/Cy,3, which leads to the choice of:

8m2 _ l % 8ml
27‘[CM] 2 CMj' 27'CCL

(7.9.11)

with g,2 = gm210 + &m220 and Cpyy = Cryyp + Cppyz and Cpy3 = Cpy3; + Cpyszo.
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When a multipath connection is made directly from the input stage to drive the
output transistors, the overall bandwidth fi' may be taken equal to f; or half f/, so:

1
0 =fo=51 (7.9.12)

which leads to a choice for Cj;:

8md o 1 8ml

2nCyo 2 2nC)

(7.9.13)

in which g, is the gain path of the transconductance of the input stage M;o, M40
provided through the mirror M,33, M43, to the overall nest Cy;,, while the direct
path of the transconductance !/, g4 is provided through M35 and M ;4 to the first
nest Cys74 and Cyy,p respectively.
It must be prevented that the gain-path dominates the HF path at high frequen-
cies. This leads to the choice of a lower transconductance of the driver stage.
Hence:

% Em2 <l 1/ng4
Cuysz 2nCu; — 3 2nCyyy

(7.9.14)

As the gain path does not contribute much at high frequencies, the constraint for
the bandwidth fj of the intermediate stage is also relaxed to f; > /3 f}. This leads to
a choice:

8m3 < 1 8mi

27'ECM2 -3 27TCL

(7.9.15)

with 8,3 = gms10 + &ms20-

Finally, we must match the 6 dB roll-off of the gain path and the multipath, to
avoid a pole-zero doublet.

This leads to the choice:

8md _ 1/2gm4

= 7.9.16
27TCM2 27TCM] ( )

Conclusion

The conclusion can be drawn that the hybrid nested Miller compensation technique
leads to robust GA-GA-GA-GA amplifiers with an abundance of gain and, when
provided with a multipath, a bandwidth comparable to that of a regular Miller
compensated OpAmps. As an example two CMOS OpAmp were made, one with
and one without a multipath. At a bias current /3 of 10 pA, the total quiescent
current was 300 pA with a supply voltage of 1.5 V, a bandwidth was obtained of
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2 MHz and 6 MHz, respectively for the non-multipath and the multipath version, at
a load capacitance of 10 pF.

The open-loop voltage gain was 120 dB at a load resistor of 10 kQ. The OpAmp
does not use resistors and can be easily scaled up or down. At a bias current /g of
1 uA, a total supply current of only 15 pA, a supply voltage of 1.2 V, and a
bandwidth was obtained of 0.2 and 0.6 MHz, respectively [7.32].

7.10 Problems and Simulation Exercises
Problem 7.1

Figure 7.1.2b shows a folded-cascode operational amplifier with class-A output stage.
Considering the MOS devices sized W/L;s = W/L;s = 3.5W/L;3 = 3.5W/L;4 =
35u/1p, WIL;7 = W/L;s = 100p/3u,W/L;9 = 60p/3p and W/Lyg = W/Ly; = 20u/3u
biased with the current source Iz; = 20 pA at a supply voltage of Vgp =
—Vsnv = 1.35 V, design the input pair and the current sources M3, M;; and M;, so
the gain of the amplifier will be 60 dB with capacitive load C; = 1 pF and resistive
load R;, = 5 MQ, and under these conditions the slew-rate will be S, = 40 V/us.
Transistor parameters are Vygyy = 0.5 V, Vigp = —0.6 V, Ky = 56uA/V2, Kp =
16uA/V?, Ay = Jp = 0.1 V' Calculate the 0-dB frequency and the biasing voltages
Vi1, Vi

Solution

The tail current of the input stage limits the slew rate of the whole amplifier under
given capacitive load, the second stage being only a current follower

Ips  2lp
S, =—== 7.10.1
C, "y ( )
which for the given slew-rate value requires an /g current of
SC
Iy = TL =20pA (7.10.2)

The corresponding sizes for the current source transistors are determined taking
care to keep the same channel length for the current mirrors using M, ¢ as reference

W 120
= 7.10.3
L 3n ( )
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Transistors M;; and M, are sized knowing their drain current equal to 2/

W W 2y W 40p

SR e AN S bl (7.10.4)
Ly Lip g Ly 3n
Without load resistance, the DC voltage gain of the amplifier is
Avo = 8mi(yyrasi2 || wigTasis || Re) (7.10.5)

For a saturated MOS transistor, the voltage gainu and 4, above can be calculated
based on device sizes and drain current

K (7.10.6)

Numerically, using device sizes and the biasing given by 7.10.6, this allows
calculating the amplifier output impedance

Zy =31.2MQ (7.10.7)
which is much larger than the load resistance
Zo > Ry (7.10.8)

Thus, g,,; can be calculated as
A
gm = —2 =200 uS (7.10.9)
Ry

Using the value above in Eq. 7.1.8 the sizes of input pair transistors result

w g%n]Z
— = = =132 7.10.10
L;> 4Kplp ( )

For low input offset, the channel length of the input pair transistors is usually
non-minimal, similar to the current mirrors
W 100 p
i e (7.10.11)
L 3p
Because the input transistors are actually close to weak inversion, their size is
usually large in real circuits. The 0-dB frequency of the amplifier designed above
will be

fO _ 8ml

= = 32MH 7.10.12
27‘CCL : ( )



7.10 Problems and Simulation Exercises 283

The biasing sources Vg;, Vg, should be designed to keep M;7 ;s and M;; ;> in
saturation even when the input pair is slewing, sourcing all available current
through one of the input transistors

Vi = (Vasis + Vsaus )iy =2, = 0.977 + 0.380 = 1.36 V
Va2 = (Vasis + Vea2)ly, ,—a, = 0.077 +0.330 = 1.10V (7.10.13)

Problem 7.2

Figure 7.2.5 shows a rail-to-rail output two-stage amplifier compensated by a
Miller configuration which does not introduce a positive zero in its AC behavior.
Considering the MOS devices sized as W/L,s = 2W/L;, = 10W/L3, = 80u/2yu,
W/L27 = 2W/L13 = 10W/L31 = 100/1/2/,{, W/L21 = W/L22 = 60#/2/,{, W/L23 =
W/Lz4 = 20p/2p, W/Ly5s = W/Lys = 10u/2u0, W/L ;2 = 40p/1p and W/L;; = 80u/1u,
the biasing source Iz = 10uA and the amplifier loaded with only the capacitor
C; = 10 pF, calculate the D-C voltage gain Ay, and the Miller compensation
capacitor C,, for a phase margin of the compensated amplifier ¢,, = 60°. Transistor
parameters are Vyy = 0.5 V, Viyp = —0.6 V, Ky = 56 pA/VZ, Kp = 16 pA/V?,
In=72p=0.1V""

Solution

The biasing currents for M;, and M,g can be calculated knowing the reference
current through M3;.

W L
Ipj4 =Ip3y — —— = 50 pA

Lv{;’ WZ” (7.10.14)
Ipzs =Ip3> Ios W 100 pA
The DC voltage gain with no resistive load is given by Eq. 7.2.10 as
Avo = Mol U3 (7.10.15)

each u voltage gain corresponding to M;;,—M>,, M;; and M, respectively

1 1 1
Ay =
, \/ 2Ip2; 2Ipy; 2Ips2
Ap

=96dB (7.10.16)

AN AN
w w w
Kp Ly Ky Ly Ky L
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There is a huge gain which can be obtained with this amplifier structure. The
price is the reduced input and output common-mode ranges.

The Miller compensation is calculated forcing the unity gain bandwidth to be
half the value of the non-dominant pole introduced by the capacitive load

1 8mil

= 10.6 MH. .10.1
321G, 0.6 MH: (7.10.17)

Jo=

As this frequency should be set by the transconductance of the input stage and
the Miller capacitor, the value of C,, results

Cy =52 — 6.6 pF (7.10.18)
2fy

Problem 7.3

The class-AB amplifier in Fig. 7.7.2 is designed with transistors sized W/L;, =
T.5u2u, WiL;; = W/Lis = 2u/2u, WiL;; = 26u/2u, WiL;s = W/Lis = Tu/2u,
WILss = W[L;s = W/L33 = 42u/2p, W/L3; = W/L3> = 10u/2u, W/L;3 = 14u/2p,
WIL14 =42, WLz ; = WLz = 4u/2p, WLz = W/Lz4 = 62, W/Ly7 = W/L 5=
21p/2p and biased with Ip;; = Iz;» = 0.5 pA. For a capacitive load only, C; =
10 pF, calculate the Miller capacitors Cyy;; and Cyy;, so the phase margin becomes
¢,, = 60°. Calculate the unity gain bandwidth of the compensated amplifier. What
is the maximum current which can be supplied by the class-AB output stage?
Transistor parameters are Vyyy = 0.5 V, Vigp = —0.6 V, Ky = 56 uA/Vz,
Kp =16 pA/V%, Iy = p =01V "

Solution

The drain currents for M3;, M5 and My, are all equal because of equal sizing of
these transistors

W L

Ip3z = Iprs = Ipzs = 1015@ Wi =3pA (7.10.19)

The quiescent current of output transistors can be calculated using one of the
translinear loops, for example Vgs1:-Vgsi3-Vasis-Vasis

ID]5 ID]6 IDI3
Ipiy =W/L =LlpA (71020
b1 = W/Li < WiLis \/ W/Lis \/W/L”> ( )
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This value is equal with /> at quiescent operating point. Knowing the drain
current and the sizes of the transistors, the DC gain voltage can be calculated

1/ 2Kp L—VZZ[Djz
(7.10.21)

2Ip2s |2Ipp2

KW w
Ky NTy Ky L

Avo = gm3las22Moglyy =

Inpa

The Miller capacitors result from Eq. 7.7.9

8m3
8mi2

Cuir =Cunp =Cp

=7.6pF (7.10.22)
Unity gain bandwidth of the compensated amplifier can now be calculated as

r_ 8m3
fo=5 o= 246 KH:z (7.10.23)

The maximum output push or pull current can be calculated if all the available
current from Mg flows either through M;; or M;,. Using (7.10.20) under the
assumption that I;; = 0, the push current limit results

Ip;s Ipss
1 =W/L =74 7.10.24
i / H( W/L;s \/W/Lw) hd ( )

Problem 7.4

The compact amplifier shown in Fig. 7.7.7 can be tuned to operate at 1.2 V supply
voltage and 10 pA supply current. Considering the transistors sized as shown, adjust
the bias current to the required value to operate the amplifier at the aforementioned
supply current, then calculate the Miller compensation capacitors Cys;4, Cy24 and
the 0-dB bandwidth for a phase margin ¢,, = 60° when the amplifier is loaded with
a capacitor C; = 10 pF. The PMOS transistors have Kp = 16 pA/V>.

Solution

All the biasing currents are obtained from /I in this circuit so the sum of all these
currents can be obtained as a function of /.
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Ip321 = Ip204 = Ip20s = 21p
Ip239 = Ipz3s = Ipsor = Ip
_ _1 1
Ipii2 = 1Ipiis = 51p2i9 = 51
L

Ipjgr = — ——
Lior Wiii

L1y = 1014 (7.10.25)

Summing all the currents calculated above except for the biasing current itself,
the total supply current is

Lsuppty = 201p (7.10.26)
which requires a bias current
10 pA
Iy = % — 0504 (7.10.27)

In order to calculate the Miller capacitors and the bandwidth of the compensated
amplifier, two g, values must be calculated

w
8m3 = 8m301 = 8m302 = \/2KPL3—)10301 =22.6pA/V (7.10.28)
o1

The above value seems to be too large, considering the level of drain current for
the input transistors. The maximum g, for a MOS transistor operated at a drain
current [, is attained when the transistor works in weak inversion and is typically
limited to 25Ij, at room temperature, similar to a bipolar transistor. Therefor, the
value of g,,; will be limited to

gms = 25Ip30; = 12.5 HA/V (7.10.29)
In the same manner, the output g, can be calculated
8mi = 28mioo = 50Ipj90 = 250 pA/V (7.10.30)

The Miller capacitors are compensating one output transistor each, so their
value is

Cumia = Cpoa = %CL = 0.5pF (7.10.31)

ml
and the corresponding 0-dB frequency of the compensted amplifier becomes

1= Bm3 — 2 MH: (7.10.32)

O 2m(Cmza + Crsza)
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Simulation Exercise 7.1

287

Use the AC simulation circuits shown in Fig. 2.7.2 to plot the gain and phase
characteristics of the folded-cascode amplifier in Fig. 7.10.1. Note the single pole
characteristic and change the unity gain bandwidth to double its value by adjusting
the load capacitor and/or the input stage g,,. Also run AC simulation with and
without a load resistor and note the major change in DC gain. Using the original
and the modified amplifier, run transient simulations with the amplifier in a

2 Vsp
Mg +
'[‘ 10u lh
13V
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oy AL
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Fig. 7.10.1 Folded cascode amplifier
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non-inverting configuration and using a pulsed voltage for input signal. Estimate
the slew-rate of both versions. By changing the input signal to a variable amplitude
sinusoidal voltage and running transient and Fourier analyses, a maximum limit can
be obtained for the output voltage by imposing a limit for the accepted distortion
THD = 0.1%.

Simulation Exercise 7.2

The class-AB compact amplifier shown in Fig. 7.10.2 can be operated at a supply
voltage as low as 1.2 V. Run AC simulation for gain and phase characteristic, then
transient simulations for slew-rate and maximum output range in a manner similar
to the one described in the previous exercise. During the slew-rate measurement,
plot the drain currents of both the output transistors and observe the minimum
current which is drawn by the inactive transistor.
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8. Fully Differential Operational Amplifiers

As the supply and signal voltages go down to lower values from 30, 12, 5, 3, 2,
and finally 1 V, the signal-to-noise-and-interference ratio becomes increasingly
worse. An important way to cope with this problem is to use fully differential
signal paths. The differential peak-to-peak signal then becomes maximally twice
the total supply voltage Vg = Vgp — Vy. But even more important will be that
the influence of substrate interference on the two balanced signals will largely
cancel one another. All kinds of amplifiers, filters, sigma-delta converters, and
other circuits using fully differential OpAmps may thus be designed in a fully
balanced or differential way.

For this purpose, we have to design fully differential OpAmps which have two
outputs of which the voltages accurately move opposite to each other in regard to a
constant common output reference voltage.

The main additional problem is to design a common-mode output control circuit
that is accurate and that can handle voltages that move close to the supply-rail
voltages, so that the amplifier can function at low supply voltages. This will be
elaborated in this chapter for the GA-CF, GA-CF-GA, and the GA-GA-GA-GA
configuration with several different solutions.

The control of the differential output voltages of this chapter is in contrast with
the OFA approach (see Chap. 9) in which the relation between the output currents is
controlled in an accurate differential way.

8.1 Fully Differential GA-CF Configuration

The simplest OpAmp is the GA-CF configuration. It has been shown in Fig. 7.1.2b.
with a single-ended output. To properly connect the differential input to the single
output a mirror connection was needed. If we want a differential output this mirror
connection must be removed and a common-mode output voltage control must be
added.

J. Huijsing, Operational Amplifiers 2nd Edition, 291
DOI 10.1007/978-94-007-0596-8_8, © Springer Science+Business Media B.V. 2011
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Fully Differential CMOS OpAmp with Linear-Mode
CM-Out Control

A very simple CM output control circuit arises when we use CMOS transistors in
their linear mode as CM sensors. An example of a simple circuit is shown in
Fig. 8.1.1a [8.1, 8.2].

The common mode output control consists of two transistors Mg and M,
biased in their linear resistive region and connected at their drains with an equal
drain-source voltage Vpso = Vpsio = Vpso.j0 of only 100 mV, while the effective
gate-source voltage Vgr = Vgs — Vg is larger.

Ver = Ves — Viu>Vps (8.1.1)

Under this condition, the channel is not pinched-off anywhere, and we can write
for the drain current

w 1
Ip = pnCyy ZVDS (VGT - 2VD8> (8.1.2)

This relation is linearly dependent on Vg7 or V. So, we connect one gate Vg to
one output V,,,.. and the other gate V5, to the other output V.., and we keep the
sum of the two drain currents Ipg + Ip;9 = I constant, and the drain voltages Vo,
Vpsio equal: Vpgg = Vpgp. The average gate voltage (Vo + Viy0)/2 will now
regulate itself at the common-mode level V;, of the gate voltage Vs, of a model
transistor M, that is driven with the same current density as Mo and M .

This follows from:

When we choose IC =2 ID4’ WQ/LQ = W10/L10 = W4/L4, and

W.
Ic =1Ipg +Ipjp = nCox = L9.1o Vso.10(Vare + Vario — Vso.10) (8.1.3)
9,10
W,
2Ip4 = pCox L—VDS4(2VGT4 — Vps4) (8.1.4)
4
with VDSQ,]O = VDS4’ we find:
(Veo +V610)/2 =V (8.1.5)
and hence:
Vour— + Vours)/2 = Vem (8.1.6)

The result is a robust common-mode regulation of the output. A condition therefore
is that no common-mode output signal current /,,,cpr = (pur— + Lpurs)/2 1S drawn
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Fig. 8.1.1 (a) Fully differential operational amplifier with an GA-CF configuration having
common-mod output-voltage control with CMOS transistors in their linear mode

from the output. Otherwise, we may no longer state that Ipg 4 Ip;9 = Ic = 2Ip4. This
condition can normally be met by the application.

A bandwidth of 80 MHz was obtained with this simple fully differential OpAmp
at load capacitors of 1 pF, an open DC gain of 70 dB, a maximum output current of
100 pA and a quiescent current of 500 pA [8.2].

A drawback of the circuit is that the output voltages cannot reach the positive
supply-rail voltage within a threshold voltage |Vy| of the p-channel transistors Mg
and M;,. These transistors do not function for a negative effective gate-source
voltage |Vgr| = |Vgs| —|Vrul. To use the supply voltage range more effectively, we
have to choose from the input CM feedback control of Fig. 8.1.3, or the rail-to-rail
buffered resistive CM sensor of Fig. 8.1.4, or the resistive CM sensor of Fig. 8.2.1,
or the switched-capacitor CM sensor of Fig. 8.3.1.

Fully Differential Telescopic CMOS OpAmp with Linear-Mode
CM-Out Control

A simple CMOS differential telescopic GA-CF OpAmp with linear-mode CM-
output control is shown in Fig. 8.1.1b. It has been derived from the telescopic
single-ended OpAmp of Fig. 7.1.3. The transistors Mg and M, sense in linear-mode
(Vps = 50-100 mV) the output voltages and control the CM output voltage at a
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constant level V¢, Which is sensed by the model control transistor M;,. The
telescopic cascoded differential version has the advantage of half the supply current
over the folded cascoded version of Fig. 8.1.1a. A disadvantage is the somewhat
limited input and output range, as described with the single-ended telescopic
cascoded OpAmp of Fig. 7.1.3. The maximum positive output voltage should be
limited to VSP — VTHQJO, or Vin cm + VTH],Z — Vsat 34> whichever is lower.

Fully Differential CMOS OpAmp with LTP CM-Out Control

A set of two long-tail pairs (LTP) can also sense the common mode output voltage.
An example of a simple circuit is shown in Fig. 8.1.2 [8.3, 8.4].

Two long-tail pairs M4y, Ms; and M4, Ms; are connected with their gates between
the desired CM voltage level V), and each of the output terminals V,,,,, and V,,,,_.

Each long-tailed pair has a non-linear transconductance. But if the non-linear-
ities of both pairs is identical, we can still accurately measure differences in the
input voltage of each pair. The sum of the output currents of the transistors My; and
M,,, whose gates are connected to V¢, is used to control the common-mode output
voltages CM through Mys, M; 3, M ;4. This sum current is constant if the gate voltage
of M4, moves opposite to that of the gate voltage of My;. This results in:

Veso — Vesr = Veez — Vs (8.1.7)
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Fig. 8.1.1 (b) Fully differential telescopic operational amplifier with GA-CF configuration with
common-mode output-voltage control with CMOS transistors in their linear mode
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Fig. 8.1.2 Fully differential operational amplifier with an GA-CF configuration having common-
mode output voltage control with a set of two long-tail pairs

or

(Vaeo + Vaes) /2 = (Va1 + Vas2) /2 = Vewm (8.1.8)

Note that we certainly used P-channel pairs instead of N-channel ones to avoid
differences in g, by signal dependent back-gate modulation.

The CM regulation of the circuit naturally has the same bandwidth as the
differential signal bandwidth.

The circuit of Fig. 8.1.2 with long-tail pair CM-output-voltage control works
well in a certain output voltage range. The same drawback, or even a little worse, is
present as with control by CMOS in the linear mode. The long-tail pair sensors do
not work when one of the gate voltages is higher than one saturation voltage plus
one threshold voltage below Vgp. So, the circuit cannot effectively use the full
supply-voltage range at its output.

Fully Differential GA-CF CMOS OpAmp with Output Voltage
Gain Boosters

In many cases, like in the first stage of a sigma-delta converter or passive integrator,
a very large voltage gain is needed at a very large output impedance. This can be
made by inserting gain boosters to regulate the gates of the output cascode transis-
tors. The situation is depicted in Fig. 8.1.3 [8.5].
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Fig. 8.1.3 (a) Fully ZVgp

differential operational

amplifier with an GA-CF

configuration and output
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Z OUTP
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2 Vsn

The differential voltages between the pairs of souces of the output transistors are
measured by the boost amplifiers G,,7 and G,,s and regulated to zero. Therefore the
output voltages have no longer influence on the current. This results in a high output
impedance and hence a high voltage gain. The CM level has still to be measured
and regulated to a constant reference voltage. This is symbolized in Fig. 8.1.2a by
the regulation of Vi, of G,,,7. The boost amplifiers can be easily made as shown in
Fig. 8.1.3b.

Fully Differential GA-CF CMOS OpAmp with Input-CM
Feedback CM-Out Control

If the application, such as a filter, includes overall positive DC CM feedback,
the CM sensor can be combined with the input stage in a very simple way, see
Fig. 8.1.3b [8.5].

The input stage has been provided with two extra transistors in a common-source
connection, having their gates connected to a desired CM voltage V-, at the input,
and their drains connected to the negative rail or ground. If a positive DC feedback
between the output and input exists, the CM level at the output is regulated so that
the CM level at the input is equal to V¢, at the gates of My; and M,.

If the CM level at the input rises, the CM current in M; and M, is lowered and
taken away by My; and M, to ground. The result is that the CM current in M3 and
M, increases. This pulls the CM level at the output back down.

A very simple CM control can be made by regulating the CM level of the input
stage if the application has positive overall DC CM feedback. The advantage of this
solution is that the CM range at the output is not restricted by a regulation circuit,
and can approach an R-R behavior very closely.
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Fig. 8.1.3 (b) Fully differential operational amplifier with an GA-CF configuration and output
CM control by input CM feedback

Fully Differential CMOS OpAmp with R-R Buffered Resistive
CM-Out Control

If we could connect two equal resistors, one to each of the output voltages, and
control the common mode level by sensing the centre connection voltage between
the two resistors, a nearly rail-to-rail (R-R) output signal range would result.
However, the connection of the resistors between both outputs will ruin the DC
gain. In order to avoid this we can drive the resistors not directly by the outputs, but
indirectly through R-R buffers. This is shown in Fig. 8.1.4a.

The voltage on the centre point in Fig. 8.1.4a of the CM resistors Rcys; and Ry
is sensed by the differential pair M3;;, M3, and compared with the desired CM
voltage level V. The transistor M3, is connected as a diode.

A circuit example of an R-R voltage follower is shown in Fig. 8.1.4b, see also
Chap. 4.

Two complementary differential, mirrored, and folded-cascoded transconduc-
tance amplifiers Ms;—Msg and Ms,—Mss have been connected together at their
outputs and connected as a unity-gain voltage follower. If the total supply voltage
is larger than two saturation voltages and two diode voltages, which is normally the
case at 2 V, at least one of the differential pairs is functioning, and the output will
follow the input voltage nearly from rail-to-rail.
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Fig. 8.1.4 (a) Fully differential operational amplifier with an GA-CF configuration having CM
output voltage control by an R-R buffered resistive sensor. (b) Rail-to-rail (R-R) voltage follower
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The transconductances g,,50 and g,,s0 are supposed to be equal. To this end the
W/L ratios of the P-channel transistors have been corrected for their mobilities in
regard to the N-channel transistors.

The transconductance of the circuit (g,,50 + gmes0) 1S a factor two larger, when the
input voltage is in the middle between the supply voltages and both pairs are
functioning, than when the input voltage is closer to one of the rail voltages and
one pair g,,s5o or g0 is cut off.

This results in a gain error change AEr

AEr = —1/Rcumi2(gmso + 8meo) (8.1.9)

This means that the product Rcyy 2(8mso + 8mso) must be chosen much larger
than 1. However, if V;, is chosen in the middle, the error of one buffer compen-
sates that of the other, because both buffers switch from 2 to 1g,, at the same time,
so the requirements are relaxed.

For HF stability of the CM feedback loop, it may be necessary that Rcy,; and
Rcyz each are bridged by a small capacitor Ceyy; and Ceyn. In general, the
bandwidth of the CM loop must be chosen as large as the bandwidth for differential
signals. This means that the inverse CM parallel resistance I/Rcys; + 1/Rcp> must
have the same value as the transconductance g, of the input stage.

If the HF loads at the outputs are balanced, the HF output signals will stay
balanced even if the CM loop is functioning only at lower frequencies than the
differential bandwidth. In that case the CM parallel conductance 1/Rcp; + 1/Rcas
may be much smaller than g .

The CM control by an R-R buffered resistive sensor works fine for a total supply
voltage larger than two saturation voltages and two threshold voltages, which is about
2 V. A drawback is the extra circuiting and extra supply current needed to do the job.

8.2 Fully Differential GA-CF-GA Configuration

When we need an amplifier with a higher transconductance than we can get with the
GA-CF configuration, the GA-CF-GA configuration is a good choice at low supply
voltages. It also has an R-R output range except for one saturation voltage at each
rail. The high transconductance allows us to load the output directly with common-
mode feedback resistors without losing too much gain.

Fully Differential CMOS OpAmp with R-R Resistive
CM-Out Control

An example of a fully differential GA-CF-GA configuration with rail-to-rail resis-
tive CM-out control is given in Fig. 8.2.1 [8.2].
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The circuit is based on the compact CMOS OpAmp of Fig. 7.7.2. The two outputs
Vour+ and V,,,,,_ are sensed by a resistor string Rcyy; and Rcyy» and paralleled by two
small capacitors Ccyy; and Ccyy, for HF stability of the CM loop. The voltage of the
central sensing point is compared with a desired common-mode voltage V,, by the
transistors Ms;, Ms, and Ms;. The latter is connected as a diode. The CM output
voltage is translated into a current by R, and Ry, and fed through cascodes M,
and M3, into the folded cascodes M5 and M 4. The bandwidth of the CM loop should
be taken as large as that of the whole OpAmp. The latter one is:

fo = &m30/2n(Cris + Cvarz + Cyzr + Cuizz) (8.2.1)

The transconductance of the input stage g,,,30 has the same value as in Fig. 7.7.2, but
now it drives four Miller capacitances instead of two. The transconductance of the CM
loop circuit should therefore be taken equal to Y2g,,,30 to obtain the same bandwidth, so:

1
58ms0 = 1/(1/(gms1 + gms2) + 1/(1/Rems + 1/Remz)) (8.2.2)

An example of the above circuit had a bandwidth of 7.5 MHz at a capacitive load
of 5 pF, a DC gain of 86 dB at a load resistor of 10 k€, and a maximum output
current of 5 mA at a quiescent current of 450 pA [8.2].

The circuit of Fig. 8.2.1 needs a supply voltage of two diode voltages and two
saturation voltages, which is in the order of 2 V. If we would have taken the circuit
of Fig. 7.7.6 with the folded cascode summing circuit as a basis for the differential
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Fig. 8.2.1 Fully differential operational amplifier with GA-CF-GA configuration and with a
resistive CM output control
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OpAmp, a supply voltage of one diode and two saturation voltages would have been
sufficient, which is of the order of 1.2 V. In that case, the CM output control circuit
in the right-hand part of Fig. 8.2.1 has to be replaced by a folded CM output control
circuit which can function at 1.2 V An example of such a circuit is given in
Fig. 8.2.2. The resistors Rcy; and Rcy, may now carry a strong DC voltage
component, because the central point may only be one saturation voltage away
from the positive rail. This is compensated by the same voltage on the left-hand side
of the compensation resistor Rcy,3. At its right-hand side the set point of the CM
voltage V), can be chosen. The DC currents through the three resistors are
generated by M, through M4 in excess of the bias current /3.

The use of current followers (cascodes) Ms; and M, for sensing the error current at
the CM point of the measuring resistors Rcyy; and Ry has the advantage of a better
HF behavior of the CM feedback loop (current feedback) than if we would have used a
differential amplifier to sense the error voltage at the CM point of the resistors [8.6].

Conclusion

The resistive CM output control fits well with low-voltage OpAmps with two GA
stages or more in cascade where the transconductance is large enough to directly
drive the resistive CM control resistors. It can be used with the GA-CF-GA,
GA-GA-GA, and even for the GA-GA-GA-GA configuration.
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8.3 Fully Differential GA-GA-GA-GA Configuration

When more gain is needed, for example to linearize a heavy duty loudspeaker
output stage a fully differential OpAmp with an GA-GA-GA-GA configuration can
be used. Apart from CM output control with resistors, switched-capacitors can also
be used, as shown next.

Fully Differential CMOS OpAmp with Switched-Capacitor
CM-Out Control

As a final example, a circuit is presented of a fully differential OpAmp in an
GA-GA-GA-GA configuration that has CM output control by switched-capacitors.
The circuit is shown in Fig. 8.3.1 [8.7].

The purpose of the circuit is to provide low-distortion at a relatively high output
power for audio applications. The large gain of four cascaded GA stages and the double
nesting around the output stage provide a high loop gain around the output stage
up to relatively high frequencies. The input stage M, M- is connected to a differential
folded cascode stage with M; through M. The two balancing second stages M, through
M, ; with indices A for the left-hand side and B for the right-hand side have a mirror
output to bring the phase back to positive. The third stages M, through M, ¢ with indices
A and B respectively also have a current mirror in the output. They drive the upper
transistors. The lower output transistors are driven in parallel with the third stages.
This provides for a multipath. This also provides a kind of very non-linear class-AB
behavior. The gain of the three or four-stage amplifier is so high though, that the
strong non-linear behavior of the output stage is sufficiently linearized. The Miller
capacitors C3, C, and C; shape the double-nested HF compensation structure.

The CM feedback circuit is shown in Fig. 8.3.1b.
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Fig. 8.3.1 (a) Fully differential operational amplifier with GA-GA-GA-GA configuration and CM
output feedback control
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Fig. 8.3.1 (b) CM output feedback control by switched-capacitors

The resistors have been replaced by capacitors C; and C, to control the CM
level. The switched-capacitors Cg; and Cg, control the DC drift on the central CM
point by taking samples of a CM voltage Vs and frequently correct the control
capacitors with the right DC level.

Conclusion

The fully differential power OpAmp has a bandwidth of 2 MHz at a load of 200 pF
and 50 Q. It has a maximum output current of 70 mA at a quiescent current of 2 mA
and at a supply voltage of 5 V. The total harmonic distortion at 1 kHz is —86 dB.
The circuit functions well at a supply voltage of 3 V.

The circuit could also work at voltages as low as 1.2 V if the CM feedback had been
devised with the 1.2 V CM output control circuit of the previous circuit Fig. 8.2.2.

8.4 Problems and Simulation Exercises

Problem 8.1

The fully differential amplifier in Fig. 8.1.1a has the transistors sized as shown in
the picture, as well as the biasing current sources. The supply voltage is Vgp = Vgy =
1.5V and the transistors’ parameters are Vyyy = 0.8 V, Vrgp = —1.0 V, Ky =75 pA/
V2, Kp =22 nA/V?, )y = Ap = 0.1 V_'. Calculate the common-mode output voltage
and check that My and M, are working in their linear region. Calculate the amplifier
differential DC voltage gain if all current sources Ip;, Ip,, Ip; have a parallel
impedance r., = 200 kQ and the unity gain bandwidth if both outputs are loaded
with C, = 1 pF.
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Solution

The common-mode output voltage, according to Eq. 8.1.5, equals the source-gate
voltage of Mg and M;, when no input signal is present. The drain currents for Mg
and M, are equal to those of the current sources /g, and /53 minus the drain currents
of M; and M,. The current mirror M ,-M3-M 4-Ms-M s makes the drain currents of M,
and M, 100 pA each. Assuming Mg and M;, work in their linear region, the
common-mode output voltage can be calculated by applying Eq. 8.1.2

I 1
Y Viwp 4= Voo (8.4.1)

Veso = Vasio = —r—
Kp 1 Viso 2

From the equation above it can be seen that a Vg value is also needed in order to
calculate Vg. In this amplifier, the biasing circuit M,-M3;-M, sets the Vg for Mg
and M, to

Vpso = Vs — Vs (8.4.2)

These two equations can be used to write a second order equation with only Vg9
as unknown parameter

Ipo 1
—Vrup + = (Veso — Vasii (8.4.3)
Kp1 (Vaso — Vasin) 2( )

Vgso=

Vsi1 can be calculated considering M ; saturated and knowing its drain current

=126V (8.4.4)

Solving Eq. 8.5.3 and picking the positive solution

Veso =137V

(8.4.5)
Vpso = Vgso — Vgsit = 011V < Vggo + Vygp = 036 V

The results show that both Mo and M, are working in the linear region and that
the common-mode output voltage is close to the middle of the supply voltage.
The differential DC voltage gain can be calculated taking into account that half
the input signal is amplified to one of the outputs using half of the differential
circuit, so
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Avo = gmiT cshy = ———=— =93 dB (8.4.6)

The 0-dB frequency is given by the input g,,; and the load capacitor, for each
side of the differential output

_ 8ml
27‘LCL

£ = 300 MHz (8.4.7)

Problem 8.2

For the fully differential depicted in Fig. 8.1.1b, the biasing voltages V; and Vg,
together with transisitors Ms through Mg and M, ; through M,s are sized for drain
currents Ip; = Ip, = 100 pA, Ip;3 = 50 pA and Ip,;4 = 50 pA. Design the common-
mode control loop My through M;; and M,;s, M;, such that the output common-
mode level is placed 1.5 V lower than Vgp. Vi, = —1.0 V, K, = 22 uA/V2.

Solution

The output common-mode is set by transistors Mo, M;, which should be forced to
work in the linear region. For transistor M;,, which is the model transistor for
common-mode control, the equation voltage-current is

1 1
2 Viup +=Vpsiz (8.4.8)

Vesi7 = w0 ——
: Ko W
PL,; VDsi7 2

As this transistor should stay in its linear region even when noise or power
voltages spikes are added, a safe margin for the difference between gate-source
effective voltage and drain-source voltage is

Vesi7 + Vrup = Vpsiz + 350 mV (8.4.9)

Replacing the equality above in Eq. 8.5.8 and considering the requested com-
mon-mode voltage which is identical to Vg7, the aspect ratio of transistor M, can
be calculated

w _ Ipi7
L7

1 =135.6 (8.4.10)
(Vesi7 + Vrup — 3 Vosi7) KpVpsiz
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Sizing of My and M, is made considering that in the linear region the drain
current is proportional to W/L for the same Vg

w w 1 w
T _ W 178 (8.4.11)
Ly Ly Ipj7 Lj;

This will produce equal Vg and Vg values for all transistors working in their
linear region, keeping the source voltage for the saturated current sources M4 and
M, ; at the same value, so sizing for these transistors must be in the ratio

W/L;;  Ipn _s

— P (8.4.12)
W/Lis Ipis

The actual size for these transistors is calculated based on the needed common-
mode input range, which provides a minimum size for M/;.

Simulation Exercise 8.1

The differential output amplifier shown in Fig. 8.4.1 can be simulated for AC
analysis using the circuit in Fig. 8.4.2. Run AC simulation for gain and phase
using the test circuit. An important factor in the functioning of the circuit is the
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Fig. 8.4.1 Telescopic differential amplifier
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Fig. 8.4.2 AC simulation circuit for differential output amplifier

reference common-mode voltage V; which has to be in a certain range to allow
correct biasing of all devices. Use a stepped voltage for V; to find the limits of this
range by observing the biasing of all MOS transistors. Change the input AC signal
from differential to common-mode and measure the common-mode to differential
crosstalk. Change the test circuit to one suited for transient simulation, using two
feedback resistors and two resistors as voltage-to-current converters at the input of
the amplifier and simulate the resulted inverting amplifier using a sinus differential
voltage input to analyze the output differential voltage range if a total harmonic
distortion of 0.1% is allowed.
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9. Instrumentation Amplifiers
and Operational Floating Amplifiers

With the definition of universal active devices in Chap. 1 we have seen that the
operational floating amplifier (OFA) is the most universal active device, even more
universal than the operational voltage amplifier (OVA), abbreviated to OA or
OpAmp, because of its most wide usage. The OpAmp provides us with accurate
output voltage control. Additionally, the OFA provides us with accurate control of
an output current, independently of the output voltage. So, with the OFA we are
able to create controlled current sources. These can be used for the transmission of
current signals independent of ground or reference voltage differences and for
instrumentation amplifier applications mentioned in Sect. 3.4 [9.1].

It may be as important to open up our mind to the more simple system approach
which the OFA offers over the OpAmp approach in many cases [9.2]. Only after
finding that the simple OFA system solution cannot be implemented because of lack
of good OFA realizations, a more complicated system design with more OpAmps
can be justified.

9.1 Introduction

The symbol for an OFA is shown again in Fig. 9.1.1.
Ideally, the OFA should obey the nullor requirements, as explained in Chap. 1:

Vit = Vio = Viggr =0, or Vip=Vy 9.1.1)

Lij + 1y = 2pigs = 0 9.1.2)

Lo + 1oz = 2 ppias + 20,1 /H, = 0, or I, = —I, 9.1.3)

The equality of 1,, = —I,; makes it possible to establish accurate external

current relations, in the same way as that the equality of V;; = V;; makes it possible
to establish accurate external voltage relations.

J. Huijsing, Operational Amplifiers 2nd Edition, 309
DOI 10.1007/978-94-007-0596-8_9, © Springer Science+Business Media B.V. 2011
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Practically, we can approach this by the following four requirements: high gain,
low input offset voltage and current, low input bias current, and a low bias current at
the output. We have seen in Chap. 2 that we could obtain the dynamic input
requirements by isolation of the input stage, while we need not depend on accurate
internal components. Similarly, we will see that the dynamic output requirements
too can be met by isolation of the output stage and that we need not depend on
accurate internal components.

Isolation of the input and output stages is symbolized in Fig. 9.1.2. Current-
source isolation is the way to go at the input stage as is shown in Chap. 4.

However, at the output stage current-source isolation is more complicated than
at the input stage. This is because of the need to supply larger output currents. This
is the topic of this chapter. In the first five sections, Sects. 9.1-9.5, we will explore
ways to obtain accurate current signals without having to resource to a fully
universal OFA. In Sects. 9.6-9.8 the design of fully universal class-A and class-B
OFAs will be discussed.

Section 9.2 explains how simple unipolar three-terminal OFAs can be used to
realize unipolar voltage-to-current converters. Section 9.3 shows the design of
differential voltage-to-current converters using unipolar three-terminal OFAs. Sec-
tion 9.4 discusses how differential voltage-to-current converters can be used to
realize high-quality instrumentation amplifiers, without requiring universal OFAs.

Section 9.5 shows how an accurate universal voltage-to-current converter can be
realized without an OFA by using an instrumentation amplifier. In Sect. 9.6 we see
that current-source isolation can be used to realize class-A biased output stages for
high-quality universal OFAs. Section 9.7 discusses how the problem of designing a
class-AB output stage, that is isolated from ground, can be shifted to the use of
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a floating power supply. Finally, Sect. 9.8 shows how difficult it is to design class-AB
biased output stages for universal OFAs. Only the use of an instrumentation
amplifier provides a high-quality solution.

9.2 Unipolar Voltage-to-Current Converter

In many cases we use the OFA as a three-terminal element. In those cases, the input
nullator is connected with the output norator [9.2] to create a voltage-to-current
converter as shown in Figs. 9.2.1 and 9.2.2.

The circuit functions as follows: at the input of the OFA the input voltage V, is
carried over at no loss, or followed by the voltage V; across a conductance G. The
current I through G is carried over at no loss, or followed by the current at the
output /,,,. So:

Ve =Vin
I =V G 9.2.1)
]om = IG = Vin -G

The result is a voltage-to-current converter in which only one passive element G
determines the V-I transfer.

The simplest realization of the previous idea is a single transistor. The Ebers-
Moll [9.3] model of a forward biased bipolar transistor resembles the previous idea
closely, see Fig. 9.2.3.

o
+
Vin
Fig. 9.2.1 OFA connected as
a three-terminal element used -
as a voltage-to-current @
converter
V=0 V= arbitrary
=0 [=arbitrary 1,
+ - - +
z
an®) Q—
nullator norator
Fig. 9.2.2 OFA dissected in Vin Vout
its basic parts of a nullator +
, Ve | |G lla
and a norator as a three- _ _
terminal element used as a & - i
voltage-to-current converter
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The conductance g, for a bipolar transistor or g, for a CMOS transistor models
the forward transconductance. At one supply-voltage polarity, the current is restricted
to the regarding polarity. For this reason the transfer is unipolar. The idealized
transfer is:

Lowr = gmVin 9.2.2)

with: g,, = g., or g, = gs.

The transfer is strongly non-linear, and depends on many process and environ-
mental parameters, because we are using only one transistor. The model may be
extended by the nodal parasitics.

Unipolar Single-Transistor V-1 Converter

When we want to use the previous single-transistor for a linear voltage-to-current
converter, we may connect a conductance G in series with the emitter or source of
the generalized transistor, as shown in Fig. 9.2.4.

The transfer of the circuit of Fig. 9.2.4 is:

1
Loy =G|l ———— | Vi 9.23
w=6(167) ©023)

If g > G, we may write:
](mt ~ Gvin (924)

The transfer is unipolar. If the output voltage is positive, the output current can
only be positive.
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Fig. 9.2.5 Accurate voltage-
to-current converter
consisting of an OpAmp
gain-boosted CMOS
transistor

Unipolar OpAmp-Gain-Boosted Accurate V-1 Converter

For a higher accuracy we need to increase the g, of the transistors and lower their
parasitic effects. This can be obtained by applying more internal gain in a composite
transistor circuit. The first approach is to use an OpAmp in combination with a
CMOS transistor, as shown in Fig. 9.2.5.

The elegance of the unipolar voltage-to-current converter in Fig. 9.2.5 is its clear
accuracy. The input voltage V;, is accurately followed by the voltage V; because of
the high gain of the OpAmp OA,. The current I is accurately followed by the
output current /,,,, because of the good channel-to-gate isolation and a presumably
low input current of the OpAmp. The g,, of the composite transistor is equal to the
gm of the CMOS transistor multiplied by the gain A of the OpAmp. So the V-I
converter has an accurate transfer according to (9.2.5):

1
Il =G| —— | Vi, = GV}, 9.2.5
' (1 + G/Avgm> ( )

If the input of the OpAmp is able to reach the negative rail the voltage and
current through G may function down to zero. However, the polarity cannot be
reversed. The transfer remains unipolar.

Unipolar CMOS Accurate V-I Converter

The OpAmp used may be simple. When we use the GA-CF CMOS OpAmp of
Fig. 7.1.2b, the voltage-to-current converter with an GA-CF-VF configuration of
Fig. 9.2.6 arises.

The example of Fig. 9.2.6 has a high accuracy. The error in the voltage-follower
function is low. It is equal to the reciprocal gain of the OpAmp, which is of the order
of 3-10°. The error in the current-follower function is very low, because the
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Fig. 9.2.6 Accurate CMOS unipolar voltage-to-current converter design with GA-CF-VF
configuration

channel of the output transistor is isolated from the rest of the circuit by gate oxide.
The OpAmp will probably be sufficiently MF compensated by the parasitic stray
capacitance at the gate of M.

A unique attribute of the above voltage-to-current converter is that it fully
functions down to the voltage of negative rail. This allows voltages and currents
to be processed from zero.

Unipolar Bipolar Accurate V-I Converter

The bipolar counterpart can be derived from the GA-VF voltage follower of
Fig. 7.3.4 by eliminating the lower half of the output stage as shown in Fig. 9.2.7.

The voltage-to-current converter of Fig. 9.2.7 has several interesting features.
The collector current of the input transistor Q;; has been used as bias current for
the output driver Q,. At the same time the collector of Q,;; has been nicely
bootstrapped at the same voltage of the collector of Q;,, so that the offset by
the Early effect of the input stage is low. The base current of the output transistor
Q;, which is normally lost, has been retrieved again by adding it through the
driver O, back into the output. Even the base current of O, has been retrieved
again by adding it through Q;, and Q,; back into the output. This adding-what-is-
missing operation takes care of a highly accurate current-follower function of the
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current in G through the output. So, the high current gain of the three-cascaded
bipolar transistors Q;;, O, and Q; is not only used in the voltage-following
feedforward path, but also in the current-following path. Only the voltage across
G cannot reach the negative rail.

Unipolar OpAmp Accurate V-I Converter

An interesting general approach to a unipolar voltage-to-current converter arises if
we use a low-voltage rail-to-rail (R-R) input/output OpAmp in one of the following
connections [9.4], see Fig. 9.2.8a, b.

The choice between the connection of Fig. 9.2.8a on the left and Fig. 9.2.8b on
the right depends on the way the frequency compensation has been organized.
The internal frequency compensation capacitors should not be shortcircuited by the
external connections of input, supply, and output. So, if the virtual ground of the
frequency compensation is sitting on the bottom (normally Vy connection) then we
should choose the right-hand circuit of Fig. 9.2.8b. If it is sitting at the top (normally
Vgp connection) than we should choose the left-hand circuit of Fig. 9.2.8a. The
functionality should not forbid a shortcut of the output to one of the supply rails. If
so, we can avoid a full shortcut by the connection of a diode, for example, in
between the output and one of the supply lines. See the application note of the NE
5230 [9.4].

Regarding the accuracy aspect, it is clear that the only errors are: the input offset
voltage Vi, for the voltage-follower function, and the bias current /;,;,, for the
current-follower function. These errors may be very low, so that (9.2.5) is accu-
rately true.

The output current is down-limited by the quiescent current of the OpAmp,
which also flows through G. If this is a hindrance, one has to go back to the basic
topology of Fig. 9.2.5.
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a Lout b Lout
—— ——

Fig. 9.2.8 (a) and (b) Accurate unipolar R-R-in/out OpAmp voltage-to-current converter using
different OpAmps connections

Conclusion

The design of several accurate unipolar voltage-to-current converters have been
shown. Basically they consist of an OpAmp boosted transistor. CMOS and bipolar
realizations have been shown as well as a single OpAmp realization. The restriction
of these solutions is that the V-I conversion can only be performed on physical
unipolar signals. Physical bipolar current signals may be processed by differential
V-I converters, see Sect. 9.3, and by using an instrumentation amplifier, see Sects.
9.4 and 9.5.

9.3 Differential Voltage-to-Current Converters

When we need to provide bipolar current signals instead of unipolar signals, we
may apply the unipolar voltage-to-current converters of the previous Sect. 9.2 in a
differential way.

Differential Simple V-I Converter

The simplest unipolar voltage-to-current converter can be made with the single
transistor as a three-terminal OFA, as we have seen with Fig. 9.2.4.

If we balance the voltage-to-current converter, and bias it with current sources so
that the transconductance G may be used floating or isolated from ground, the
differential voltage-to-current converter of Fig. 9.3.1 arises.
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If g,,; and g,2 > G, the transfer is roughly:
Iy =G ! V GV, 9.3.1)
od — 1+2G/gm id ~ id .
Voa = — G(R3 + R4)V,‘d 9.3.2)

with I()d = ](Jl - 11)27 Vid = Vi - ViZ-

Differential Accurate V-I Converter

For a high accuracy we have to increase the g, of the transistors by artificial internal
voltage gain. This can be realized by an OpAmp as shown in Fig. 9.3.2.

The circuit is closely related to the principle of Fig. 3.4.3.

The transfer is:

1
li=G|l——— |Viux= GV, 9.3.3
d <1+26/gmAv) d d ( )
1
Vou=G| ———— | (R Ry)Viy~ —G(R RV, 9.3.4
¢ (1+2G/gmAv>( 2+ RV (Rs +Re)Via ©:34)

With a relative error of:

1
Eg=(— 9.3.5
! (1+2G/gmAv) ©:3:5)
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Fig. 9.3.2 Accurate differential voltage-to-current converter with two OpAmp-boosted unipolar
voltage-and-current followers

The common-mode crosstalk ratio CMCR = 1/H may be high. It is the product
of the isolation factor and the balancing factor (see Sects. 3.4 and 4.3). The overall
CMCR is:

1

H,

1
H,

1
H

Gp AGp

G X Gy (9.3.6)

with:

Gp = average in the parasitic conductances of Iz; and Ip,.
AGpg = difference in the parasitic conductances of Iz; and Ig,.
H, , = common-mode rejection ratio of OpAmp 1 and 2, respectively.

Differential CMOS Accurate V-I Converter

The differential voltage-to-current converter of Fig. 9.3.2 can be realized using the
OpAmp circuit as shown for the unipolar voltage-to-current converter in Fig. 9.2.6.
This is shown in Fig. 9.3.3. However, insertion of the bias current sources /g; and
I, prevent the common-mode input voltages from reaching the negative rail.

This is not an obstacle, for instance if we want to read out a sensor like a bridge
circuit, which has its common-mode voltage level between the negative and
positive rail. But, if we need to read out a sensor like a thermocouple which is
grounded, then we need to adapt the circuit.

For instance, a level-shift can be built-in on both sides by inserting a diode M, ;
and M3 in series with the source of M;; and M, respectively [9.5]. This allows
differential voltage sensing around the negative rail voltage.

The circuit functions at a minimum supply voltage of 2.5 V, has a bandwidth of
3 MHz, and a CMRR > 90 dB [9.5].
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Fig. 9.3.3 Accurate differential CMOS V-I converter based on two accurate unipolar voltage-to-
current followers [9.5]

9.4 Instrumentation Amplifiers

The design of high-quality instrumentation amplifiers requires the basic function of
an OFA, as we have seen in Sect. 3.4. However, interestingly, we do not need a
general-purpose OFA with physical bipolar voltages and currents: a differential
voltage-to-current converter (see Sect. 9.3) is sufficient to meet out needs. But
firstly we will see what we can do with just Operational Amplifiers.

Instrumentation Amplifier (Semi) with Three OpAmps

When we need to design an instrumentation amplifier for the readout of small
differential signals with a large common-mode voltage, we would probably first
think of using the three OpAmp semi-instrumentation amplifiers of Fig. 9.4.1. It
has a bridge output amplifier OA; preceded by a balanced preamplifier with OA,
and OA..

The three-OpAmp semi-instrumentation amplifier has a voltage gain:

AV = AVJA,Z Avg (941)

with: AVI,Z = (R21 + R22 + R])/R], and AV3 = R5/R3.
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Fig. 9.4.1 Semi-instrumentation amplifier with a bridge amplifier OA; preceded by a balanced
preamplifier with two amplifiers OA; and OA;

The common-mode crosstalk 1/H depends on matching of the bridge resisters
and on the voltage gain:

I/H = —ARB/RB(—AV&; + 1)Av1’2 9.4.2)

with: ARB/RB =1- R5R4/R()R3.

For the explanation see [3.4] in Sect. 3.2.

The semi-instrumentation amplifier will probably work fine together with a bridge-
type sensor circuit. If the preamplifier stage OA; ; has enough gain Ay, ,, the common-
mode crosstalk 1/H of the bridge amplifier OA; will probably be negligible in regard
to that of the sensor bridge itself. But, if we do not need a high gain, and we do not
want to trim the bridge resistors, we have to find other solutions for designing high-
quality instrumentation amplifiers. The OpAmps themselves may have a high CMRR
because of the current-source isolation applied to the input stage (see Sect. 4.3). But,
OpAmps do not have an accurate fixed gain. For this reason the three OpAmp
instrumentation amplifier has feedback resistors around its OpAmps. These feedback
resistors are crossing the current-source isolation barrier. And the value of the CMRR
falls back on the accuracy of matching (see Sect. 4.3).

If we want to design real instrumentation amplifiers without having to cross the
isolation barrier by feedback resistors, we have to make use of voltage-to-current
converters which have a built-in current-source isolation barrier at their output. This
will be described next.

Instrumentation Amplifier with a Differential V-1 Converter
for Input Sensing

In the family of differential voltage-to-current converters of Fig. 9.3.2, a high input
CMRR was achieved by the current-source character of the output, while maintaining
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Fig. 9.4.2 Instrumentation amplifier with a differential voltage-to-current converter at the input
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an accurate signal transfer without the use of accurate matching. Hence, it is obvious
to use the differential V-I converter of Fig. 9.3.2 as an input stage for an instrumenta-
tion amplifier design. The final problem to be solved is to shift the output common-
mode level down to an arbitrary reference voltage Vx somewhere in between the
positive and negative rail voltages.

As a first solution, we may again use the bridge OpAmp for an output level shift
stage. This gives rise to an overall structure for an instrumentation amplifier as
depicted in Fig. 9.4.2.

The overall voltage gain is:

Ay = Vod/Vid = G(R5 —|—R6) 9.4.3)

The power supply rejection ratio (PSRR) still depends on the balancing of the
resistive bridge Rz, Ry, Rs, and Ry in the same way as calculated in formula (9.3.4).
Calculated back to the input we find:

1/PSRR = —ARy /R (Avps + 1)Ay 9.4.4)
with: ARB/RB =1- R5R4/R6R3, and AVPS = R5R3.

A clear disadvantage of this first solution is that the PSRR depends on the
matching of resistors.
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Instrumentation Amplifier with Differential V-1 Converters
Jor Input and Output Sensing

In a second solution we largely avoid the dependency of PSRR on resistor match-
ing, but instead use the current-source isolation principle with two differential V-I
converters to sense the input voltage as well as the feedback output voltage, and
amplify the current difference to drive the output.

The current difference can be obtained by connecting the two differential V-I
converters in cascode on top of each other [9.6], or in parallel of each other. An
advantage of the cascode connection is that we use the same bias current for both
V-I converters, which results in a lower noise than if we would have connected the
V-I converters in parallel. On the other hand, the cascode connection needs more
supply-voltage room. The latter is more important today with even lower supply
voltages than it was in earlier days. Therefore, we have chosen for the parallel
connection: an instrumentation amplifier based on the parallel connection of two
V-I converters, one for input sensing and one feedback output sensing is shown in
Fig. 9.4.3.

The instrumentation amplifier of Fig. 9.4.3 uses the absolute minimum number
of passive elements to determine the gain, viz. the ratio of two conductances g;
and g.

The overall voltage gain is:

Ay =G, /G, (9.4.5)

The common-mode crosstalk ratio CMCR has been described by (9.3.6). This
formula is equally valid to describe the CMCR at the output. The instrumentation
amplifier of Fig. 9.4.3 is the most precise one, but also the most complex instru-
mentation amplifier.



9.4 Instrumentation Amplifiers 323

The instrumentation amplifier of Fig. 9.4.3 has an interesting virtue, viz. that
residual gain and non-linearity errors in the input V-I converter largely cancel equal
errors in the output V-I converter.

Instrumentation Amplifier with Simple Differential
V-I Converters for Input and Output Sensing

It is a special attribute of the above instrumentation amplifier namely that gain and
non-linearity errors of one V-I-C cancel those of the other V-I-C. We may exploit
this special attribute to simplify the instrumentation amplifier design by using
simple degenerated differential transistor pairs as V-I converters and set the gain
by an overall feedback resistor ratio.

This principle is shown in Fig. 9.4.4. We use P-channel CMOS transistors to
eliminate back-gate modulation of their channels by bootstrapping the back-gates.
A residual gain modulation by a g,, modulation of the CMOS transistors, due to
differences in common-mode voltage levels between the input and output, has to be
eliminated by using bootstrapped cascodes for the input transistors. The voltage
gain Ay is:

Rs+Rs R
Ay = — %< 9.4.6
v i R, ( )
with: R, =R;;+R;5, R, =Ry, + R5.
2 Vep
Vit ?—I 2 VoRet
Vid M23 R
6
Vi2 & Vo sense
A s
OA
A Vout
Ig3 | o
Rs [g ? ‘ [g l:{4 ? ¢ B4
2 Vs

Fig. 9.4.4 Instrumentation amplifier with simple differential V-I converters for input and output
sensing
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The voltage gain of the simple instrumentation amplifier of Fig. 9.4.4 is:

Rs +Rs
R

Ay = , atR; =R, (9.4.7)

This principle has been elaborated in the two following instrumentation ampli-
fier realizations with a common-mode range that includes the negative rail voltage.

Instrumentation Amplifier Bipolar with Common-Mode
Voltage Range Including Negative Rail Voltage

When we have to amplify differential voltage signals from sensors which have one
terminal connected to the negative rail, we can no longer use the three-OpAmp
semi-instrumentation amplifier design shown in Fig. 9.4.1, even though the input
OpAmps might have an input CM range including the negative rail voltage. The
feedback around the preamplifier stages prevents the common-mode range from
including the negative rail voltage.

A possible way out would be to use PNP, or P-channel emitter follower, or
source follower level-shift stages at the input. But these stages add additional noise
and offset. Besides, the three-OpAmp semi-instrumentation amplifier has other
drawbacks, as we have seen with Fig. 9.4.1.

Therefore, it is better to use PNPs or P-channel transistors directly as the input
transistors of simple degenerated V-I converters followed by a folded cascode to
realize a topology similar to that of Fig. 9.4.4. A bipolar design [9.7] is shown in
Fig. 9.4.5.

The bipolar input transistors have a high output impedance and do not show
much g,, modulation as a function of their common mode level. Hence, cascoding
of these transistors is not needed. Moreover, there is not much voltage headroom for
cascodes. If we set the voltage at R;; and R;; at about 200 mV, the bases of the input
transistors may reach about —200 mV below the negative rail voltage. When we
specify a maximum differential input voltage V;; of 2100 mV we have to degener-
ate the input transistors by a factor 4, which means that 2R; and 2R, have a four
times larger resistance value than the emitter resistance r, of the transistors Qy;,
012, Q215 Q2.

The intermediate stage has Darlington transistors for a high current gain and a
high voltage gain because the output impedance at the collector of Q. is com-
pensated for by the negative output impedance at the collector of Q,; through the
action of a bootstrapped current mirror by Q4. The circuit has been described
in [9.7].

The output stage has Darlington transistors as an emitter follower. The output
can reach the negative rail voltage because the gain setting resistor chain Rs, Ry is
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Fig. 9.4.5 Bipolar instrumentation amplifier with input common-mode range which includes the
negative rail voltage [9.7]

connected to the negative rail. The output is also referenced to ground by the
connection to ground of the output-sensing differential pair Q,; and Q5.

The result is an instrumentation amplifier with an input bias current of 0.2 pLA, an
input offset voltage of 0.3 mV, an input noise voltage of 30 nV/YHz, a CMRR of
90 dB, a common-mode voltage range up from —200 mV below the negative rail
voltage, and an input voltage range of =100 mV. The gain can be set between 1 and
1,000 by Rs and Rs. The gain error is typically 0.1% and non-linearity of typical
0.1%. The bandwidth is 1 MHz. The minimum supply voltage is 2.5 V [9.7].

Instrumentation Amplifier CMOS with Common-Mode
Voltage Range Including Negative Rail Voltage

A basic circuit is shown in Fig. 9.4.6.

The differential V-1 converters in CMOS will have a lower accuracy than in the
bipolar circuit. There are two reasons: first, their maximum voltage gain i is so low
that the CMRR will be too low, in the order of 70 dB

1A
1/H=-x"H (9.4.8)
TR

see (4.3.4); second, their g, is modulated by the common-mode drain-source voltage
which prevents the gain error and non-linearities of the input sensing pair being more
accurately compensated for by the output sensing pair than 1%. Therefore, we have to
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Fig. 9.4.6 Basic CMOS instrumentation amplifier with input common-mode range including the
negative rail voltage

cascode the CMOS transistors of the differential V-I converters. We have done this in
Fig. 9.4.4. But in that case, we lost the negative-rail sensing capability because the
cascode transistors took too much of the negative headroom. To solve this problem is
too complicated to describe in this overview.

The output stage and class-AB biasing circuit have been explained with
Fig. 5.3.21 and applied in the OpAmp circuit of Fig. 7.7.2.

The differential input voltage range has been chosen =100 mV. This means, in
the CMOS case, that the resistors R;; and R;, need to have about the same g,, as the
8m OfM” and M]2.

The basic circuit of Fig. 9.4.6 has an expected accuracy of 1% and non-linearity
of 0.1%, a CMRR of 70 dB, a noise of 30 nV/\/HZ, and a bandwidth of 1-10 MHz.

Instrumentation Amplifier Simplified Diagram
and General Symbol

There is a need to come up with a simplified schematic diagram and a general
symbol for an instrumentation amplifier. The first is given in Fig. 9.4.7, the latter in
Fig. 9.4.8.
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Fig. 9.4.7 Simplified diagram of an instrumentation amplifier with differential current-to-voltage
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Conclusion

In this section we have seen how we can realize highly accurate instrumentation
amplifiers. A semi-instrumentation amplifier can be realized with three OpAmps
and a trimmed bridge circuit for obtaining a high CMRR. If we do not want to use
trimming for obtaining a high CMRR, we must rely on current-source isolation. To
that purpose, differential voltage-to-current converters can be used to realize
instrumentation amplifiers with a high CMRR at the input as well as at the output.
The instrumentation amplifier circuit can further be simplified by using matching of
the input and output differential V-I converters. In this way, a bipolar and CMOS
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instrumentation amplifier have been presented having input negative-rail sensing
capability. Finally, a simplified circuit diagram and a symbol of an instrumentation
amplifier with V-I converters is given.

9.5 Universal Class-AB Voltage-to-Current Converter
Design Using an Instrumentation Amplifier

We have seen that a high-quality instrumentation amplifier can be realized by
differential voltage-to-current converters. Now we can use an instrumentation
amplifier (IA) to realize a high quality universal voltage-to-current converter.
Universal means that signals with a physical positive and negative polarity can be
processed. Particularly if we want a class-AB solution, a universal voltage-to-
current-converter implementation with an instrumentation amplifier is preferable
over that with an OFA. This will later be shown in Sect. 9.7.

Before using the real instrumentation amplifier, we will firstly use the semi-
instrumentation amplifier and see its limitations.

Universal V-1 Converter Design with Semi-instrumentation
Amplifier

A universal voltage-to-current converter can be implemented using a semi-
instrumentation amplifier, see Fig. 9.5.1. A measuring resistor R,, is connected
in series with the output of the instrumentation amplifier and the load. The
differential output sense terminals V3 and V, are connected across R,,. A buffer
amplifier OA, is used to isolate output currents from bridge currents. The
differential input sense terminals V; and V, are driven with the input voltage V.

2 Vsp
v | e
Vv & — T Vs
+
v 0A
. + 1 RM l0
. <o
+
Ry Vo4 Ry & Vy °

D VN

Fig. 9.5.1 Universal voltage-to-current converter implemented with a bridge-type semi-
instrumentation amplifier
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The voltage-to-current transfer is:
Gu=1,/Via = —A,/Ru 9.5.1)

with: Av = —R\',’/Rj.
The common-mode output conductance is:

1 1, Vs —Vs 1 1 1
G = = — == — _——_——— 9-5:2
oM Roew Vo Vs, Rs  HgRy 02
Wlth I/HR = _ARB/RB(_AVR + 1)
ARp/Rs = 1 — RsR,/R,R,
AVR = —RJ/R3.
1/Hg = —ARg /Ry(—Avg + 1) (9.5.3)

When we want to use the output to function in a large part of the supply-voltage
range, the voltage across the resistor Rs should be relatively low, say 0.5 V at a
supply voltage of 5 V. If the input voltage V;, is chosen 1 V, the voltage gain A,
should be set at —1/2, and hence the reverse voltage gain Ay is —2. At a nominal
output current of 1 mA, the current-measuring resistor Rs must be 500 Q, and the
voltage-to-current transfer /,/V;; is 1 mS. At a bridge imbalance 4Rg/Rp of 1%, the
reverse crosstalk ratio 1/Hg is 0.3%. This results in a common-mode output
conductance of Gpcys of 3 uS. If we want a lower output conductance, the bridge
has to be trimmed. Therefore, it is better to use a real instrumentation amplifier
whose common-mode crosstalk does not depend on matching. This is done in the
following paragraph.

Universal V-1 Converter Design with Real Instrumentation
Amplifier

A high quality voltage-to-current converter can be realized with a real instrumenta-
tion amplifier. This is shown in Fig. 9.5.2 with a simplified circuit diagram for an
instrumentation amplifier with differential V-I converters, and shown in Fig. 9.5.3
with a general model. To this purpose, we connect a measuring resistor R, in series
with the output of the instrumentation amplifier and the load. The differential output
sense and reference terminals are connected across R,,. The input voltage is connected
to the differential input terminals.

The transconductance of the voltage-to-current converters of Figs. 9.5.2 and
9.53 is:

Gy = A,/Ry (9.5.4)
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Fig. 9.5.2 Universal voltage-to-current converter with a simplified schematic diagram for an
instrumentation amplifier (IA)
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Fig. 9.5.3 Universal voltage-to-current converter with a general model for an instrumentation
amplifier (IA)

In the case of R,/R; = 1, as was used with the differential input amplifiers of
Figs. 9.4.4-9.4.6, the Gy, equals 1/Ry,.
The common-mode output conductance is:

Gocy = 1/H Ry 9.5.5)

The common-mode rejection ratio H for the output differential sense amp-
lifier has been calculated with (9.3.6). The common-mode output resistance
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Rocy = 1/Gocy can easily be a factor H = 10* larger than that of the measuring
resistor. This is a much better result than with the semi-instrumentation amplifier of
Fig. 9.5.1 without trimming.

For the realization all designs of real instrumentation amplifiers can be used of
Figs. 9.4.3-9.4.6.

Conclusion

We have shown in this section that the instrumentation amplifier with differential
V-I converter can be used to realize high-quality universal voltage-to-current
converters which function for physically positive as well as for negative input
and output signals.

9.6 Universal Class-A OFA Design

In this chapter the design of universal class-A OFAs will be treated. The main goal
is to design an OFA with output currents obeying the relation Iy; + Iy, = 2lppias +
21y;/Hy =0, or I, = —Iy,. This can be achieved by a floating, i.e., isolated, output
stage. On a chip it is realistic to obtain the above by current-source isolation.

Universal Class-A OFA Design with Floating Zener-Diode Supply

A first approach could use current sources and zener diodes to create a kind of an
internal floating battery [9.8]. This can be seen as a rough realization of the idea of a
floating power supply presented in Fig. 9.1.1. This approach is shown in Fig. 9.6.1.

If we take the upper supply current source Ipp equal to the lower one Ipy,
a floating supply voltage Vg = Vgp — Vi will result across the zener diodes Zp,

Vsp
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\

P
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id OA4 VN
- F— Vor %4V,
) . 1 2 ZD2
Fig. 9.6.1 Universal class-A v
N
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OpAmp and floating zener- ‘
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and Zp,. The diodes will take the excess current which is not needed by the OpAmp.
The result is that the output bias current /,, is nearly zero.

Loy +1 =1Ion —lop =2l + 21,1 /H, =~ 0 9.6.1)

Iy = —Iop + 2l + 2101/H0 ~ —lp1 (962)

The zener diodes divide the total supply-voltage range into one across the
OpAmp for V,; and one what remains in between the supply rails and the zeners.
For this reason we lose at least a factor 2 in the total output voltage range [9.8].

Universal Class-A OFA Design with Supply Current Followers

When we want to avoid the voltage loss of the fixed voltages across the zener diodes,
we may exchange the zener diodes for current followers as depicted in Fig. 9.6.2.

These current followers catch and send the supply current of the OpAmp into the
second output terminal. The output supply-voltage range can now be extended close
into the rails. Moreover, the voltage swings across the total supply current sources
Iop and Iy are now regulated constant by the cascodes M; and M>, which helps to
make these currents signal independent and which enlarges the common-mode
output impedance.

Not all OpAmp supply currents need to be provided by the total upper and lower
supply current sources, only the current for the output transistors. A first approach
with a voltage follower output stage is shown in Fig. 9.6.2b.

The formulas become very clean now:

Loy +12 =1Iop —Iony = 2oy + 21,1 /H, =~ 0 (9.6.3)

Loy = —Io; + 21y + 21, [H, = —I; (9.6.4)

)_Vm

;ﬁ Vsn

2 Vsn

Fig. 9.6.2 (a) Universal class-A OFA realized with an OpAmp and supply current followers (CF).
(b) Universal class-A OFA realized with a VF output stage of an OpAmp and current followers (CF)
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Not only the supply-voltage range has been used efficiently now, but also the
bias currents Ipp and Ipy are used as efficiently as can be in class-A. If the total
positive bias current /pp is used for —/,;, the total negative bias current /oy will
automatically be used for /,,. This supposes that M; and M, are properly biased in
class-AB by Vp; and Vp,, see Fig. 5.3.2a, b.

Universal Class-A OFA Design with Long-Tailed-Pairs

An alternative output stage to the one with the current follower arises when we use a
long-tailed-pair as output stage [9.9]. This is shown in Fig. 9.6.3.

The long-tailed pair functions as a pair of communicating vessels for currents
between the two output terminals. The output bias current /,,;, and the output current
rejection ratio H, determine the equality of the output currents /,,; and —I,;:

Loy + 102 = Iop; +Iop2 — lops — lops = 210y + 21,1 /H, = 0 (9.6.5)

102 = —ly + 210/7 + 2101/H0 ~ _Iaj (966)

The way one output current is guided towards the other can clearly be seen. If we
follow the output signal current /,,;, we see that it is blocked by the current source
lop; from flowing into the positive supply. /,; is forced to flow into M; and M, to
the other output terminal as —/,,;. On its way there is no escape, because Ipp3, lops
and Iyp; block its way toward the supply rails. The result is a very high output
common-mode current rejection ratio H,. The feedback through external connec-
tions, like the current follower of Fig. 1.3.2b, take the OFA into its functional
working mode.

It is interesting that the accuracy of the output stage is even maintained when we
use bipolar transistors. We can see this when we go through the long-tailed pair.
Going from the left to the right output, we add the base current 1/, at emitter of Q;
and lose 1/f, at the base of Q, [9.9].

2 Vsp

+
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Fig. 9.6.3 Universal Class-A OFA realized with a long-tailed-pair output stage
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Fig. 9.6.4 Universal class-A OFA realized with two push-pull complementary long-tail pairs

A disadvantage of the single long-tailed pair is still that we can only use a half of
the total output bias current Ipp; + Ipp> and Ipy; + Ion2 for one output current /,,;
and /,,. A more efficient use of the bias currents can be made if we use a P pair and
an N pair together as depicted in Fig. 9.6.4.

The main design problem is the realization of the floating voltage sources Vp;
and V. These have to follow the supply voltages. We will present two approaches
to this problem. In the first one we will drive the lower output transistors directly,
and then cross the supply voltage and drive the upper output transistors indirectly.
In the second approach we will use a similar mesh-drive circuit as we did for the
R-R output stage of Fig. 5.3.21a, b.

A first complete CMOS class-A OFA design is presented in Fig. 9.6.5. The
lower output transistors M3; and M3, are fed by a lower current source transistor
M s. The upper output transistors M3; and M3, are fed by an upper current source
transistor M3;s. The output transistors function as cascodes for these upper and
lower current-source transistors for a high CM output impedance. A model bias
stage accurately equates the currents through the upper and lower current source
transistors. It is scaled down in current by a factor 1/N in regard to the output
stage, with transistors M,; through M ,s. The model bias circuit also has the task of
differentially driving the upper output transistors in opposite direction in regard to
the lower output transistors. In this way the total output bias current is optimally
used as maximum positive and negative output currents. Miller capacitors C,,;,
and C,,, take care of frequency compensation. The input stage is followed by a
folded cascode stage. This cascode stage with transistors M»; through M,z pro-
vides a high internal voltage gain A,;. In the order of 10* this is equal to the g,, of
the input pair multiplied by the differential output resistance r,, of the folded
cascode stage.

This provides the OFA with an overall transconductance G,, which is equal to
the internal voltage gain A,; multiplied by the transconductance g,,, of the lower
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Fig. 9.6.5 Universal Class-A OFA design with a push-pull complementary pair of long-tailed pair
output stages and a model bias stage

output long-tailed pair transistors and doubled by the upper output long-tailed pair
transistors as they are driven by the model bias stage.
The results are:

G = 2408 9.6.7)
with
A, = Emita2 (968)

A feedback loop through the lower output transistors and the gates of M,; and
M, equates the upper and lower common-mode currents in the folded cascode-
stage. The differential output impedance may not be that high due to the common-
source connections of the long-tailed output pairs. But the series connection of the
feedback around the output takes the output impedance to high levels, see Sects. 1.3
and 1.4. A completely alternative design is presented in Fig. 9.6.6. The output
transistors are driven in opposite phases by the meshes Ms;, Ms, and Ms3;, Ms, as
explained with Fig. 5.3.21a, b. However, the output transistors do not have their
sources connected to the supply rails but to the current sources M3s and M.
Resistors Ry, Rs9, and Ryg in the diode bias chains Mg3-Mgg provide for the extra
head room for the current sources. The current sources give the output transistors
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Fig. 9.6.6 Universal Class-A OFA design with a push-pull complementary pair of long-tailed pair
output stages and a model bias stage

a class-A bias instead of class-AB bias. The positive and negative current sources
through M;4 and M5 are equalized by the model bias circuit M,; through Mss. The
rest of the explanation is similar to that of Fig. 9.6.5. The advantage of this
alternative design over the previous one is a slightly better HF behavior because
the upper output transistors are in parallel driven with the lower output transistors
by the meshes. Whereas in the previous design, the upper output transistors are
indirectly driven through the model bias stage.

The output voltages can approach the rail voltages except for one diode and one
saturation voltage. The common-mode current rejection ratio at the output H,, is
easily higher than 10*. That determines the dynamic equality of the output currents.
The output bias current /,,, is of the order of 0.5% of the bias current sources Iz and
Ipy. This determines the offset between the two output currents. The bandwidth can
easily be several tens of megahertz.

The OFA of Fig. 9.6.6 has some similarities with the differential OpAmp of
Fig. 8.2.1. In that case the two output voltages were regulated equally but opposite
to each other in regard to a reference voltage. There we needed two equal resistors
to regulate the output voltages equally and the equality depends on the matching
of the two resistors. With the OFA the output currents are regulated equally but
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opposite to each other. This does not require matching of elements, apart from
offset, because of the nature of the OFA.

Conclusion

In this section the designs of high-quality class-A OFAs have been described. These
OFAs can be used in precision instrumentation applications where a free output
signal current is desired at a high output impedance, with a signal-to-noise ratio of
120 dB in the audio frequency range, while a bandwidth can be obtained of several
tens of megahertz. When used for the composition of gyrator filters, a quality factor
O higher than 1,000 can be obtained [9.9].

9.7 Universal Class-AB OFA Realization
with Power-Supply Isolation

A first approach to solve the problem of designing a class-AB output stage, that is
isolated from the supply-power ground, is the use of a power supply that is isolated
from ground, i.e., floating [9.1]. This solution is depicted in Fig. 9.7.1.

If the input current can be disregarded, no output current can leak out of the mesh
through the output stage and power supply, so the output currents must obey:

Iy =1Isp — Isy = =1y
I, = —1, 9.7.1)
Iol +102 = 2[ohias + 2101/Ho =0

This means that the output current /,,;, which sources out of one mode, must be
accurately equal to the output current —I,;, which sinks into the other mode,
without depending on accurately matched components. If the output stage of the
OpAmp is biased in class-AB, the whole OFA is biased in class-AB. A shortcoming
of the circuit of Fig. 9.7.1 is that the maximum differential output voltage V,, is
limited to half the total supply voltage Vg = Vsp + V. This can be avoided by
using a fully differential amplifier as presented in Chap. 8.
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Universal Floating Power Supply Design

In this section, the problem of realizing an isolated or floating output port has been
shifted into the problem of realizing a power-supply source which is isolated from
ground, or floating with regard to ground. This is a problem in itself. But it is
realizable. Even on a chip, one can for example use the method of “flying”
capacitors, see Fig. 9.7.2.

When no external capacitors may be used, relatively small on-chip capacitors
allow for a small supply current. In some extraordinary cases an external battery or
solar cell could be used.

Conclusion

Power-supply isolation is an escape to shift the problem of a floating output stage
into the supply of an OpAmp circuit. Realizing a floating supply source is often not
easy and may be expensive. For low output currents the method with flying
capacitors can be used on chip.

9.8 Universal Class-AB OFA Design

The final task in designing universal OFAs is to provide the output stage with class-
AB biasing without using a floating power supply. We will see in this section that
class-AB biasing is not easy for OFAs. We will approach the problem systematically.
In Fig. 9.8.1 the situation is depicted by the currents in four output transistors of
an OFA.

Class-AB biasing means that the total positive and negative output currents /pp
and /oy are strongly changing between their quiescent value /5 and their maximum
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value Ipy. This changing must be allowed while the OFA requires that /,,; remains
equal to /5. This can be written-out into three equations:

Ton — Iop =21, + 2[01/1‘10 ~0 9.8.1)
Iz — Iy + I — Iz = 2oy + 20,1 /H, = (9.8.2)
I, +1, =21, + 2[01/1‘[0 ~0 9.8.3)

(see for I, and H, Sect. 2.4).

Each of these three equations gives rise to a class-AB OFA realization. In the
following designs we start from the first formula, then the second one, and finally
the third one.

Universal Class-AB OFA Design with Total-Output-
Supply-Current Equalization

In the first realization we use, for example, a mesh of two Operational Amplifiers,
measure the total positive and negative supply currents and equalize them. That
situation is drawn in Fig. 9.8.2.

The diodes M; and M, measure the positive and the negative total supply current
lop and Iy, respectively. These currents are reproduced in M3 and M., respec-
tively, at a reduced level by a ratio of 1/N. The second OpAmp OA; senses the
differences in I3 and I, at its positive input terminal and drives the output in such
a way that I3 and [, are equalized, and so are Ipp and Iy, as we hope.

An advantage of the use of this class-AB OFA is that the output bias current
21,,=1,; +1,> s low, when the output currents themselves are low. Also the output
bias noise current is low in that case. So the dynamic range of a voltage-to-current
converter with such a universal class-AB OFA may be high, i.e., more than 140 dB.
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Fig. 9.8.2 Universal class-AB OFA realization with total-output-supply-current equalization

However, a problem arises by the fact that the transistors M; through M, are not
perfectly scaled, or have different drain-source voltages, or different threshold
voltages. This results in a non-linear current transfer as shown in Fig. 9.8.3. Say
that the current /p through M; is 6 = 1% smaller than I,y through M>, and that we
disregard the bias currents of the OpAmps, then the output current —/,, is 1%
smaller than /,,; at a positive value of 1,,;, but —1,,; is 1% larger than [,; at a negative
value of /,,;. This means a kink in the transfer of —/,, = f(I,,;) at zero current.

We can explain this also in a different way:

I, =—1,; +6|l,1|, and 1/|H,| =5/2 9.8.4)

When 1, is physically positive, it is measured and processed by /y. At the same
moment /,, is physically negative and is processed by /o p. If the polarity is reversed the
elements that process each of these currents change position. For this reason positive /,,,
currents are processed in another relation with /,; than negative /,, currents are.

The result is a strongly non-linear signal transfer at zero current. If such an OFA
is used for audio signals, a noticeable distortion will be heard. If such an OFA is
used for filter applications, such as gyrator filters, see Fig. 3.11, then an instability
of the filter characteristic will be found at quality factors Q larger than 1/5. This
effect is depicted in Fig. 9.8.3a, b.

The non-linearity will be partly masked for small signal currents within the
class-A-biased range of the OpAmp in which the total supply current does not
change much.

We may, of course, trim the transistor matching of the class-AB OFA of
Fig. 9.8.1. If we do this, we can combine the advantage of a high dynamic range
with a high linearity. But trimming is costly. We can first try to find a better way.
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Fig. 9.8.3 (a) The non-linear relation between the two output-currents /,,; and /,, because of a
mismatch of ¢ between the current-determining transistors
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Fig. 9.8.3 (b) Amplitude characteristics may become instable, while using frequency filters of
higher quality factors (1), (2), and (3) while using class-AB OFAs based on the topology of
Fig. 9.8.1 with total-output-supply-current equalization

Universal Class-AB OFA Design with Current Mirrors

The second approach is to find a circuit realization functioning according to the
Eq. 9.8.2 in which the currents in I, and I, are equalized with the currents in I,
and Ij;3 [9.10]. We are able to do so by diagonally connecting current mirrors, as
shown in Fig. 9.8.4. We may expect errors in the signal transfer of the order of 0.5%
due to inaccurate matching of the inaccurate mirror transistor characteristics and
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due to voltage dependent early effects. This also gives rise to non-linear distortion
of the order of 0.5%.

Looking to the OFA circuit of Fig. 9.8.4 we might ask ourselves if we could not
avoid mirroring the current signals twice. When we only mirror once, another
functional block arises: the operational mirrored amplifier, or OMA [9.11-9.14].
The circuit is shown in Fig. 9.8.5.

The OMA can, as well as the OFA, be used for universal voltage-to-current
converters. The output currents are now equal

Iy + 1,0 = 90|l,;|, and 1/|H,| =35/2 (9.8.5)

The mismatch § between the two currents is again caused by transistor mis-
match, which gives errors and non-linearities in the order of 0.5%.

Though the polarity of the two currents are equal in the OMA, while the OFA has
currents with opposite polarity, the OMA can nearly be used in all OFA applications.
The advantages and disadvantages of the current-mirror-matching methods are equal
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to the supply-current-matching methods. This means that a high signal-to-noise ratio
for the output current signals can be obtained, but that a strong non-linearity kink
occurs in the zero current point, and that filters may become instable at high quality
factors. Only trimming can alleviate these problems for class-AB biasing.

The non-linearity will be partially masked within the class-A region of the class-
AB biasing for small current signals.

Notice that we still have to carefully cascode the current mirrors to avoid
significant voltage modulation errors in the current transfer.

Universal Class-AB OFA Design with Output-Current
Equalization

The third approach uses the first equation (9.8.1) by which the output currents are
directly measured and equated. The way we can approach this is to insert current-
measuring resistors Ry,; and R,y in the output terminals and measure the difference
between the voltages V,,; and V,,, across these resistances, and finally equate these
voltages. The differential voltages across these resistors can only be measured with
an instrumentation amplifier, having a high CMRR for the differential input vol-
tages, while being able to accurately process the difference, see Figs. 9.4.3-9.4.8.
A practical way to depict the situation is given in Fig. 9.8.6.

The instrumentation amplifier with 7, through T, and OA,, see Fig. 9.5.2,
measures the voltage difference across a measuring resistor Ry,; in series with the
output of an OpAmp OA,. The instrumentation amplifier is connected as a voltage-
to-current converter with a measuring resistor R, in series with its output amplifier
OA;. The two end terminals of R,;; and R;;, give shape to the two output terminals
of the universal class-AB OFA with V,; and V,,. The output currents /,; and /,,
obey the third OFA equation (9.8.3).

Z
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Vg |oaA — g @ — OA,
- - T1 T2 V01 V02 T3 T4 +
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——— 1

e Q™o O | w

Fig. 9.8.6 Universal class-AB OFA realization with output-current equalization by means of an
instrumentation amplifier
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Very essential now is that the same physical elements R;, Ry;;, and R,, R, that
measure the output currents in one polarity also measure the output current if their
polarity reverses. This means that the current relation between [,; and I, is
basically linear. Only a linear scaling factor o occurs.

For this we may write:

101 = _0{«101 = Lol — (O( - 1)101 =—lo+ 8[01 (986)
I,y +1,=290I,, =2I,=2l,,+2l, /H,, and 1/H, =~ 3/2 9.8.7)

We have a linear output current relation. There is no kink in the current transfer,
nor an instability in filter characteristics at high quality factors. With these OFAs
we can have a signal-to-noise ratio of the output currents in the order of 100 dB.
The output current rejection ratio H,, is half the mismatch of the resistors.

Universal Class-AB Voltage-to-Current Converter
with Instrumentation Amplifier

One simplification is obvious, though. If we need the OFA for realizing the function
of a voltage-to-current conversion, we do not need the full OFA construction of
Fig. 9.8.6, but the connection of an instrumentation amplifier with a current-
measuring resistor R, in series with the output, as shown in Fig. 9.5.2, satisfies
our need. It is shown again in Fig. 9.8.7.

With an instrumentation amplifier, a high-quality universal class-AB voltage-to-
current converter of Fig. 9.8.7 can be obtained. Without trimming, an output impedance
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Fig. 9.8.7 Universal class-AB voltage-to-current converter with instrumentation amplifier
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of more than 10°R » can easily be obtained, at a non-linearity error of better than 10_4,
a bandwidth of several tens of megahertz and a signal-to-noise ratio of 120 dB.

Conclusion

We have seen in this section on universal class-AB OFAs that the combination of
class-AB biasing and non-linearity cannot easily be met. Based on the way the
output currents can be equalized, three possibilities are open.

Supply-current equalization and current-mirror equalization both show a non-
linear kink in the current transfer at zero current. This gives rise to audible distortion
when these circuits are used to process audio signals. Instability may occur when
used in filters with a high quality factor. By trimming the non-linearity can be
reduced. For small current signals the non-linearity is masked in the class-A region
of the class-AB biasing. The signal-to-noise ratio of the relation between the output
currents can be high. Current-mirror equalization leads to simple circuits.

Output-current equalization using an instrumentation amplifier achieves a high
quality and highly linear result. A simplification can be made here. If we only need
the function of a voltage-to-current conversion, we do not need the full OFA
architecture, but an instrumentation amplifier connected as a voltage-to-current
converter can do a high-quality job.

9.9 Problems

Problem 9.1

For the instrumentation amplifier in Figure 9.4.6, calculate the common-mode
rejection ratio CMRR if the input transistors M;; and M;, can have a processing-
induced threshold voltage difference A4V,;, = 3 mV. The circuit is biased at Ip3; =
Ips> =1Ipis = Ip2s = 50 pPA, I 0541 = 100 pA, and the devices in the signal path are
sized with W/L[] = W/L]z = W/L21 = W/L22 = 100],1/2,“,, W/L37 = W/L38 = 40,[1/2,[1,
WiLs;s = W/L;s = 30u/1p, WiLy; = 3.5W/Ly; = 70p/1u. Source degeneration
resistors are all equal to R;; = R;> = Ry; = Ry, = 5 kQ. Transistor parameters are
Virn =05V, Vip = —0.6 V, Ky = 56 pA/VZ, Kp = 16 pA/V?, iy = Ap=0.1 V',

Solution

According to Eq. 4.3.4, the CMRR limit due to disbalancing of an input stage is

12
CMRR = *— (9.9.1)
Ap
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Because the mirror M;,-M ;g repeats Ip;; effects in Ip3g as well as in I3 there is
no common-mode to differential crosstalk in the folded cascode stage, so the input
stage voltage gain u is the only gain factor which degrades CMRR. The variation of
u for the input stage due to the given A4V, under the assumption of a small threshold
voltage change from M;; to M, is

d
A= Ay, (9.9.2)

In the equation above, an expression for the voltage gain u as a function of V, is
needed to calculate the finite differences. The voltage gain of the input stage is
given by its equivalent G,, and its equivalent G

Gn
= 9.9.3
=G 9.9.3)
where the conductances are given by
1
Gn = 1
R+ ————
\ /2KP%1D,, (9.9.4)
1
G ds = My R+ Ao

The variation of u for a small change in V,;, is given by

d dG,, dRy
s = Rdx + _ds
dVﬂ, dv;h de[/L

Gn (9.9.5)

The derivative of G,, related to V,;, will be

dG,,  dG, dip;
dVy, dlp; dVy

(9.9.6)

Combining G,,(Ip;;) and Ip;;(V,,) for transistors working in saturation region,
Eq. 9.10.6 becomes

dR; 1 w
=—Kp— (V. V
v, 2 PLH( sG11 + Vrup)
" 1 1
2 (9.9.7)
| 2KpLﬂ”,/lg],
Ry + ——

\/2Kp L%IDH
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The derivative of R related to V,;, will be

dRgs  dRgs dlpy
dVy  dlpy; dViy

(9.9.8)

The expression of R, as a function of Ip;; gives a derivative

dR ds
thh

= —Kp(VsGi1 + Viup)

1 /ZKPL%IDII 1 (999)

X —

2 Z \/Ig]l

Numerically, the parameters involved in calculating CMRR are

_ 1
R + L

\/ 2KP%IDII

1
Ras = pyRir + TR 800 kQ

=100 pA/V

m

Mpii
dGm o 2
oy 200 pA/V (9.9.10)
des
=32 MQ/V
dVy, /
u=280
du
Ap=—-AV,; =144
# dvth 4
Replacing these numbers in CMRR expression gives
12
CMRR =-—=73 dB 9.9.11)
Ap

It is worth noting the strong degradation of common-mode rejection due to an
apparently small variation in threshold voltage. In a real implementation this
number will be further degraded by additional geometrical mismatches and by
the finite impedance of the biasing current source.

Problem 9.2

For the voltage-to-current converter in Figure 9.5.1, calculate the typical, maxi-
mal and minimal transconductance G, and the highest common-mode output
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conductance for resistors sized as R; =R, = 10kQ, R; = R, =30kQ and Ry, =
10 kQ. The resistors are matched within M = 2% and their absolute tolerance is
AR = 10%.

Solution

The Eq. 9.5.1 gives the expression of this circuit transconductance
I Rz 1
Ry R, Ry
The matching of resistors R; and R; affects the voltage gain A, while the
tolerance affects the value of Ry,. Thus the limits of G,; become

Gy =A, (9.9.12)

R;

Grmax = 3 (14 M) ———— = 340 pA/V
R; 1
R

GMmin = —3(1 —M)————- =267 pA/V
R Ry (1 + AR)

It is easy to note that most of this error is induced by the high tolerance of Ry,.
For the worst-case common-mode conductance, i.e., the highest possible, Equa-
tion set (9.5.2) shows

1 1 1

G max —
oem HRmax RM(I - AR) HRmax
R; R, 2 R,
=|1-———(01-M 1+—(1+M)) =0.0134 9.9.14
(1-a-m2) (14 aem) ©09.14)

The equations above give a maximal common-mode output impedance of

Gocmmax = 1.5 pPA/V (9.9.15)

Problem 9.3

The universal voltage-to-current converter shown in Figure 9.5.3 uses the instru-
mentation amplifier depicted in Figure 9.4.3, built using a conductance G; = 2G, =
100 pA/V and current sources have conductances Gz = 0.5 pPA/V matched within
AG /G = 3%. All operational amplifiers are considered to have CMRR = 80 dB,
and the conversion resistor is Ry; = 10 kQ. Calculate the differential transconduc-
tance and the common-mode output conductance, Gy, and Gocpy-
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Solution

Combining Egs. 9.5.3 and 9.4.5, the differential voltage gain and transconductance
can be calculated.

A, =—=2
G,
A,
Gy = 22 =200 pA/V
Ry

(9.9.16)

The common-mode rejection ratio of the instrumentation amplifier’s input stage
limits the value of the common-mode output conductance, according to Eq. 9.5.4.

Gocm = é RLM (9.9.17)
The CMCR factor 1/H can be calculated based on Eq. 9.3.6
1% _ GG_’]B _ A;;B HOIAI + H;AZ — 69 dB 9.9.18)
and Gocys becomes
Gocu = LN =35nA/V (9.9.19)
H Ry
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10. Low Noise and Low Offset Operational
and Instrumentation Amplifiers

Abstract Chapter 10 gives an overview of techniques that achieve low-offset,
low-noise, and high accuracy in CMOS operational amplifiers (OA or OpAmp)
and instrumentation amplifiers (IA or InstAmp). Auto-zero and chopper techniques
are used apart and in combination with each other. Frequency-compensation
techniques are described that obtain straight roll-off amplitude characteristics in
the multi-path architectures of chopper stabilized amplifiers. Therefore, these
amplifiers can be used in standard feedback networks. Offset voltages lower than
1 pV can be achieved.

10.1 Introduction

The simplest type of amplifier that can be made with a low offset voltage Vs and
high common-mode rejection ratio (CMRR) is the operational amplifier (OA). But,
this amplifier does not have a well-determined gain. The gain of an OA is normally
so high, that feedback around the OA must be applied to produce an accurate result
[10.1]. This situation is depicted in Fig. 10.1.1.

However, feedback destroys the CMRR because the feedback network may have
unbalance and is connected to a ground reference. Therefore, other types of
amplifiers have to be found to combine an accurate voltage gain, a low offset,
and a high CMRR.

Instrumentation amplifiers (IA), on the other hand, can have the combination of
accurate gain, low offset voltage V,, and high common-mode rejection ratio. But,
they are more difficult to implement than operational amplifiers. A general symbol
for an instrumentation amplifier is given in Fig. 10.1.2.

This chapter discusses the design of low noise and low offset Operational
Amplifiers and Instrumentation Amplifiers:

. Introduction

. Application of IA

. Three-OpAmp IA

. Current-Feedback TA
. Auto-Zeroing

DA W=

J. Huijsing, Operational Amplifiers 2nd Edition, 351
DOI 10.1007/978-94-007-0596-8_10, © Springer Science+Business Media B.V. 2011
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Fig. 10.1.1 Operational
amplifier (OA) in feedback
network, Vig =0, [, =0,
I;.(CM) = 0, input CMRR =
Low

Fig. 10.1.2 Instrumentation
amplifier (IA), Vig # 0,I,g =
0, Lc(CM) =0. Voq = A,
Vig, input CMRR = High

. Chopping

. Chopper-Stabilization

. Chopping + AZ or Chopper-Stabilized
9. Ripple-Reduction Loop RRL

10. Capacitive Coupled Input

11. Gain Accuracy of IA

12. Summary Low Offset

[e BN o)

10.2 Applications of Instrumentation Amplifiers

All applications of an IA use the combination of accurate gain and high CMRR. The
first application example is a general one: to overcome a ground loop. This occurs
when we want to transfer a voltage signal referred to a different ground potential
Virer than that of the destination potential V.g.r. The situation is depicted in
Fig. 10.2.1.

This is the case, for instance, when an instrument has to interface a sensor, like a
thermocouple, that is connected to a remote ground. The small output voltage of the
thermocouple requires a low offset voltage of the amplifier, while the remote
ground can have a large potential difference in regard with the ground of the
sensing instrument. This requires a high CMRR.

A second common application is the interfacing of the differential output voltage
Vg4 of a sensor bridge that has a large common-mode voltage Vgcy, as shown in
Fig. 10.2.2. Accuracy and low offset of the measurement in this application is of
high priority.

A third application example is monitoring the voltage Vgyq across a current-
sense resistor Ry in supply lines of battery powered systems like cell phones and
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Fig. 10.2.1 Instrumentation
amplifier bridging the
common-mode voltage
between Vi s and V, ror
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Fig. 10.2.2 Instrumentation
amplifier for the readout of a
sensor Bridge
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Vod
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Fig. 10.2.3 Instrumentation V.
amplifier for interfacing a ZVsuP
current-sense resistor
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= 5?
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laptops (see Fig. 10.2.3). Power management and battery life makes this application
rapidly more important.

A high dynamic range is required for the current-sense application, as we want to
be able to measure high as well as low supply currents reasonably accurately, and
do not want to spill a large amount of power across the sense resistor at high
currents. This means that the IA or “current-sense” amplifier needs to have a low
offset voltage under high CM input voltages. The CM input voltage range may be
even far above the supply voltage, or need to have a rail-to-rail span. This thor-
oughly complicates the design of the IA.

A final application example is sensing of differences in voltages of skin
electrodes for measuring an ECG, EEG, or EMG of a person (see Fig. 10.2.4).
These differential voltages are in the order of 10 pV—100 mV in the vicinity of large
CM voltages from mains operated lamps and other sources on the order of 10-100 V.
A high CMRR and patient safety are main requirements here.
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Fig. 10.2.4 Instrumentation
amplifier for interfacing
medical electrodes

10.3 Three-OpAmp Instrumentation Amplifiers

The most common approach to an IA is the three-OpAmp topology as shown in
Fig. 10.3.1 (see Fig. 3.2.2. in Sect. 3.2).

The actual IA consists of an OA that is feedback by a resistor bridge network
Ry, Ry2, Ry3 and Ryy. If the bridge is in balance, the gain for differential signals is:

Ad = _RIZ/RII ~ R14/R13 (1031)

To achieve a high input impedance, buffer amplifiers OA, and OA; have been
placed in front of the bridge resistors. These amplifiers are connected in a non-
inverting gain configuration with R,;, R,5, and R,3. Their extra gain is:

Ag = (Ra1 + Ry +Ra3) /Ry (10.3.2)
The total voltage gain is:
Ay = (Ry; + Ry +Ra3)R1p/(R11R21) (10.3.3)

The main problem of the three OpAmp approach is the CMRR. In this topology
the CMRR is dependant on the matching of the feedback bridge resistors, as
explained in Sect. 3.2:

CMRR = (R/AR)Ay (10.3.4)

in which AR/R is the relative error in one of the bridge resistors in regard to its ideal
value if the bridge were balanced. For instance:

ARy /Rj; =1 —R;aRi3/(Ri1Ry4) (10.3.5)

Another shortcoming of the three-OpAmp approach is that the input CM range
can not include the negative nor positive supply rail voltage. This is the conse-
quence of the feedback connection from the output of the input buffer amplifiers
OA,; and OA; to their inputs. Only when a level shift is built-in in the positive input
modes of these amplifiers one of the rail voltages can be reached.
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Fig. 10.3.1 Three-OpAmp instrumentation amplifier with resistor-bridge feedback and input
buffer amplifier

10.4 Current-Feedback Instrumentation Amplifiers

The fundamentally best way to achieve a high CMRR is to convert the differential
input signal V4 into a type of signal that is insensitive to the CM voltage Vcum.
Such a signal could be a magnetic signal in a transformer, or a light signal between
a light-emitting and light-sensing diode. But when we stay closer to the electrical
domain, also an electrical current signal could be used, if we can make it suffi-
ciently insensitive for the CM voltage. For a circuit on a chip the last method is
preferable. Therefore the differential input voltage V4 is converted into a current
and compared with the current from the conversion of the feedback part Vg, of the
output voltage V,,. The architecture is called current-feedback amplifier [10.3], and
is shown in Fig. 10.4.1.

The first voltage-to-current converter G,»; converts the differential input volt-
age V4 into a first current. The second converter G, converts the feedback
output signal Vg, into a second current. Both currents are subtracted and compared
by a control amplifier G,,,; that drives the output voltage. A resistor divider R,
R determines the part Vg, of the output voltage V,, that is fed back. The gain of the
whole amplifier will be:

Ay = (Gm21/Gm22)(R2 +Ry) /R (10.4.1)

Often we can not easily make the transfer of G,»; and G,,,», accurately different.
But we can make G,,»; and Gy, accurately equal. In that case the gain of the
amplifier simplifies to:

AV = (R2 + R])/Rl, while : Gm21 = Gm22 (1042)
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Fig. 10.4.2 Simple circuit-diagram of an current-feedback instrumentation amplifier

The CMRR is now not determined by matching of main elements but just by the
ratio of the Gm and small parasitic conductances, which keep the CMRR large.

The InstAmp is Miller compensated by the capacitors Cyyy; and Cyyyo.

A simple example of an current-feedback InstAmp is given in Fig. 10.4.2.

The input and feedback VI converters are as simple as possible. They can be
degenerated to increase the differential input voltage range if needed. Their
linearity is not good in itself, but they match quite well for gain accuracy. The
input CM voltage range may include the negative supply-rail voltage Vgn. This
allows the output voltage V, being referenced to Vgn. The input stages are followed
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by folded cascodes with a current mirror at their upper end. The push-pull output
transistors are biased in class-AB by a class-AB mesh composed from M3¢ and Myg
and proper bias voltages Vgs and Vgg (see Fig. 5.3.21 in Sect. 5.3).

A general symbol for an current-feedback IA is given in Fig. 10.4.3. It shows that
inside the IA there are two G, stages: one for the input G,,; and one for the feedback
Gmfb'

It is interesting that the output as well as the input has a high CMRR. This means
that we can connect the output reference voltage V rer terminal to any voltage as
shown in Fig. 10.4.4. The voltage across the measuring resistor Ry, and the current
through Ry are not influenced by the voltage on V,g.s. Hence, we obtain a voltage
controlled current source at the Vr.r terminal. The whole topology of Fig. 10.4.4
act as an accurate general-purpose V-I converter with a transconductance of 1/Ry,.
Hence I, = —V;4/Rum.

% BV,
Rz
Vio
Ry
Fig. 10.4.3 Symbol for an & 2 VoRet
current-feedback )
instrumentation amplifier Vsn
Vsp
+ P+
vid G Vi v [0
- — o b o
IA Z
+ & * Rm VoRet
Vip Gmnib
- g =y
T
Fig. 10.4.4 Universal

voltage-to-current converter
with an current-feedback %
instrumentation amplifier Vsn
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10.5 Auto-Zero OpAmps and InstAmps

In Sect. 10.2 we have seen several applications that need low offset. Auto-zeroing
and chopping are the main tools to obtain low offset.

In this paragraph we start with auto-zeroing. Firstly, we will apply auto-zeroing
to an OA in order to reduce its offset. Out of the many ways to implement auto-
zeroing we firstly have chosen the simple method with switched capacitors at the
input as shown in Fig. 10.5.1.

The auto-zero OA consists of an auto-zeroing input stage G,,, with input CM
control and a Miller compensated output stage Gy, ;.

Auto-zeroing has two phases. In phase 1 the forward path is broken, and Gy, is
being fully fed back, so that its offset appears at its input. The auto-zero capacitors
Cazz1 and Cazy; store this offset voltage as their inputs are short-circuited together.
In phase 2 G,,; is connected straight forward, and the auto-zero capacitors are
connected to the input. Their stored offset voltage now compensates for the offset of
Gy Therefore G, shows no offset in phase 2.

An improved auto-zero topology with storage capacitors at the output is shown
in Fig. 10.5.2a. When the input switches S,; and S,, are short-circuited, and the
auto-zero switches S,3 and S,4 are in auto-zero position, the output current of G,
charges the capacitors C3; and Cs, at its output until the correction amplifier G,,;
compensates this current. The output of G, is CM controlled at its output.

The advantage of this topology is that the capacitors can store the offset
independent of the input signal. This means that the capacitors and conductance
G5 can be taken 10x smaller for the same kT/C noise and that the compensation
voltage on the storage capacitors can be taken 10x larger. The offset of G,,3 is not
of interest because it is automatically taken into account in the capacitive stored
voltage.

A further improvement can still be made if we replace the passive integrator
capacitors for an active integrator as shown in Fig. 10.5.2b. The switches S,3 and
S»4 do not need to switched back and forth between the virtual ground at the input of
the output amplifier G,,; and the stored compensation voltage on the capacitors Cs;
and Cs,, but between the two virtual grounds at the input of G,,; and G,3. This
reduces the charge injection of the switches. For simplicity most following auto-
zero circuits have been drawn with the simple circuit of Fig. 10.5.1.

Ch11
g l AN \ & Vo
Vid _ mi

ST
]

Ciz

Fig. 10.5.1 Switched-cap auto-zero OpAmp. Vos = 100 pV
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Fig. 10.5.2 (a) Auto-zero OpAmp with storage capacitors C3; and Cs, at the output and correc-
tion amplifier G,,3. Vos = ~20 uV. (b) Auto-zero OpAmp with further improved auto-zero storage
by an active integrator. Vos = ~ 10 pV

Fig. 10.5.3 Noise densities I
with and without auto-zeroing 1{log (nV /y/Hz)
\
\ ,Wwithout auto-zeroing
d

with auto-zeroing
white noise

Very important is that the auto-zero action removes offset and 1/f noise. But,
extra noise V,,, is added in the frequency range below 2f,, due to noise folding
back from the bandwidth BW of the local auto-zero feedback loop. This is depicted
in Fig. 10.5.3. Hence it is of importance to keep this BW not too much above 2f,.
If the duty-cycle of the auto-zero loop is Y2, the noise level is at least raised by a
factor 272,

Viaz = Va(white) BW'/2/£,,1/2 4+ 2172V, (white) (10.5.1)

A problem is that the auto-zero OA has no continuous-time transfer. This means
that when the output has to follow a ramp, a staircase with steps at the clock



360 10. Low Noise and Low Offset Operational and Instrumentation Amplifiers

Ch11
1 i
Caze11|V,
+ Sa11 1 |+2RN N S213 >\ 2 Vo
=7 + +
Vid ° ::CMi2°— Gm& Gm1> oy
L S 1 G s i oRef
Big gl L~ S214 T /"
1
Cm12
(o] V,
Sooq AIZI221 +§\2.2 i Sg23 = |
o
< ::CM‘|2°_ Grn22
+
S CAlzlzzz - 32%
Fig. 10.5.4 Ping-Pong auto-zero OpAmp. Vos = ~100 pV
11CM11
11
08211 CAZE‘H
+ 7 ot H x S213 \ 7 Vo
Vig ° ;1 CMp—{Gmai3> Gmy >
3 LN 3 * R
Ry, CAz212 S i e 2
S221  Cazopi Ry Vi
v il B N ,
Vfb o I:CMi2°_‘ Gm@ I1 & VDREf
“# g E CII " Sa2 Curz
Sppp TAZZZ2
S231 Cma«;
b e
o 3 D_G
s “CMQ m2

[— ™ 3234]
Lo C
S$232 AZ232

Fig. 10.5.5 Ping-Pong-Pang auto-zero InstAmp. Vos = 100 pV

frequency is the result. Moreover, a factor 22 must be added to the noise as the
amplifier is only used half of the time effectively. To overcome these problems the
Ping-Pong auto-zero [10.5] concept of Fig. 10.5.4 has been invented.

In Fig. 10.5.4 two auto-zero input stages G,»; and Gy, alternately are con-
nected between the input and the output stage in order to obtain a continuous-time
solution. The stage that is not connected gets time to auto-zero itself. This allows
the OA to be generally used in continuous-time feedback configurations.

We can extend the principle of ping-pong to ping-pong-pang in order to obtain a
suitable InstAmp topology, as shown in Fig. 10.5.5.
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In Fig. 10.5.5 three auto-zero input stages G, G, and G,3 are used. Sequen-
tially, two stages are connected to the output stage G|, while one stage is in auto-
zero mode. In this way a continuous-time IA is shaped while its offset and 1/f noise
is strongly reduced by auto-zeroing.

The limitation of offset reduction is due to parasitic capacitors of capacitors and
switches. When the input switches change from auto-zero mode to transfer mode
and vice versa, parasitic capacitors to ground are charged and discharged. Any
unbalance in this charge will change the offset voltage stored on the AZ capacitors.
Offline auto-zero as in Fig. 10.5.2a or Fig. 10.5.2b would therefore be preferable.

In practice the offset can maximally be reduced by a factor on the order of 100 or
1,000 with auto-zeroing, reducing the offset from 10 mV to 100 puV or 10 pV.

It is very interesting to see that not only the offset voltage is reduced by the AZ
function, but any differential input voltage at frequencies lower than the AZ
frequency, if the gain is sufficiently large. This means that also the CMRR is
drastically increased.

10.6 Chopper OpAmps and InstAmps

Before we discuss the chopper IA we will look at the chopper OA [10.6]. This OA
one is depicted in Fig. 10.6.1. We suppose a 6G input offset of 10 mV for G,,,.

The choppers Ch; and Ch; alternatively turn the signals through the input stage
G2 straight and reverse. This means that the input voltage Viy will appear as a
continuous-time current at the output. But the input offset voltage V,, appears as a
square wave current, superimposed in the output, as shown in Fig. 10.6.2.

If the OA is placed in a feedback application, the input voltage will show the
residual offset voltage with a low-pass filtered square wave ripple on top of it.

In the noise spectra of the offset and 1/f noise are now shifted to the clock
frequency f, as noise and ripple, as shown in Fig. 10.6.3.

The resulting offset has mainly two origins: Firstly, clock skew in the chopper
clocks. If the offset is 10 mV and the clock skew is 10~*, the resulting offset is
1 nV. Secondly, the resulting offset is a result of imbalance of parasitic capacitors in
the choppers. The parasitic capacitors are shown in Fig. 10.6.4.

Cp11
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Chp Ch;

Fig. 10.6.1 Chopper OpAmp with cont-time transfer. Vos = ~10 pV, Vrip = ~10 mV
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Fig. 10.6.4 Charge injection current in C,;; of Chopper Ch, gets rectified at output

Suppose that chopper Ch; (in between the input- and output stage) has only the
capacitors Cpy; and Cp;» around transistor M;. The capacitor Cp;, produces alter-
native positive and negative current spikes at the output of the chopper Ch;.
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This does not contribute to the offset. However, capacitor Cp;; also produces
alternative spike currents at the input of chopper Ch;. When going to the output,
these alternative spike currents are being rectified by the function of the chopper
Ch,.

The rectified spikes represent an average DC current, which is an offset. Fortu-
nately, the chopper is fully balanced. Hence, charge injection from the clock in one
transistor cancels that of the other. But every imbalance in layout will cause a net
offset. For chopper Ch; at the input, the capacitor Cp,, injects alternating current
spikes on the clock edges. These spikes are translated in rectified input voltage
spikes across the series impedances of the chopper and the input signal source. Also
these rectified spikes go to the output as a net offset. Practical offset voltage to
below 1 puV can be obtained if the choppers, their clock lines, and the signal lines
are carefully balanced in the layout. A common practice is to layout the clock lines
as coaxial cables on the chip.

In our quest for low offset, noise and ripple we see two contradictory effects. On
one hand, the higher the clock frequency, the smaller the ripple at the output and the
lower the 1/f noise residue. On the other hand we see a higher residual offset caused
by clock skew and charge injection at higher clock frequencies. This contradiction
can be relieved by using two choppers in series for each original chopper in a nested
chopper configuration [10.7] according to Fig. 10.6.5.

The inner choppers Ch,;; and Ch;; can be clocked at a 100 times higher
frequency Cly to overcome 1/f noise and ripple, while the outer choppers Cs,;
and C, are clocked at a 10 times lower frequency CI to take away the residual
offset by the charge injection of the inner choppers. This architecture can lead to
offset voltages as low as on the order of 0.1 pV. But a small ~100 Vy filtered input-
referred ripple at Cly still remains due to the original offset, and an even smaller
ripple at Cl due to charge injection of Chy;.

An other way to reduce the ripple is to combine an auto-zeroed amplifier in a
ping-pong fashion with a chopper amplifier in order to obtain a low-ripple continuous-
time signal transfer [10.8]. The block diagram is shown in Fig. 10.6.6a.
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Fig. 10.6.5 Nested-chopper operational amplifier with better compromise between 1/f noise,
ripple, and offset. Vos = ~0.1 pV, Vrip = ~100 pV
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stages

The choppers Ch; and Ch, chop the signal alternately positive and negative
through the whole set of two ping-pong auto-zeroing amplifiers Gz and Gppo.
The switches S;;; through S;y; and S;;3 through Sy sequentially switch the
amplifiers Gy and Gy, in a transfer or auto-zero mode in a full clock cycle.

The capacitors Cs;; through Csp, differentially store the auto-zero correction
voltages. The transconductances Gp3; and Gp3, correct the amplifiers Gy and
G, for their offsets, respectively. The auto-zero switches S;i3 through Sy
switch the outputs of Gy and Gy, between the stored voltages on the auto-
zero capacitors and the input offset voltage of the output stage. This causes some
extra charge injection. The amplifier achieves an offset of 2 uV and an input
referred ripple on the order of 10 pV. The noise of the auto-zero amplifier is now
transposed by the choppers to the clock frequency, which keeps the low frequencies
cleaner, as shown in Fig. 10.6.6b.

An advantage of the ping-pong continuous-time topology is the simplicity of the
frequency compensation. It is restricted to one set of Miller-compensation
capacitors.

A chopper instrumentation amplifier can be constructed if we use two input
stages Go; and Gy,0o, each preceded by a chopper, Ch,; and Ch,,, respectively.
This situation is shown in Fig. 10.6.7.

The gain is:

A, = ((R] +R2)/R1)(Gm21/Gm22) (10.6.1)
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Fig. 10.6.8 Nested chopper instrumentation amplifier with better compromise between 1/f noise,
ripple, and offset. Vos = ~0.2uV, Vrip = ~200uV

The accuracy of the instrumentation amplifier fully depends on the equality of
Gy, and Gs,. In Sect. 10.9 we will discuss ways to increase the accuracy of G,
stages. Even with an ordinary differential pair in weak inversion, and well matched
tail currents, an accuracy better than 1% can easily be achieved without trimming.

The CMRR is also strongly increased by the chopper function for frequencies
below the clock frequency. Easily 60 dB can be added to the CMRR by chopping.
The improvement is limited, firstly, by the clock skew in the chopper clocks, and
secondly, by unequal modulation of the charge injection spikes in the choppers as a
function of the CM voltage. The resulting offset can be as low as 20 'V, which is twice
that of the chopper OpAmp, and an input-referred ripple of 20 mV, which is twice of
that of the OpAmp’s. The factor 2 is an estimation, and results from the fact that there
are two parallel input stages, while each has more offset due to degeneration.

To improve the offset and ripple, we may also apply the nested-chopper [10.7]
principle to the chopper instrumentation amplifier, as shown in Fig. 10.6.8. By this
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Fig. 10.6.9 Chopper instrumentation amplifier with Ping-Pong-Pang auto-zero input stages.
Vos = ~4uV, Vrip = ~20uV

a better compromise of chopper ripple and 1/f noise on one hand and residual offset
on the other hand can be achieved as explained with Fig. 10.6.5. An offset on the
order of 0.2 PV can be achieved and a residual ripple on the order of 200 pV.

Finally, just like the chopper OA with ping-pong input stages, the chopper 1A
can be devised with ping pong-pang input stages, as explained with Fig. 10.5.5.
This results in the circuit of Fig. 10.6.9. It roughly can obtain an offset Vos of 4 pV,
and a ripple Vrip of 20 pV.

10.7 Chopper-Stabilized OpAmps and InstAmps

The output ripple from a chopper amplifier invites us to search for ways to reduce it.
The chopper-stabilized amplifier is one of the best approaches [10.9]. A basic
multipath nested Miller compensated OA topology is suited to incorporate chopper
stabilization, as shown in Fig. 10.7.1a.

The basic OA is composed of two stages Gp,,; and Gy. The output stage Gy,; is
differentially Miller compensated by Cy,1; and Cy,12. The input stage Gy, forms the
‘high-frequency’ path. The input stage G,,, has an offset V,,,. When the OA is
placed in a feedback loop, the offset V4, appears at the input.

This input error voltage V;y is now measured and corrected by the chopper
amplifier’s ‘gain’ path. This path starts with an input chopper Ch;, that translates the
input error voltage V4 into a square wave. The sense amplifier G,,s produces a
square-wave output error current proportional to Vi4 together with a DC output
current due to its own DC offset V5. The chopper Ch; chops the square-wave error
current back to a DC error current, while the DC offset current is changed into
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Fig. 10.7.1 (a) Chopper-stabilized operational amplifier with multipath nested Miller compensa-
tion. Vos = ~10pV, Vrip =~ 10mV. (b) Chopper-stabilized operational amplifier with multi-
path hybrid-nested Miller compensation. Vos = ~ 10uV, Vrip = ~100puV

a square-wave current. The square-wave current due to offset of G5 is filtered and
reduced by the Miller integrator capacitors Cyyp; and Cyppp. While the DC error
current as a function of the input error voltage V4 is amplified by the DC gain of the
intermediate amplifier G,,3. Finally the output current of G,,; is being added to the
output current of the input amplifier G, in order to compensate its offset. It should
be noted that the output CM levels of G,,, and G,,5 have to be controlled to a CM
level.

We have now obtained a two path amplifier: a high frequency low gain path
through G,,,;, and a low-offset low-frequency high gain path through G,,5 and G,,,3.
The offset can only be reduced to the extent that the high-gain path has a higher gain
than the low-gain path.
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The above circuit has two shortcomings: Firstly, the gain of G,,3 is only roughly
20% of that of G,,, as this amplifier should be able to correct the offset of G5
while not adding too much noise. This means that the offset is not reduced so much.
Secondly, the integration function of the outer Miller capacitances Cygz; and Cyyqn
is not strong, particularly not at low overall closed loop gains where the overall
closed bandwidth through the low-frequency path of G,,5 is larger than the clock
frequency. In that case the square-wave ripple at the input has nearly the full size of
the initial offset of the offset sense amplifier G,,s.

For the above reasons it is much better to step on to the multipath hybrid nested
Miller compensated OA of Fig. 6.2.22a which has an extra integrator in the ‘gain
path’. This circuit with chopper stabilization is given in Fig. 10.7.1b. The extra
integrator, firstly, is able to strongly reduce the ripple, and secondly, provides much
more gain. The square-wave current due to offset of G5 is strongly filtered out by
the integrator G,4. The integrator time constant can be chosen freely by the value of
the integrator capacitors Cyyy; and Cpugp. The residual ripple at the output of
integrator G4 is further reduced by the relative weak G,3. The DC error current
as a function of the input error voltage V4 is integrated and strongly amplified by
the DC gain of the integrator G,4. The integrated error voltage at the output of G4
is added to the output current of the input amplifier G,,, through G,,3 in order to
compensate the offset of G,.

One of the old struggles with chopper-stabilization is that the two poles in the
gain path lead to a non-straight 6 dB per octave role-off, as shown in Fig. 10.7.2.

This problem can be solved in practice by applying the principle of hybrid
nesting as described in Sect. 6.2 [10.10]. To that end we connect two differential
hybrid-nested Miller capacitors Cy3; and Cyy3; from the final output to the input of
the integrator Gy4.
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N \ . . .
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S~
< N\
~ N
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Fig. 10.7.2 Amplitude characteristic of a chopper-stabilized amplifier with and without hybrid-
nested Miller capacitors Cyz; and Cyzo
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If we choose the bandwidth of the two-stage Miller-compensated HF amplifier
path equal to the bandwidth of the four-stage hybrid-nested Miller loop, the overall
frequency characteristic becomes straight form very low frequencies to the band-
width of the OA. Therefore we choose Gy /(Cwmy in series with Cyz) = Gis/
(Cm31 in series with Cysp). The result is a straight frequency characteristic, as
shown in Fig. 10.7.2.

The low- frequency behavior, and thus the offset of the whole amplifier is
determined by that of the chopper loop. That means that we have to carefully
balance the parasitic capacitors C,;; and C,y, of the choppers Ch; and Chs,
respectively, and their lay-out. Also the clock skew of the chopper clocks determine
the offset. If the clock skew is 10~%, and the 65 offset of the chopper amplifier is 10
mV, an offset of 1 uV is resulting.

There is one more source of offset we have to watch for. That is caused by a
combination of the parasitic capacitor Cps between the outputs of G,,s and the offset
Vos, of the integrator amplifier. The chopper Ch; chops this offset voltage up and
down each chopper period on Cps, while it rectifies its charge current into a DC
value Ips at the input of the integrator equal to:

Is = 4 VossCpsf (10.7.1)

This current cannot be distinguished anymore from the DC output current of the
chopper sense amplifier that is also presented at the input of the integrator. The
resulting input offset V; is:

Vosi = Ip5/Gm5 =4 VOS4Cp5f01/Gm5 (1072)

The resulting offset is smaller than 1 pV referred to at the input, only if we take
measures to make Cps small, i.e., in the order of 0.1 pF. We can always chopper-
stabilize or auto-zero-stabilize the integrator amplifier to further reduce this offset
term.

The input referred ripple has now been reduced by a factor 100 from a square
wave of about 10 mV in the chopper amplifier into a triangle wave of about 50 pV
in the chopper-stabilized amplifier. If we want to decrease the ripple further, we can
auto-zero the chopper amplifier [10.11], as shown in Fig. 10.7.3.

We have now a combination of a chopper-stabilized amplifier in which the
chopper amplifier is auto-zeroed. In this way the ripple can further be reduced to
the 1 pV level. The noise spectrum of such an amplifier is shown in Fig. 10.7.4. It
still suffers from noise folding and a factor 22 from a duty-cycle of 50%. But at
higher frequencies the HF path through G, takes over and the noise reaches it
thermal floor.

An interesting alternative way to reduce the ripple is using a sample-and-hold after
the integration [10.12], as shown in Fig. 10.7.5. Vos = ~3uV, Vrip = ~20uV.

In this design two passive integrators have been connected as a ping-pong
sample and hold with Cg4, C45, and Cy. The design is simple and elegant and has
an offset of 3 uV, while the ripple is on the order of 10 pnV.
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Now, the step has to be made to an instrumentation amplifier. Therefore the
chopper-stabilized OA must be transformed into the current-feedback IA architec-
ture [10.13]. The circuit is shown in Fig. 10.7.6.
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The IA has a HF path through G5, and G,;; and a LF gain path through G5,
and G,,,5». The LF gain path not only determines the offset and CMRR, but also sets
the gain accuracy at low frequencies.

The gain at low frequencies is:

Avr = (Gms1/Gms2) (Ri +R2) /Ry, (10.7.3)
and at high frequencies:
Avi = (Gm21/Gm22)(R1 +R2) /Ry (10.7.4)

An offset in the order of 20 uV and a ripple of out 200 uV can be obtained. The
offset and ripple is a factor 2" larger than in the OA case because we have two input
stages in parallel in both the HF and LF gain path. Also, also the noise is 2" times
larger than in the OA case.

If we want to further reduce offset and ripple the chopper amplifiers can be auto-
zeroed as in the OA case [10.13]. The resulting block diagram is shown in
Fig. 10.7.7.

This topology may result in an input referred offset voltage lower than 2 uV and
a ripple lower than 20 pV.
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10.8 Chopper-Stabilized and AZ Chopper OpAmps
and InstAmps

The smooth continuous-time chopper amplifier is the best approach to low offset.
However, a 0.01% clock skew multiplied by an initial 6G offset voltage of 10 mV of
the first stage of a CMOS amplifier presents a lower limit to the residual offset on
the order of 1 uV. Moreover, the initial offset voltage on the order of 10 mV at 6G
results in an input-referred chopper square wave ripple of 10 mV. Hence, the ripple
and offset of the input amplifier must be further reduced.

The next step of improvement is to chopper-stabilize the chopper amplifier
[10.14]. The topology is shown in Fig. 10.8.1.

If an amplifier has a high loop gain the differential input voltage becomes zero,
except for the input offset voltage. This means in the case of the chopper-
stabilized chopper amplifier of Fig. 10.8.1 that the right-hand side of chopper
Ch, sees V4. Hence, the left-hand input side carries a square wave voltage
equal to V. This allows us to directly connect the correction amplifier G5 to
the input without extra chopper. We do not need to discuss the chopper-stabilizer
loop anymore, because we already discussed this at Fig. 10.7.1. However, there
are major differences.
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Firstly, the first stage of the main amplifier now determines the noise at low and
high frequencies, while the correction loop determines the noise and ripple at the
clock frequency.

Secondly, the hybrid nested capacitors Cy3; and Cy3, are not anymore
connected to the input of the integrator, but to the input of chopper Chs, in order
to maintain continuous negative feedback in the loop including Ch; [10.10]. This
means that the parasitic capacitor Cps, at the output of the sense amplifier, is now in
parallel increased by the series connection of Cy;3; and Cyy3p. This parallel com-
bination of capacitors is now charged and discharged by the offset voltage V¢4 of
the integrator G,4. To avoid the extra offset of this parallel combination of capacitors
in combination with Vy, either the offset V4 has to be reduced, or Cyz; and Cyyzp
in parallel with Cp5 can be reduced by connecting them through a (folded) cascode at
the output of G5 to chopper Ch;.

Thirdly, the parasitic capacitor C,, before chopper Ch; is now charged and
discharged to the offset voltage V, of the output stage G,,;. This causes spikes at
the output through the first set of Miller capacitors Cy;; and Cyyp; at the size of
Vost Cpz2/ Cwmis. with Cyiis = Cmit Cmiz/(Cwmit + Cwmiz). Therefore, the parasitic
capacitor Cp; at the output of Gy, and Gp,3 has to be kept small.

The offset of G5 causes a triangle ripple at the output of the integrator and a
saw-tooth like ripple through Ch; at the output. This can be eliminated if the offset
of the sense amplifier G,,5 is auto-zeroed similar to the chopper-stabilized amplifier
if Fig. 10.7.3. To further reduce the offset caused by the parasitic capacitor Cps in
combination with the offset of the integrator amplifier G4 this amplifier can also be
auto-zero stabilized by an extra loop around it [10.14]. These features are shown in
Fig. 10.8.2. In this way an offset of 0.1 pV can be achieved with a ripple lower than
10 pV. Nanosecond chopper spikes of several millivolts can still be observed at the
output.
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A chopper-stabilized chopper instrumentation amplifier appears when the HF
and LF amplifier paths are doubled [10.15] according to Fig. 10.8.3. In contrast to
the chopper-stabilized IA of Sect. 10.7, the gain in a chopper IA is not set by the
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ratio of G571 and G5, of the correction loop, but by the ratio of Gy,»; and Gy, of
the main amplifier in cooperation with the feedback network.

Ay = Gmoi (R +Ry)/GmnR; (10.8.1)

The reason that the sense amplifiers G,,5; and G5, do not determine the gain by
their ratio is because their influence is shifted to the clock frequency by the
choppers around the main amplifiers G,,,; and Gy22. G52 1s sensing the feedback
ripple as a result of the offset of Gy»; and Gy2;. The output current of Gy,s; is
rectified by chopper Ch; and amplified by the integrator G4 and coupled by G,,,3 to
the output of Gy,»; and G,,,»; in order to compensate the offset of G,,5; and G5, in
the main chopper path. The feedback signal-dependant part at the input of G5, is
compensated for by the signal-dependant part at the input of G,,5;. Therefore the
signal does not interfere with the offset cancellation.

The offset of the correction amplifiers G,5; and Gy,5, is chopped into a square
wave by chopper Ch;. The integrator does not amplify this square wave, but reduces
itinto a small triangular wave. Referred to the input it is translated by an attenuation
of G,,,3/G 21 and a chopper Ch,;. This means that the shape at the input results in a
small saw-tooth at the double clock frequency.

The next step to reduce the saw-tooth ripple is to auto-zero the sense stages G,s;
and G,s, [10.15]. This is shown in Fig. 10.8.4.

The most important offset contribution of the chopper-stabilized chopper
instrumentation amplifier that is left, comes from the combination of the parasitic
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capacitance C,s at the output of G,,,5 in combination of the offset voltage V4 at the
input of G4, see (10.7.2) This is particularly important as the hybrid nested Miller
capacitors Cyi3; and Cy3, are connected in parallel to the parasitic capacitor Cps at
the output of Gs. To further reduce this offset component also Gy,4 is auto-zeroed
too, as shown in Fig. 10.8.4. In this way the final offset can be reduced to values
well below 0.2 uV with a ripple lower than 20 pV.

It has to be kept in mind that the voltage gain of the correction loop G5, G,
G,z must be taken 10° times larger than the voltage gain of G, in order to reduce
its offset from 20 mV to 0.2 pV.

10.9 Chopper Amplifiers with Ripple-Reduction Loop

The chopper-stabilized chopper amplifiers of Sect. 10.8 combine low offset, low
ripple, and a straight 6 dB/octave frequency characteristic. The latter was obtained
by hybrid nested Miller compensation with capacitors Cy3; and Cy3,, as explained
before. An interesting simplification can be made if we do not make use of this basic
frequency compensation technique, but if we select a ripple-reduction notch filter to
reduce the chopped offset. The notch filter will also take away signals in a small
band around the clock frequency. But if we do not care about the notch for signals,
for instance because we are only interested in a frequency band below the clock
frequency, we can allow ripple reduction by a notch filter.

A chopper amplifier with a feedback ripple-reduction loop (RRL) [10.17] as a
notch filter is sketched in Fig. 10.9.1a. The circuit senses the ripple at the output by
the sense capacitors Cy3; and Cyy3p. The ripple currents through these capacitors
are rectified by synchronous detection to DC by chopper Chz. The DC current is
integrated by integrator G4 on Cy4; and Cyyyp, and fed back to the output current
of G, through an amplifier G,3.

Waveforms of unsettled chopper ripple and sense current in the circuit of
Fig. 10.9.1a are shown in Fig. 10.9.1b. The ripple at the output approaches a square
wave if the bandwidth of the closed loop gain of the OpAmp is larger than the clock
frequency f.. But, if the bandwidth of the closed loop gain is smaller than f., the
output ripple looks more similar to a triangle wave.

Assuming that the polarity in the feedback RRL is correct and that the loop gain
of the RRL is large enough, then the offset voltage Vs, of G,,» will be compensated
and the ripple at the output will be reduced to nearly zero. The ripple reduction
factor is equal to the DC loop gain of the ripple-reduction loop. The part of the loop
through the integrator G4, and through G,,; amplifies DC offset correction signals.
The part of the loop between the chopper Ch; and chopper Chs through the output
amplifier G,,,; carries AC ripple signals at the clock frequency. Chopper Ch,
together with the output amplifier G,,; and Miller capacitors Cy;; and Cypo
can be regarded as a modulating switched-capacitor transimpedance amplifier.
This converts the DC current at the input of chopper Ch; into a ripple voltage at
the clock frequency at the output with a transimpedance of Yy = 2f.Cyy, with
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Cmi = Cmi1 = Cwumiz. Sense capacitors Cyz; and Cyy3, in combination with chop-
per Ch; can be regarded as demodulating switched-capacitor impedances Zyiz =
1/(2f.Cm3), with Cyz = Cumz; = Cusa. They convert the output voltage ripple
into a DC current that is being integrated on Cyy. The resulting voltage at the
output of integrator G,,4 thus represents the average rectified output ripple. The gain
from the average output ripple voltage to the integrated DC voltage at the output of
G4 is limited to the finite DC gain Agy of G4. The output voltage of G4 is
converted into an offset-compensating current by G,,3. Hence, the DC loop gain
A\  of the ripple-reduction loop and reduction factor R; is:

Rr = AL() = A04Gm3/2fCCM1 (1091)

If the factor part Gp,3/2f.Cyy is estimated at 1, the integrator G4 needs a DC
gain Aoy = 10%, to obtain a ripple reduction factor R, of 10*.

The bandwidth By of the notch filter at the clock frequency equals twice the
frequency f; where the AC loop gain A; of the ripple-reduction loop is 1. The AC
loop gain is:

AL = (CM3/CM4) (Gm3 /ZﬂfCCMl) (1092)
Hence, the bandwidth By is:
BL = ZAL = (CM3/CM4)(Gm3/TCCM1) (1093)

In practice the bandwidth of the ripple-reduction notch filter is several kilohertz.

When we compare Fig. 10.9.1a with Fig. 10.8.1 we see that the only difference
is that in Fig. 10.9.1a the input sense amplifier G,,s has been eliminated. And
hence the capacitors Cy3; and Cyzp do not need to obey the rule for hybrid nesting
anymore. They can be optimized for ripple sensing.

The functioning of the ripple-reduction loop (RRL) can be depicted in a simpler
way if it is drawn reversed as shown in Fig. 10.9.1c. It clearly shows that the
RRL measures the output ripple and feeds the correction signal back to correct the
offset of the input transconductance Gy,,.

The ripple-reduction loop cancels the ripple originating from the offset V4, of
G- There is another ripple source, which originates from the offset of V4 of the
integrator amplifier G4. This is limiting the ripple reduction. The ripple originating
from V44 can be analyzed as follows. The chopper Chj switches the offset voltage
Vos4 €ach clock cycle back and forth on the sense capacitors Cyyz; and Cyyzp. The
resulting alternating charge spikes through these capacitors are rectified by chopper
Chs and fed back into integrator G4. At the output a ripple will occur with an
average square-wave or triangle-wave AC voltage Vi, equal to the offset voltage
Vos4 of Gm4:

Vorip = Vou (1094)
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Referred to the input this roughly results in an equivalent input ripple V,;;, of:
VTiP = V0s42chMl/Gm2 = Vos4fc/7'5f07 (10.9.5)

in which fj is the bandwidth of the amplifier.

One good solution to reduce this ripple is to auto-zero the integrator. One of the
many circuits that can auto-zero the integrator is shown in Fig. 10.9.2. For simplic-
ity, the same auto-zero circuit is used as was used in the chopper-stabilized chopper
opamp of Fig. 10.8.2. In fact, the only difference with the whole circuit of
Fig. 10.8.2 is that the auto-zeroed sense amplifier G,,5 has been omitted including
its sampling capacitors.

From the above chopper OpAmps with ripple-reduction loop a chopper instru-
mentation amplifier with RRL can easily be derived. When both sense amplifiers
Gpy51 and G5, of Fig. 10.8.3 are omitted the InstAmp of Fig. 10.9.3a and b appears.

A disadvantage of the current feedback instrumentation amplifier (CFIA) of
Fig. 10.9.3a is that the gain is determined by the ratio of G,,5; and Gy5,. As these
G,,’s are normally realized by simple differential pairs the accuracy may not be
better than 1% without trimming. How to improve the gain accuracy automatically
is described in Sect. 10.11.

A simple way to improve the accuracy is to go back to an OpAmp with a resistor
bridge around it like described with Fig. 3.2.2. Without chopping, the CMRR would
be not better than the inverse of the inaccuracy of the bridge multiplied by the gain
setting of the bridge. But, if we chop the bridge as shown in Fig. 10.9.3b the average

0 Vo
2 VoRef

Gm2>—£ZSVCMoz Cpp =iz

Cwmaz
AIZ1 YOSB_ Sg3
I + ¥ ¥
1 Vemis® ] GTB v'"!# Grme
82C 7 Sgs o Cinz
I
Cwms2

Fig. 10.9.2 Chopper Opamp with ripple-reduction loop of which the integrator is auto zeroed.
Vos = 1uV, Vi = ~10uV (at output)
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CMRR is high, while the ripple is taken away by the RRL. The limitation on the
CMRR is in differences of the series resistances of the choppers. These differences
are not chopped away. These differences can be seen as differences in signal source
resistances which are loaded by the bridge.

Applying auto-zeroing of the integrator the simplification in Fig. 10.9.4 over
Fig. 10.8.4 is even clearer, as two auto-zeroed sense amplifiers G,,5; and G5, are
omitted.

As an alternative to the auto-zero loop around the integrator G4 a differential
cascode buffer can be inserted between the sense capacitors Cy3; and Cy3, and
chopper Ch; [10.17]. The cascode buffer needs to have a low capacitance at the
chopper-side output; otherwise the ripple is not reduced so much. Also, the output
offset current of the cascode needs to be made low; otherwise Ch; will modulate the
offset current to the second harmonic of the chopping frequency, and an other type
of ripple will appear at the output.
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It is essential that the choppers Ch;, Ch, and Chj; are precisely synchronized, so
that there is not much delay in the amplifier stages. Otherwise the compensation
does not work precise and the ripple and resulting offset is larger.

When a signal step occurs the sense capacitors C,,3; 3, will punch the RRL
slightly out of balance. The RRL will work to return to balance. But during this time
a reducing ripple is seen at the output. When we want to get rid of this effect, one
can built-in a step-sense circuit at the output, and if the step size is larger than a
prescribed value, momentarily block the current through the sense capacitors by
short-circuit and open-circuit switches.

When we want to eliminate the notch in the frequency characteristic further, and
further reduce the chopper spikes of the chopper amplifier with RRL, one can
embed it one level down in a chopper stabilized OpAmp topology, as shown in
Fig. 10.9.5a. The feed-forward amplifier stage G, now bypasses the notch and the
ripple at the higher frequencies.

The RRL can be reversely drawn for clarity, as shown in Fig. 10.9.5b.

In order to lower the offset and ripple of the OpAmp to the level of Voo = 1 pV
and Vi, = ~10 pV (at output), respectively, the integrator Gy,; has to be auto-
zeroed likewise shown in Fig. 10.2 [10.20].

Finely, a low-offset, low-ripple InstAmp without notch in the frequency charac-
teristic can be devised from the above OpAmps. This is drawn in Fig. 10.9.6. To
lower the offset and ripple to the level of Vog = 2 UV, V4, = ~20 1V (at output)
the integrator G,,7 has to be auto-zeroed. This is a better InstAmp compared with
Fig. 10.7.7 in terms of offset, ripple, and noise [10.20].



382 10. Low Noise and Low Offset Operational and Instrumentation Amplifiers

a CH31
I Cm11
Vosz l_
1 A= + )uvo
Vig Gt v,
4 30 VoRef
Cmr2
VosS
Hid
A\
Chy
Il
I
b Cua1

Yosz Vemoz

V+”‘ 5 1- R » ] Vo
d m2>—¢ mt
R% > ‘ 12 VoRef
Co11 © /\ Cmiz
pl1 1 +Gm3_\
S¥s
N V,
! 5 Vemos Vemos
Gm5>—Qf
Ch,
I
¢1 CMs2
Chigt
I
l
I
Chy M2

Cur2

Fig. 10.9.5 (a) Chopper-stabilized OpAmp with RRL. Vos = 10pV, Vi, = ~100pV
(at output). Vos = 1pV, Vorip = ~10uV (at output) when Gm?7 is auto-zeroed. (b) Chopper-
Stabilized OpAmp with reversed drawn RRL. V,, = 10pV, V5, = ~100uV (at output). Vi =
2uV, Vyip = ~20uV when Gm?7 is auto-zeroed

10.10 Chopper Amplifiers with Capacitive-Coupled Input

There is an increasing request for interfacing high input CM voltages: Firstly, in
high-voltage current-sense applications, such as power management in laptops;
secondly, in solenoids of smart electro motors, for instance in electric or hybrid
cars; thirdly, in biomedical sensors that make direct electrical contact to the body,
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as in skin electrodes or implanted devices. Of course, high-voltage transistors can
be used. But often the voltage requirements are higher than the values the transistors
allow. And in the case of biomedical electrodes it might be the patient safety that
forbids direct contact with a transistor’s gate. Therefore it is useful to see how we
can transfer signals through on-chip metal-oxide-metal capacitors.

Figure 10.10.1a shows a chopper-stabilized OpAmp like that described at
Fig. 10.7.1 with an additional chopper-capacitor-chopper combination as a
chopped-capacitor coupled input. At the input the signal voltage is firstly chopped
by Ch,, next coupled through the capacitors C,; and C,, and finally chopped back
by Ch; and Ch;. The input chopper Ch, can be built from low-voltage CMOS
transistors in an isolated N-well. Its clock can be differentially driven by two small
capacitors from a grounded clock. The CM level of the clock at the chopper side has
to be established by diodes coupled to the inputs. Hence, the input chopper Ch, can
be fully capacitive isolated from ground. To avoid unbalanced signal attenuation in
the capacitors C,; and C,, by parasitic capacitances to ground on their bottom
plates, these plate sides should be connected to the input chopper Ch,. Unbalance in
combination with offset will produce an extra ripple.

At the right-hand side of the couple capacitors the CM voltage level must be
established at a certain internal level Vg Transistors connected as head-to-tail
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Fig. 10.10.1 (a) Chopper-stabilized OpAmp with chopped-capacitor input. (b) Bias Resistors
Rb;; and Rb,,, on the left hand side as normal resistors, and on the right-hand side as switched
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diodes serve to limit the CM swing at the input of the input amplifier G,,,,. The high
resistances of these diodes at zero Vpg softly serve to establish the level Viey.
A firm reference level, which can cope with leakage currents and does not allow
large offset, can be established either by regular resistors or by switched-capacitor
resistors Ryy; and Ry, The switched-capacitor resistors are depicted in
Fig. 10.10.1b. On the left hand we see the resistors, and at the right hand side the
switched capacitors. For a capacitor value of 5 pF, and a clock frequency of 10 kHz,
we find a CM resistance of Rpy; = Rypa = 1/(5pF. 2.10kHz) = 10MOhm.

The head-to-tail connected diodes serve to limit the CM swing at the input of the
input amplifier G,,,. The chopper-stabilization loop with sense amplifier GmS5, Ch3,
integrator Gm4, and correction amplifier Gm3 has been described with Fig. 10.7.1.

For lowering the 1/f noise and offset it is better to include the input amplifier G,,»
in between the two choppers Ch, and Ch,. In this way a Chopper OpAmp arises, as
shown in Fig. 10.10.2a with chopped-capacitor input. The ripple of the chopper
amplifier could have been reduced by a stabilization loop like the chopper amplifier
of Fig. 10.8.2. But then we need to also capacitive couple the sense amplifier G,,5 to
the input, for instance as it was done in Fig. 10.8.3. To avoid this extensive circuitry
we rather completely eliminate the sense amplifier and keep only a ripple-reduction
loop as explained with Fig. 10.9.1a. We have to keep in mind, though, that
elimination of the sense amplifier produces a notch in the frequency response at
the clock frequency.
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Fig. 10.10.2 (a) Chopper OpAmp with chopped-capacitor input and ripple-reduction loop.
(b) Chopper OpAmp with chopped-capacitor input and ripple-reduction loop drawn reverse

The signal through the coupling capacitors C,; and C,, will be attenuated by
their load with parasitic capacitors like in the circuit of Fig. 10.10.1a. To keep the
attenuation minimal and balanced, we should connect the bottom plates of the oxide
isolated coupling capacitors to the input side, and take care that the parasitic
capacitors of the diodes and are small and balanced enough. To further reduce the
ripple we can take all measures as explained in Sect. 10.9.

It is just interesting to draw Fig. 10.10.2b little different with the ripple-reduction
loop from the output side back to the input of chopper Chl. This is shown in
Fig. 10.10.2b. It looks simpler to understand.

After the discussion of OpAmps with chopped-capacitor input coupling, it is
easy now to make the step to instrumentation amplifiers. Figure 10.10.3 shows
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Fig. 10.10.3 Chopper-stabilized InstAmp with chopped-capacitor bridge input

a chopper-stabilized InstAmp with chopped-capacitor input coupling. The input
capacitors Cyy1, Cy12, Caz1, and Cyp; together with the input choppers CH,; and
CH,, make up a chopped-capacitor bridge InstAmp like the resistor-bridge
InstAmp of Fig. 3.2.2. The closed-loop gain can be set ether by the ratio of
(C211,C212) /(Ca21, Cazz) or by the feedback attenuator Ry /(R; + R;). Unbalance
in the input capacitors will not so much deteriorate the CMRR, as it did in the
bridge InstAmp of Fig. 3.2.2, because the whole capacitor bridge is being
chopped. The input impedance of this InstAmp will not be very high as a result
of the chopped-capacitor bridge at the input. For C,;; and C,, of 10 pF, and a
clock frequency of 10 kHz, the input impedance R is 1/(10pF.2.10kHz) =
SMOhm. As this value is not so high an unbalance of the impedances in the
input signal source attenuated by the input impedance of the amplifier may cause a
slightly lower CMRR.

In line with the OpAmp of Fig. 10.10.2a it is better to include the input amplifier
G,» in-between the two choppers Ch, and Ch; for lowering its 1/f noise and offset.
In this way a chopper InstAmp arises, as shown in Fig. 10.10.4a with chopped-
capacitor input. Like in Fig. 10.10.2b ripple-reduction loop has been used to lower
the chopper ripple. The CMRR will remain high by the chopping of the whole
capacitor bridge, and only restricted by the loading of possible unbalanced source
resistances as in the circuit of Fig. 10.10.3.

It is interesting to see that we can replace the chopped-capacitor bridge by a
chopped-resistive bridge followed by capacitive coupling, as shown in
Fig. 10.10.4b to obtain the same goal. The coupling capacitors C,; and C,, isolate
the CM voltage of the bridge mid points from ground. Now the transfer function of
the bridge between input and output is determined by resistors. This topology can
be used to our advantage if the resistors can be made more accurate or more linear
than capacitors. A further advantage is that the capacitive peak charge currents with
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full capacitive coupling are absent. A disadvantage is that the choppers now are
loaded by a resistive bridge. The chopper series resistances may deteriorate the
bridge accuracy. Moreover, the resistive bridge creates more noise. The CMRR
remains high due to the chopping of the whole bridge.

To increase the input impedance it is better to step away from the bridge-type
InstAmp and go to the current-feedback InstAmp. This topology is presented in
Fig. 10.10.5 in combination with chopped-capacitor input coupling. The input
impedance of in the InstAmp of Fig. 10.10.5 will now be made up by the chopped
parasitic ground-plate capacitances at the chopper side of the input capacitances
Co11, Ca12, Cray, and Cyyp, and the parasitic ground capacitors of the elements
following. If we suppose that the input capacitances have a value of 10pF, and the
parasitic ground capacitances 1pF, we can expect an input chopped-capacitor
resistance of 1/(1pF.2.10kHz) = 50MOhm.
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Fig. 10.10.5 Current-feedback chopper InstAmp with chopped-capacitor coupling and ripple-
reduction loop with high-impedance input

A disadvantage of the circuit of Fig. 10.10.5 is that the accuracy can be
deteriorated, firstly, by inequality of Gm21 and Gm22 (cures for this inaccuracy
are presented in the next paragraph), secondly, if the parasitic ground capacitances
that load the coupling capacitances are not well matched.

The last circuit that will be discussed here is the Chopper InstAmp with
Chopped-Capacitor input and Ripple-Reduction Loop and with Biomedical Elec-
trode offset voltage compensation of Fig. 10.10.6. A basic problem of biomedical
electrodes is that they may generate a DC offset of several 100 mV, while AC
voltages of the order of LV have to be measured. A natural solution would be to
couple these electrodes by capacitors. However, if we want to measure signals from
a well determined frequency of 1 Hz and higher, and the input resistance of the
amplifier can be reliably made 100 MQ, then we still need 10 nF input coupling
capacitors. And those can not be easily integrated on chip. Therefore an additional
integrator loop following the output is made with a large time-constant. It uses a
special chopped-capacitor integrator [10.19] depicted as G,,;7 and G, At the
output of that integrator a compensation voltage Vpccomp Will appear that will
increase proportionally to the offset. This compensation voltage will be fed through
a third input chopper Cy»3 into C,3; and C,3, to compensate the DC offset at the
input. As a basis the InstAmps of Fig. 10.10.4a or Fig. 10.10.5 can be used. For
simplicity we have chosen Fig. 10.10.4a. The offset that can be cancelled is limited
by the supply voltage.
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Fig. 10.10.6 Chopper InstAmp with chopped-capacitor input and ripple-reduction loop with
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10.11 Gain Accuracy of Instrumentation Amplifiers

The inaccuracy of current-feedback instrumentation amplifiers is proportional to
the relative difference in G,,, of the input stage and feedback stage. The input stages
are drawn in Fig. 10.11.1. For accurate matching the transistors need to be large.
For high CMRR and for a high signal-to-noise ratio the input transistors need to
have the highest possible G,. This means they have to be biased in weak inversion
with a relative large width/length ratio. Also the current sources It; and I, need to
be matched well, as the G,,, of the differential input transistor pairs is dependent on
their tail current. Therefore the current-source transistors need to be made less
sensitive to differences in their gate-source threshold voltages by biasing them in
strong inversion using long transistors, or in weak inversion in combination with
degeneration resistors.

The most used input stage is of the P-Channel type for two reasons: Firstly,
P-Channel transistors always have an isolated back gate. This makes it possible
to bootstrap the back gates with the source voltages. By this measure the input
G, is much less dependent on the input CM voltage. This raises the CMRR from
about 50-80 dB. Secondly, P-Channel transistors have less 1/f noise than
N-Channel transistors. Folded cascodes behind the input stage allow the input
CM voltage to include the negative rail, and increase the voltage gain of the input
stage.
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Fig. 10.11.2 Cascoded input stages for an current-feedback InstAmp

To further increase the CMRR of the input stages the input transistors have been
cascoded in Fig. 10.11.2. This can be easily done if transistors are available with
two different threshold voltages. For the input transistors we use the higher thresh-
old transistors, and for the cascode transistors the lower threshold transistors. In that
way both transistors function in saturation at high voltage gain. Cascoding of the
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input transistors also helps to decrease the gain dependency of G, to the CM
voltage.

For the same reason the tail-current source transistors should be cascoded. We
can even improve further if we built up the tail-current source with the same
transistor combination as that of the differential pair and keep the elements at the
same current density, the impedances of tail current and input transistors will
compensate each other. This results in a higher CMRR and lower CM dependency
of G,,.

In the next examples the input transistors are degenerated in order to improve the
accuracy. This ultimately increases the supply current over square noise voltage
ratio of the input stages. But sometimes this is the easiest.

In Fig. 10.11.3 the input transistors are degenerated to improve the accuracy and
linearity. This was already described in Sect. 9.3 with Fig. 9.3.1. The resistors also
give a standard way to calibrate the source resistors, and thereby the gain.

If we need to improve the accuracy and linearity more, the transistor parameters
like G, and voltage gain have to be increased by using a combination of transistors.
In this way the transfer is accurately determined by the degeneration resistors and
the transistor parameters fall out of the equations. Figure 10.11.4 shows how we can
design an input stage that has compound P transistors and of which the input CM
range includes the negative supply rail voltage Vgn. M;; and My, are the input
transistors. Their drain current is kept constant by M3 and My4. These transistors
take on the current needed to drive the degeneration resistors R;; and R, and feed
that current to the output load resistors R31 and Rs3,. M5 and M4 are folded
cascodes to allow the input voltage include the negative rail voltage Vgn [10.18].
A disadvantage of this circuit is that the current over square noise ratio is roughly
8—16 times worse than that of a simple differential input pair.
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Fig. 10.11.3 Input stages of current-feedback InstAmp with degenerated input stages
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Fig. 10.11.5 Input stage with degenerated compound N transistors

Figure 10.11.5 shows an accurate input N transconductance which input CM
range includes the positive supply voltage Vgp. It has the same functionality as the
circuit of Fig. 10.11.4 [10.16].

We must keep in mind that these degenerated input transconductances result in a
roughly 8-16 times higher supply current over square voltage-noise ratio than the
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Fig. 10.11.6 Chopper InstAmp with auto-zeroed Ping-Pong-Pang input stages and auto-gain
calibration

basic differential pair of Fig. 10.11.1 with transistors biased in weak inversion. The
reason is that the current has to be split into several sources and transistors, each of
which contribute to noise, and that the G, is lowered by degeneration.

In the following three examples of dynamic element matching (DEM) will be
presented in which the accuracy and linearity of instrumentation amplifiers is
improved with only a small penalty on higher supply power over square noise
voltage.

The Ping-Pong-Pang auto-zero InstAmp of Fig. 10.5.5 can be provided with an
auto-gain calibration, as shown in Fig. 10.11.6. The circuit has three input stages
of which at any moment sequentially two stages are used to compose the
feedback InstAmp topology, while the ‘third’ stage is being, firstly, auto-zero
trimmed and, secondly, auto-gain trimmed. The auto-zero offset trim has been
explained at Fig. 10.5.5. The auto-gain trim can be done in many ways. In
Fig. 10.11.6 the ‘third’ stage in its calibration phase is connected at its input to
a calibration voltage Va5, While its output current is compared to a current from
a calibration stage G54 That stage is also connected at its input to the calibration
voltage Va2 The current difference between the outputs of Gn3 and G4 i
integrated and stored on Cc,s. The voltage on Ccys is used to calibrate the
transconductance of Gp,3 by controlling its tail bias current. In a next phase one
of the other amplifiers is being calibrated and G55 is being used as one of the
input amplifiers of the InstAmp. Each input stage has its own storage capacitor
for its gain trim.

An important advantage of the combination of auto-zero and auto-gain is that the
non-linear transconductances of the input stages are more accurately equalized than
if these stages were only auto-zeroed. This leads to low inaccuracies, in the order of
1074, and also to low non-linearity’s, in the order of 1074,

In the same way the chopper instrumentation amplifier with Ping-Pong-Pang
auto-zero input stages of Fig. 10.6.8 can be auto-gain calibrated. This leads to an
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Fig. 10.11.7 Chopper stabilized InstAmp with auto-zero sense amplifiers and auto-gain
calibration

accurate and low-ripple auto-zero chopper instrumentation amplifier. This has not
been shown separately.

The chopper-Stabilized InstAmp with auto-zeroed sense amplifiers of
Fig. 10.7.7 can also be provided with auto-gain calibration [10.22]. This circuit is
sketched in Fig. 10.11.7.

Calibration of the two offset sense amplifiers G,,5; and G,5, needs only to result
in the equality of these two amplifiers. This means that in the auto-calibration phase
both inputs can simply be connected to a calibration voltage V, and that the output
currents can be compared. The difference of the output currents is being integrated
and stored on a capacitor Cc,. The voltage on the store capacitor controls through
Gns3 the difference of the tail bias currents and thus the difference of the transcon-
ductances. At a large control loop gain the transconductances of Gy,5; and Gp,s»
become equal. The auto-zero and auto-calibration can be placed in one main auto-
correction phase.

We have to keep in mind that with chopper-stabilized instrumentation amplifiers
the stabilization loop accurately controls the gain at low frequencies. At high
frequencies the gain is set by differences in the main amplifier input stages, which
are not auto-calibrated. Normally, this is not a problem because at high frequencies
the gain is not accurate anyway because of lack in overall loop gain.

In the above example the auto-gain calibration was done in a time-discrete way.
A time-continuous way to achieve a high accuracy and remove differences in the
two input G,,’s of a chopper instrumentation amplifier can be obtained by applying
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dynamic-element matching (DEM) of the two input stages. To that purpose the two
input stages are chopped back and forth between input and feedback. As a result of
non-equal gains of the input stages an output ripple will arise at the frequency by
which we interchange the input stages. If we DEM the input stages, for instance, at
half the chopper frequency, a ripple will occur at the output at half the chopper
frequency. This gain-error ripple can be reduced by a gain-error reduction loop
(GERL) [10.21] independently of the offset RRL, which runs at the full clock
frequency, as in the chopper InstAmp of Fig. 10.9.3a of the previous paragraph. The
resulting circuit is shown in Fig. 10.11.8.

The gain-error reduction loop is made up from the capacitors Cgy; and Cgyy,
which sense the output ripple, chopper Chy, integrator G, and correction amplifier
Gi,5. The last one differentially corrects a small part (for instance 2%) of the bias
currents of the input Gm’s. The result is a multiplicative correction on the input
signals. If the gain is too large because g5 is larger than g5, the output ripple is
positive in regard to the clock for a positive input signal. But the output ripple will
be negative in regard to the clock for a negative input signal. Both situations need a
correction in the same direction. Therefore a comparator C; is used to measure the
output polarity. A chopper Chs is inserted to multiply the sense signal by the output
polarity.

This analog GERL can also be made up in a digital way by using an ADC after
Chy, a digital integrator, followed by a DAC. In that way the digital loop can be
provided with long-term memory for the best gain setting in times that the signal is
small, and measured when the signal is not so small.

If the CM voltage levels of the input and feedback output are different the CM
voltage levels of the input transistor pairs are alternatively chopped high and low.
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This has two side effects: Firstly, if the input stages have a G, that depends on the
CM voltage. This dependency is not taken away by the DEM action. Therefore the
overall gain is slightly depending on the difference of the input and feedback CM
voltage level. Hence, it is very important to choose input stages with a highly CM-
independent G,,, as described in the beginning of this paragraph. Secondly, para-
sitic capacitors between the back gates and ground will cause large CM current
spikes in the input stages. When these CM current spikes are larger than the bias
currents the signal transfer is hampered. To lower the CM current spikes, the back
gates of the input transistors and the cascodes can be actively bootstrapped to their
CM input levels by class-AB source followers [10.21].

Conclusion: The combination of automated offset and gain calibration leads to
an accurate equalization of the non-linear characteristics of the input stages. This
results not only in a low offset, of the order of microvolts, but also in a low
inaccuracy, of the order of 1074, and moreover in a low non-linearity, of the
order of 10™*, as the curved G,, characteristics of input and feedback are accurately
matched. The continuous-time chopping and calibration method of simple differ-
ential transistor pairs in weak inversion leads to the lowest ratio between supply
current and the square input voltage noise.

10.12 Summary Low Offset

Table 10.12.1 gives an overview of the roughly estimated offset and ripple of the
Operational Amplifiers in the Sects. 10.5-10.9.

Chopping generally can reduce offset by a factor of 10,000. But the ripple stays
equal to the offset without other measures. Auto-zeroing reduces the offset by a
factor of 100-500, depending whether the AZ store capacitors are placed at the
input or at the output. Further improvement can be obtained when we combine
chopping and auto-zeroing. Abbreviations used in Table 10.12.1 are: AZ = Auto-
Zeroing, N = Nested, ChSt = Chopper-Stabilized, Ch = Chopping.

Table 10.12.1 Summary of offset and ripple that can be obtained

OpAmps Vos Vrip InstAmps Vos Vrip
AZ 20-100 pV AZ 20-100 pV

Chopper 10 pv 10 mV Chopper 20 uv 20 mV
N Chopper 0.1 pv 100 pv N Chopper 0.2 uv 200 pv
ChSt 10 pv 100 pVv ChSt 20 v 200 pv
ChSt + AZ j Y% 10 pv ChSt + AZ 2 uvV 20 pvV
Ch + ChSt 1 pVv 100 pv Ch + ChSt 2 uv 200 pv
Ch + ChSt + AZ 0.1 pv 10 pv Ch + ChSt + AZ 0.2 uv 20 uv
Ch + RRL j Y% 100 pVv Ch + RRL 2 uv 200 pvV

Ch+RRL +AZ  0.1pV 10pV ~ Ch+RRL+AZ  02pV 20 pv
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Index

A
All-NPN
1GHz, all-NPN class-AB OpAmp with
MNMC, 249, 250
high-frequency all-NPN OpAmp with
mixed PC and MC, 239-241
LM101 class-AB all-NPN OpAmp with
MC, 242-243
NES5534 class-AB OpAmp with bypassed
NMC, 244-245
precision all-NPN class-AB OpAmp with
NMC, 245-246
precision HF all-NPN class-AB OpAmp
with MNMC, 246-249
2 volt power-efficient all-NPN class-AB
OpAmp with MDNMC, 249-251
Applications, 3, 5,7, 12, 18, 31-56, 73, 82,
112, 117, 118, 131, 139, 155, 165,
170, 173, 189, 213, 225, 239,
242-243, 292, 294, 296, 302, 309,
315, 337, 340, 351-354, 358, 361,
382-383
Auto-Gain calibration for Instamps, 392-394
Auto-Zero (AZ), 351, 358-361, 372-376,
379-383, 392-394, 396-397
Auto-Zero chopper-stabilized OpAmps and
InstAmps, 372-376
Auto-Zero instrumentation amplifier, 351,
366, 370, 383, 394
Auto-Zero Opamp, 358-361, 370
AZ. See Auto-Zero

B

Back-gate influence, 79-80

Balancing techniques, 60-65, 72-74

Basic bipolar R-R-out class-A OpAmp,
226-228

J. Huijsing, Operational Amplifiers 2nd Edition,

Bias
FBB, 128-140, 152, 155, 249, 259-261
FFB, 112-128
generator for constant Gm, 67, 68
offset, bias and drift, 59-73, 155
Biasing for constant transconductance Gm,

. 67-70,214
Boosting

input class-AB boosting, 223-224
voltage-gain boosting, 224-226
Bridge instrumentation amplifier, 35-36

C
Capacitive input chopper amplifiers, 352,

382-389
Cascade

folded-cascode OpAmp, 215-221, 281, 287
telescopic-cascode OpAmp, 219-220, 294
Cascoded input stages, 176,204, 205, 323, 334,
357, 389, 390
Charge injection in chopper amplifier,

362-365
Chopper

instrumentation amplifier (IA), 364-366,
374-376, 379, 383, 385, 394, 395
operational amplifier (OA/OpAmp),
361-377, 379, 381-386
Chopper amplifiers
with capacitive input, 382-389
with Ping-Pong auto-zero, 364
Chopper-stabilized chopper InstAmps,
372-376, 386
Chopper-stabilized chopper OpAmps,
372-376, 379
Chopper-stabilized OpAmps, 366-376,
382-384
Chopper techniques, 376, 386
Classification
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Classification (cont.)
based on number of floating ports, 1-2
of output stages, 110-112
of overall topologies, 155-161
CM-out control
fully differential CMOS OpAmp
with linear-mode, 292-294
with LTP, 294-295
with R-R buffered resistive,
297-299
with R-R resistive, 299-301
with switched-capacitor, 302-303
fully differential GA-CF CMOS OpAmp
with input-CM feedback, 296297
fully differential telescopic CMOS
OpAmp with linear-mode, 294
CMRR. See Common-mode rejection ratio
CM voltage. See Common-mode voltage
Common-mode
CMRR, 13-15, 22-24, 26, 28, 36, 41, 63,
73-81, 85, 86, 96, 156, 252, 258,
318, 320-321, 325-327, 330-331,
343, 345-349, 351-357, 361, 365,
371, 379-380, 386-387, 389-391
common-mode cross-talk ratios (CMCR),
13-15, 36, 41, 42, 73-81, 85, 90,
318, 322, 349
extension of the common-mode input
range, 95-96
voltage range
instrumentation amplifier bipolar
including negative rail voltage,
324-325
instrumentation amplifier CMOS
including negative rail voltage,
325-326
Common-mode rejection ratio (CMRR)
with auto-zero(AZ), 361
with chopper techniques, 365, 386
Common-mode (CM) voltage, 4, 12-14,
18, 22-24, 35, 36, 41, 55, 65-66,
73-76, 78, 82-85, 87-91, 94, 95,
97, 98, 156, 202, 219, 220, 252,
256-258, 291, 293-295, 297, 298,
300, 303-305, 318, 319, 323-326,
352, 353, 389
Compact
compact 2 volt R-R-in/fout CMOS
class-AB OpAmp with MC,
256-259
compact 1.2 volt R-R-out BICMOS
class-AB OpAmp with MNMC,
265-267

Index

compact 1.2 volt R-R-out CMOS class-AB
OpAmp with MC, 259-261
compact 2 volt R-R-out CMOS class-AB
OpAmp with MC, 254-256
compact 1.2 volt R-R-out CMOS class-A
OpAmp with MC, 252-254
Compensation
frequency, 67, 83, 140-141, 160-197,
242, 256, 262, 267, 272, 2717,
315, 334, 364, 376
input voltage and current, 160-161,
221-223
Compound output stages
FBB, 130-134
FFB, 117-119
Configuration
fully differential
GA-CF, 291-299
GA-CF-GA, 299-301
GA-GA-GA-GA, 302-303
GA-CF, 213-226, 231, 235, 239, 261,
291, 293, 295-299
GA-CF-GA, 251-262, 265, 299, 300
GA-CF-VF, 226, 231-237, 239, 313-314
GA-CF-VF/GA, 239-242, 245-247
GA-GA, 226-231, 253
GA-GA-GA, 244, 261-271
GA-GA-GA-GA, 271-281, 291, 301, 302
GA-GA-VF, 231, 235-239
GA-GA-VF/GA, 242-251
Constant Gm by model bias generator, 68
Constant g,,, input stages
in CMOS by constant sum of Vgg, 92-95
in CMOS by multiple input stages, 86—87
in CMOS by saturation control, 91-92
by constant sum of roots of tail currents,
86-87
by constant sum of tail-currents, 83—86
by spill-over control, 87-91
Constant transconductance Gm, 67-70
Current
amplifier, 5-6, 37-38
current followers (CF), 6-9, 110, 157-159,
213-214, 218, 281, 301, 314, 315,
322-323
current-to-voltage converter, 3, 7, 9, 32-33,
38-42, 46, 51, 52, 54, 307, 310-321,
327-331, 339, 342-345, 347-348,
355, 357
input voltage and current compensation,
160-161, 221-223
mirror, 6, 39-40, 49, 50, 52, 82-88, 91,
119, 120, 138, 150, 157-159, 163,
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213-218, 223, 230, 238, 242, 249,
257,276, 281, 282, 302, 304, 324,
341-343, 345, 355-356, 453

output current limitation circuits, 141,
143-145

saturation protection and current limitation,
141-145

Current-sense amplifier, 353

D
Damping Network for HF Stability Control,
192-193
Definition of OpAmps, 1-10
Degenerated input stages, 391
with compound transistors, 392, 393
Design examples, 213288
Differential V-I converter
differential accurate V-I converter,
317-318, 322
differential CMOS accurate V-I converter,
318-319
differential simple V-I converter, 316-317,
323-324
differential voltage-to-current converters,
40-42, 310, 316-321, 327, 328
Drift
offset, bias and drift, 59-70
Dynamic range, 31, 44-52, 55, 56, 339,
340, 353
Dynamic range over supply-power ratio,
45-46, 52

E

Electrodes, 353, 354, 382-383, 388, 389

ESD protection, 267

Extension of the common-mode input range,
95-96

F
FBB. See Feedback class-AB biasing
Feedback class-AB biasing (FBB), 112,
128-140, 152, 239, 245, 249
compound output stages, 130-134
rail-to-rail general amplifier output stages,
135-140
voltage-follower output stages, 129-130
Feedforward class-AB biasing (FFB),
112-128, 140, 151, 239
compound output stages, 117-119
feedforward HF compensation, 220-221
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rail-to-rail general-amplifier output stages,
119-128
voltage follower output stages,
112-117
FFB. See Feedforward class-AB biasing
Floating ports
classification based on number, 1-2
Folded-cascode OpAmp, 215-221, 281, 287
Four-GA-stage
conditionally stable multipath hybrid
nested Miller compensation
(MHNMCO), 187-189
frequency compensation, 184
hybrid nested Miller compensation
(HNMC), 184-186
Frequency compensation, 67, 83, 142,
160-197, 242, 256, 262, 267,
272,271, 315, 334, 364, 376
four-GA-stage, 184
one-GA-stage, 163—165
three-GA-stage, 177-178
two-GA-stage, 166—167
Fully differential OpAmps, 291-307, 337
fully differential CMOS OpAmp
with linear-mode CM-out control,
292-294
with LTP CM-out control, 294-295
with R-R buffered resistive CM-out
control, 297-299
with R-R resistive CM-out control,
299-301
with switched-capacitor CM-out
control, 302-303
fully differential GA-CF CMOS OpAmp
with input-CM feedback CM-out,
296-297
fully differential GA-CF configuration,
291-299
fully differential GA-CF-GA configuration,
299-301
fully differential GA-GA-GA-GA
configuration, 302-303
fully differential telescopic CMOS
OpAmp with linear-mode
CM-out control, 294

G
Gain
accuracy, 352, 356, 371, 379, 389-396
definition of: offset voltage and current,
input and output impedance, gain,
11-12
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Gain boosting
voltage and current, 160
voltage-gain boosting, 224-226
Gain-error reduction loop (GERL) for
InstAmps, 395
General bipolar class-AB OpAmp with
Miller compensation, 235-237
1GHz, all-NPN class-AB OpAmp with
MNMC, 249, 250
Gyrator floating, 4344

H
HF stability for high-capacitive load, 191
HF stability with damping network, 192-193
HF stability with quench capacitor, 193—195
HEF stability with RNMC, 195-196
High capacitive load, 189-193, 195-197
High frequency (HF) compensation
feedforward, 220-221
high-frequency all-NPN OpAmp with
mixed PC and MC, 239-242
High-slew-rate bipolar class-AB voltage-
follower buffer, 234-235
High-speed bipolar class-AB OpAmp,
231-234
Hybrid nested Miller compensation (HNMC)
four-GA-stage, 184-186

I
IA or InstAmp. See Instrumentation amplifiers
Improved basic
bipolar R-R-out class-A OpAmp,
228-229
CMOS R-R-out class-A OpAmp, 229-231
Current-feedback instrumentation amplifier,
351, 355-357, 379, 387-391, 395
Input and output impedance
definition, offset voltage and current,
input and output impedance,
gain, 11-12
Input bias current
definition, input bias current, input
common-mode rejection ratio,
13-14
Input class-AB boosting, 223-224
Input common-mode rejection ratio
definition, input bias current, input
common-mode rejection ratio,
13-14
Input stages, 2, 16, 45, 59, 106, 155, 213,
296, 310, 357

Index

Input voltage and current compensation,
160-161
Input voltage compensation, 221-223
Instrumentation amplifiers (IA/InstAmp),
35-36, 40, 42, 55, 309-349,
351-357, 364-366, 370, 371,
374-376, 379, 381, 383, 385-396
bipolar with common-mode voltage range
including negative rail voltage,
324-325
with capacitive bridge input, 35-36, 320,
321, 386, 387
with capacitive input, 322, 385-386
CMOS with common-mode voltage range
including negative rail voltage,
325-326
with differential V-I converter for input
sensing, 320-323
with differential V-I converters for input
and output sensing, 322-323
(semi) with three OpAmps, 319-320
simplified diagram and general symbol,
326-328
universal class-AB voltage-to-current
converter, 344-345
universal class-AB voltage-to-current
converter design, 328-331
universal V-I converter design
with real TA, 329-331
with semi-instrumentation amplifier,
328-329
Instrumentation current amplifier, 42-43
Instrumentation voltage amplifier, 41, 42
Inverting
current amplifier, 3940
voltage amplifier, 33, 35-36, 47, 49
voltage integrator, 48, 49
Isolation techniques, 60, 70-74

L

LM101 class-AB all-NPN OpAmp with MC,
242-243

Low-drop-out regulator HF stability, 192

Low noise, 70-73, 217, 247, 351-397

Low offset, 1, 21, 66, 217, 351-397

Low power, 45, 189-190, 195-197

Low-voltage bias circuit for constant Gm, 70

M
Macromodels, 11, 53, 54
mathematical, 16—17
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Miller-compensated, 17-18
nested-Miller-compensated, 18
SPICE, 16-19
LA741 OpAmp with Miller compensation
(MC), 237-239
Measurement techniques for OpAmps, 19-24
gain and offset measurements, 22
gain measurement of OpAmp, 21-22
gain measurement of OTA, 20-21
general measurement setup for, 22-24
Miller compensation (MC)
compact 2 volt R-R-in/out CMOS class-AB
OpAmp, 256-259
compact 1.2 volt R-R-out CMOS class-AB
OpAmp, 259-261
compact 2 volt R-R-out CMOS class-AB
OpAmp, 254-256
compact 1.2 volt R-R-out CMOS class-A
OpAmp, 252-254
general bipolar class-AB OpAmp,
235-237
LM101 class-AB all-NPN OpAmp,
242-243
HA741 OpAmp, 237-239
two-GA-stage, 170-172
Multi-GA-stage compensations, 189
Multipath hybrid nested Miller compensation
(MHNMC)
four-GA-stage, 187-189
four-GA-stage conditionally MHNMC, 189
1.2 volt R-R-out CMOS class-AB OpAmp,
276-281
Multipath nested Miller compensation
(MNMC)
compact 1.2 volt R-R-out BICMOS
class-AB OpAmp, 265-267
1GHz, all-NPN class-AB OpAmp, 249
precision HF all-NPN class-AB OpAmp,
246-249
three-GA-stage, 181-184
1 volt R-R-in/out bipolar class-AB OpAmp,
271-276
1 volt R-R-out CMOS class-AB OpAmp,
261-265

N

NE5534 class-AB OpAmp with bypassed
NMC, 244-245

Nested chopper operational amplifier, 363

Nested Miller compensation (NMC), 18,
177-181, 184, 208, 237, 244-246,
251, 265, 267-271
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NE5534 class-AB OpAmp with bypassed
NMC, 244-245
precision all-NPN class-AB OpAmp,
245-246
RNMC, 195-197
three-GA-stage, 178-181
1.8 volt R-R-in/out bipolar class-AB
OpAmp (NE5234), 267-271
No internal poles, 165-166
Noise, 1, 9, 12, 17-20, 22-24, 33, 35, 38, 39,
45-52, 55, 56, 60, 62, 63, 70-73,
88, 95, 157, 199, 217-219, 229,
230, 238, 241, 242, 246, 247, 253,
255, 257, 305, 322, 324-326, 337,
339, 343-345, 351-397
Non-ideal OpAmps, 50-52, 55
Non-inverting voltage amplifier, 34, 33-35,
47-48, 52
Non-linear distortion, 200205, 342
Notch filter, 376-378
Nullor concept, 1

(0]
OCA. See Operational current amplifier
OFA. See Operational floating amplifier
Offset, bias and drift, 59-70
Offset voltage and current
definition, offset voltage and current, input
and output impedance, gain, 11-12
One-GA-stage frequency compensation,
163-165
OpAmp. See Operational amplifiers
Operational amplifiers (OpAmp), 1-10,
16-24, 27, 28, 45, 50-53, 55, 56,
100, 106-107, 114, 133, 134, 136,
155, 157, 159, 160, 162-164, 166,
167, 170, 177-180, 182-189,
198-200, 203, 205, 210211,
213-220, 224-231, 235-251, 269,
271, 281, 291-307, 319, 339, 348,
351, 352
Operational current amplifier (OCA), 2, 5-6,
8-9, 14-16, 37-38
definition, output bias current, output
common-mode current rejection
ratio, 14-15
Operational floating amplifier (OFA), 2,
7-9, 15-16, 36, 38-44, 54, 291,
309-349
using all definitions, 16
Operational inverting amplifier (OIA), 2-3, 8,
9, 11-16, 31-33, 35, 38
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Operational inverting amplifier (OIA) (cont.)
definition, offset voltage and current, input
and output impedance, gain, 11-12
Operational transconductance amplifier
(OTA), 20-21, 213-215, 220, 224
Operational voltage amplifier (OVA), 2-5,
8-9, 12-16, 33-36, 45, 67, 81
definition, input bias current, input
common-mode rejection ratio,
13-14
OTA. See Operational transconductance
amplifier
Output bias current
definition, output bias current, output
common-mode current rejection
ratio, 14-15
Output common-mode current rejection ratio
definition, output bias current, output
common-mode current rejection
ratio, 14—-15
Output stages, 105-152
FBB
compound, 130-134
rail-to-rail general amplifier, 119-128
voltage-follower, 112-117, 129-130
FFB
compound, 117-119
rail-to-rail general-amplifier, 119-128
voltage follower, 112-117
OVA. See Operational voltage amplifier
Overall design, 155-211
Overall topologies
classification, 155-161

P
Parallel compensation (PC)
two-GA-stage, 167-170

Phase margin at high capacitive load, 190,
194-196

Ping-Pong auto-zero, 360, 364

Ping-Pong-Pang auto-zero instrumentation
amplifier, 364

Power efficiency of output stages, 105-110

Precision all-NPN class-AB OpAmp with
NMC, 245-246

Precision HF all-NPN class-AB OpAmp with
MNMC, 246-249

Q

Quench capacitor for HF stability control,
193-195

Index

R
Rail-to-rail-in/out (R-R-in/out)
compact 2 volt R-R-in/out CMOS class-AB
OpAmp with MC, 256-259
1 volt R-R-in/out bipolar class-AB
OpAmp with MNMC, 271-276
1.8 volt R-R-in/out bipolar class-AB
OpAmp (NE5234) with NMC,
267-271
Rail-to-rail (R-R) input stages, 8§2-96
CMOS by back-gate driving, 95
Rail-to-rail-out (R-R-out)
basic bipolar R-R-out class-A OpAmp,
226-228
compact 1.2 volt R-R-out BICMOS
class-AB OpAmp with MNMC,
265-267
compact 1.2 volt R-R-out CMOS class-AB
OpAmp with MC, 259-261
compact 2 volt R-R-out CMOS class-AB
OpAmp with MC, 254-256
compact 1.2 volt R-R-out CMOS class-A
OpAmp with MC, 252-254
improved basic bipolar R-R-out class-A
OpAmp, 228-229
improved basic CMOS R-R-out class-A
OpAmp, 229-231
1.2 volt R-R-out CMOS class-AB OpAmp
with MHNMC, 276-280
1 volt R-R-out CMOS class-AB OpAmp
with MNMC, 261-265
Reverse nested Miller compensation (RNMC),
195-197
Ripple-reduction loop (RRL), 352, 376-389,
395, 396
Ripple-reduction loop for chopper amplifiers,
376-382, 385, 387-389, 395
RNMC. See Reverse nested Miller
compensation
RRL. See Ripple-reduction loop

S
Sample & hold, 225, 369, 370
Saturation
output current limitation circuits,
143-145
output saturation protection circuits,
141-143
protection and current limitation, 141-145
Sensor bridge, 320, 352, 353
Skin-electrode offset compensation, 353,
382-383
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Slew rate, 1618, 24, 109, 133, 196, 198-202,
223, 224, 226, 234, 235, 237-239,
253, 281, 288
high-slew-rate bipolar class-AB voltage-
follower buffer, 234
Stability for high-capacitive load, 191
Summary low offset, 396-397

T
Telescopic-cascode OpAmp, 268
Three-GA-stage
frequency compensation, 177-178
multipath nested Miller compensation
(MNMCO), 181-184
nested Miller compensation (NMC),
178181, 197, 244-246, 267-271
Three-OpAmp instrumentation amplifier,
319-320, 324, 351, 354-355
Total CMCR, 80-81
Two-GA-stage
frequency compensation, 166—167
Miller compensation (MC), 170-172
parallel compensation (PC), 167-170

U
Unipolar
bipolar accurate V-I converter, 314-315
CMOS accurate V-I converter, 313-314
OpAmp accurate V-I converter, 315-316
OpAmp-gain-boosted accurate V-1
converter, 312-313
single-transistor V-I converter, 312
voltage-to-current converter, 311-316
Universal
class-AB OFA design, 338-345
current mirrors, 341-343
output-current equalization, 343-344
total-output-supply-current
equalization, 339-341
class-AB OFA realization with power-
supply isolation, 337-338
class-AB voltage-to-current converter
design using an instrumentation
amplifier, 328-331
class-AB voltage-to-current converter with
instrumentation amplifier, 344-345
class-A OFA design, 331-337
floating zener-diode supply, 331-332
long-tail-pairs, 333-337
supply current followers, 332-333
floating power supply design, 338

407

V-I converter design
real instrumentation amplifier, 329-331
semi-instrumentation amplifier,
328-329

v
VCF. See Voltage and current follower
VE. See Voltage follower
Voltage and current follower (VCF), 7-9, 133
Voltage and current gain boosting, 160
Voltage compensation
input, 221-223
Voltage follower (VF), 4-6, 8, 9, 18, 21,
35-36, 82, 107, 109-119, 128-133,
140, 145, 234, 242, 297, 298, 314,
315, 332
FBB voltage-follower output stages,
129-130
FFB voltage follower output stages,
112-119
Voltage follower (VF) buffer
high-slew-rate bipolar class-AB voltage-
follower buffer, 234
Voltage-gain boosting, 224-225
Voltage-to-current converter, 7, 9, 3842, 46,
54,307, 310-321, 327-331, 339,
342-345, 347, 348, 355, 357
differential
accurate V-I converter, 317-318
CMOS accurate V-I converter,
318-319
simple V-I converter, 316-317
voltage-to-current converters, 310,
316-320, 328
unipolar
bipolar accurate V-I converter, 314-315
CMOS accurate V-I converter, 313-314
OpAmp accurate V-1 converter,
315-316
OpAmp-gain-boosted accurate V-I
converter, 312-313
single-transistor V-I converter, 312
voltage-to-current converter, 311-316
universal
class-AB voltage-to-current converter
with instrumentation amplifier,
344-345
voltage-to-current converter design
using an instrumentation amplifier,
328-331
2 Volt power-efficient all-NPN class-AB
OpAmp with MDNMC, 249-251
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1 Volt R-R-in/out bipolar class-AB OpAmp 1.2 Volt R-R-out CMOS class-AB OpAmp
with MNMC, 271-276 with MHNMC, 276-280

1.8 Volt R-R-in/out bipolar class-AB OpAmp 1 Volt R-R-out CMOS class-AB OpAmp with
(NE5234) with NMC, 267-271 MNMC, 261-265
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